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Abstract

Continuous progress in the design and manufacturing of integrated circuits (ICs)
has enabled the integration of more than two billion transistors on the same die with
clock frequencies well above several gigahertz. These improvements have triggered
the era of system-on-chip (SoC) and system-in-package (SiP), drastically changing the
classical understanding of noise in complex ICs. Traditionally, device noise has been
the primary concern for analog ICs while digital ICs have typically been considered to
be relatively immune to noise. This situation has changed significantly due to denser
integration and faster signal transition times. Specifically, switching noise has become
a primary design criterion for both mixed-signal and high performance synchronous
digital 1Cs.

Voltage fluctuations on the power/ground nodes of a circuit, i.e., power/ground
noise, is a type of switching noise affecting both mixed-signal and digital ICs. A
methodology is proposed to accurately estimate the worst case power/ground noise

in an inductive power/ground distribution network with a decoupling capacitor. In
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mixed-signal ICs, power/ground noise affects the highly sensitive analog/RF blocks
through the monolithic substrate, degrading critical performance parameters such as
gain, bandwidth, dynamic range, total harmonic distortion, and phase noise. Several
approaches are presented to efficiently model and alleviate substrate noise coupling in
mixed-signal ICs. The proposed analysis process determines the noise characteristics
of a circuit, thereby identifying appropriate noise isolation techniques. A methodol-
ogy is also proposed to reduce noise by incorporating noise-aware standard cells. The
proposed methodologies and algorithms are validated with industrial circuits, exhibit-
ing significant improvement in computational efficiency while maintaining sufficient
accuracy in the noise voltage. A significant reduction in substrate coupling noise is
also demonstrated.

In synchronous digital ICs, switching noise affects the timing characteristics of a
circuit by generating additional delay uncertainty, possibly degrading system perfor-
mance or causing a circuit to fail. Interdependent setup and hold times are charac-
terized and exploited to compensate for delay uncertainty, producing a more robust
circuit tolerant to switching noise. The proposed algorithms are demonstrated on
industrial circuits, verifying the efficiency of exploiting interdependence in reducing
delay uncertainty. The research presented in this dissertation provides methodolo-
gies and algorithms for designing both mixed-signal and synchronous digital ICs with

superior noise performance and enhanced signal integrity.
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Chapter 1

Introduction

“I would like to describe a field, wn which little has been done, but in
which an enormous amount can be done in principle. [...] Furthermore,
a point that is most important is that it would have an enormous number
of technical applications. What I want to talk about is the problem of
manipulating and controlling things on a small scale. [...] For instance,
wires should be 10 or 100 atoms in diameter, and the circuits should be
a few thousand angstroms across. [...] There is nothing that I can see
in the physical laws that says that the computer elements cannot be made
enormously smaller than they are now. In fact, there may be certain
advantages...”

From Richard P. Feynman’s talk, “There is Plenty of Room at the Bot-
tom,” at California Institute of Technology, December 1959.

The ever continuing journey started with the discovery of a device called a trans-
resistor, i.e., transistor, at Bell Laboratories by John Bardeen, Walter Brattain, and
William Shockley about a decade before Feynman gave this speech. The discov-
ery of the transistor, similar to other discoveries, was the result of continual efforts
throughout the history of engineering and science. The theoretical progress achieved
in quantum mechanics during the 1920’s played an important role in understand-

ing solid-state electronics [1]. In 1926, Julius E. Lilienfeld conceptually invented a



device whose conductivity would change by applying a voltage, thereby achieving
amplification [2], [3], [4]. In 1935, Oskar Heil described the principle of a field effect
transistor [5]. Whether Lilienfeld and Heil had ever built such a device, however, is
unclear [6].

The first realization of the transistor was driven by the need to replace conven-
tional vacuum tubes with a device that would be smaller in size, consume less power,
and behave more reliably. In early 1946, Mervin Kelly of Bell Labs created a group
including Bardeen, Brattain, and Shockley to work on solid-state devices [1]. By
1947, Bardeen and Brattain created the first operational point-contact transistor, as
shown in Fig. 1.1(a) [1], which was announced by Bell Labs in 1948 [7]. The same
year, Shockley developed the theory of a bipolar junction transistor [8] which was suc-
cessfully built in 1950, as shown in Fig. 1.1(b) [1]. Bardeen, Brattain, and Shockley
were later awarded the Nobel prize in physics in 1956 for this discovery [1].

In the early 1950s, Bell Labs sold the license of the transistor for $25,000 [1]
which brought various companies into play. Jack Kilby of Texas Instruments devel-
oped the first integrated circuit (IC) in 1958 using discrete wires as interconnections.
The circuit consisted of a transistor, a capacitor, and a resistor, as illustrated in
Fig. 1.2(a) [1]. In the mean time, a significant improvement took place at Bell Labs.
John Atalla discovered silicon-dioxide as the natural insulator of silicon, allowing a

better interface between silicon and silicon-dioxide [9]. Finally, in 1959, Jean Hoerni



Figure 1.1: Photographs of the first transistor: (a) point-contact transistor by
Bardeen and Brattain, (b) bipolar junction transistor by Shockley.

Figure 1.2: Photographs of the first integrated circuits: (a) built by Texas Instruments
in 1958 using discrete wires as interconnections, (b) built by Fairchild Semiconductor
using a planar process technology.
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Figure 1.3: Evolution of design objectives for integrated circuits.

of Fairchild Semiconductor introduced the planar process for manufacturing transis-
tors on a substrate [10]. Bob Noyce of Fairchild Semiconductor used this process to
build the first monolithic IC in 1959. An early example of an IC built by Fairchild
Semiconductor using a planar process is shown in Fig. 1.2(b) [1].

From 1960 to now, microelectronic IC technology has progressed enormously with
simultaneous advances in fabrication technology, devices, and design methodologies.
Several billions of devices can now be integrated onto the same die, achieving 100,000
times more performance as compared to 1960 [11]. The primary design objectives
driving this advancement have also evolved during this time frame. This evolution
of the design objectives is depicted in Fig. 1.3, as described in [12]. In the 1960’s
and 1970’s, yield was the primary concern due to limited integration density, and
consequently, area was the primary design objective. A system contained a large

number of interconnected ICs on a printed circuit board (PCB) where the system



speed was primarily determined by the inter-chip communication [12].

In the 1980’s, the integration density significantly increased, and the speed bot-
tleneck shifted from the inter-chip communication to the intra-chip communication.
Circuit speed became an important design objective. In the meantime, a new class of
handheld applications such as calculators and wrist watches emerged, making power
consumption another primary parallel design objective [12].

During the 1990’s, the design objectives could be categorized under three paths.
Speed was the primary objective of the first path where additional power consumption
could be tolerated for the sake of higher performance. The second path focused on
consumer electronics where high speed was not required, and ultra-low power was the
primary design objective. Finally, there were those applications where both speed and
power had to be simultaneously considered. Speed and power became the primary
design focus of this last design choice [12].

During the 2000’s, the integration density has further increased, allowing complex
system-on-chips (SoC) where analog, RF, and digital circuits are built on the same
die. This highly dense integration of various functionalities, higher clock frequencies
(faster signal transition times), and reduced power supply voltages caused another
primary design objective, noise, to emerge. Simultaneous optimization of speed,
power, and noise has therefore become the primary focus in the IC design process.

This co-optimization has enormously complicated the design process due to tradeoffs
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among these design objectives, requiring new design methodologies.
An overview of noise in electrical circuits is provided in Section 1.1. An outline

of the dissertation is presented in Section 1.2.

1.1 Noise in Electrical Circuits

In electrical circuits, noise refers to undesired fluctuations in current or voltage
that can directly interfere with the functional signal or indirectly degrade system
performance. Noise in electrical circuits can broadly be classified under two primary
categories, as shown in Fig. 1.4. The first category, device noise, is the intrinsic noise

of the devices while the second category, switching noise, is the induced noise due



to the switching activity of a digital signal. These two types of noise are described,

respectively, in Sections 1.1.1 and 1.1.2.

1.1.1 Active and Passive Device Noise

The intrinsic noise of a device can be represented as a random signal, i.e., future
values of the signal cannot be predicted from past values [13]. Consequently, device
noise is typically analyzed through statistical characteristics such as the average noise
power over a long time, power spectrum density, and probability density function [13].
Three primary types of device noise exist: (1) thermal noise, (2) shot noise, and (3)

flicker noise. These noise types are briefly described in the following subsections.

Thermal Noise

Thermal noise, also known as Johnson or Nyquist noise, occurs in a conductor
due to the random motion of the charge carriers. This random motion is generated
by the thermal agitation of the electrons that are in “thermal equilibrium with the
molecules” [14]. The power spectral density S,(f) (V?/Hz) of thermal noise is there-
fore proportional to the temperature and independent of frequency, 7.e., the mean

noise power per unit bandwidth is constant at all frequencies,

So(f) = 4k, TR, (1.1)



where k;, is the Boltzmann’s constant, T is the absolute temperature, and R is the
resistor of the conductor. This type of noise source is called white noise due to the
quality that the noise power is constant with frequency [14]. Also note that thermal
noise is independent of any applied voltage.

An MOS transistor also generates thermal noise due to the channel resistance.
This noise is typically modeled as a current source [,, between the source and drain

nodes with a power spectral density,

Si(f) = 4k Ty G, (1.2)

where g,, is the transconductance of the transistor and the coefficient ~ is approxi-
mately 2/3 for long channel devices and increases as the channel length decreases [13].
The resistive gate terminal of an MOS transistor also produces thermal noise. Addi-

tional contacts and gate folding are two layout techniques to reduce thermal noise [13].

Shot Noise

In electronic devices, shot noise refers to fluctuations in the current due to the
discrete nature of charges. As opposed to thermal noise, shot noise is dependent upon

the mean current flow or bias in a semiconductor [15]. The power spectral density

Si(f) (A?/Hz) of shot noise is

S.(f) = 241, (1.3)



where ¢ is the magnitude of an electronic charge and [ is the DC bias current. Shot
noise is typically a dominant noise source in diodes and modeled with a parallel

current source [16].

Flicker Noise

Flicker noise, also known as 1/f noise, occurs in semiconductors due to various
reasons such as energy traps resulting in generation and recombination of charge
carriers [15]. The power spectral density S;(w) of flicker noise has an inverse frequency
dependence [15],

I
Si(w) = K— (1.4)

we’

where K is a constant depending upon the device characteristics, I is the DC current,
and w is the angular frequency. Note that v and « are exponents with typical values
of, respectively, between 1 and 2, and between 0.8 and 1.2 [15].

The flicker noise of an MOS transistor is modeled as a voltage source at the gate

terminal with a power spectral density S,(f) [16],

K

Su(f) = WIC.]’

(1.5)

where W, L, and C,, represent, respectively, the width of the transistor, channel

length, and gate capacitance per unit area.
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Note that flicker noise and thermal noise are the two dominant noise sources
in MOS transistors. An NMOS transistor with these noise sources is illustrated
in Fig. 1.5(a). The overall frequency dependence of the noise power is depicted in
Fig. 1.5(b). Flicker noise dominates at lower frequencies, and thermal noise (and
partly shot noise) determine the noise floor at higher frequencies. The crossover
frequency f. is called the corner frequency, describing the frequency band of flicker

noise [13].

1.1.2 Switching Noise

Switching noise is caused by a logic transition, i.e., high-to-low or low-to-high, of
a digital signal. The switching noise is typically two to three orders greater than the
device noise [17]. In mixed-signal circuits, therefore, switching noise coupling to the

analog/RF circuits is critical.
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As opposed to device noise, switching noise is not strictly a random process since
this noise is dependent upon the switching activity of the circuit. Practically, however,
switching noise can be treated as a random phenomenon due to several reasons [17].
For example, a large number of nodes switches at different locations across the die
where the cumulative noise behaves as random. Furthermore, the time constant of
each node (the time required for the noise to dissipate through the ground or power
network) is different [17], contributing to the randomness of the noise. Note however
that if multiple dominant noise sources are synchronized, the overall noise may not
be random [17].

Two types of switching noise exist: (1) interconnect noise or crosstalk and (2)
power/ground noise, as shown in Fig. 1.4. Both crosstalk and power/ground noise
have deleterious effects on the operation and performance of a circuit, as described

in Chapters 2 and 3.

1.2 Dissertation Outline

Switching noise in synchronous digital integrated circuits is the primary focus of
Chapter 2. Two types of switching noise, i.e., power/ground noise and interconnect
noise, are introduced. The impedance characteristics of a power distribution network

are analyzed. Existing approaches to model interconnect noise are summarized. The
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effects of switching noise on digital circuits, i.e., functional failure, glitch power con-
sumption, and delay uncertainty, are discussed. Finally, existing design techniques to
reduce power/ground noise and interconnect noise are described.

Switching noise in mixed-signal /analog integrated circuits is described in Chap-
ter 3. The switching noise coupling mechanisms within analog/RF circuits are ex-
plained with a primary focus on substrate coupling. The noise injection mechanisms
into the substrate are described. Substrate modeling and extraction techniques, and
circuit level substrate noise analysis methodologies are summarized. The effects of
substrate noise on analog/RF circuits are discussed with specific examples of sev-
eral commonly used circuit blocks. Existing noise isolation methodologies to reduce
substrate noise coupling are also reviewed.

A time domain analysis of power/ground noise is described in Chapter 4. Specifi-
cally, the non-monotonic dependence of switching noise on rise time is presented. An
approximate solution for the worst case rise time producing the maximum power and
ground noise is developed. The effect of the parasitic resistance of the power/ground
network on the worst case rise time and noise is also investigated. The efficiency of
several noise reduction techniques are compared through a sensitivity analysis.

The effect of the substrate network on ground noise is the focus of Chapter 5.
Specifically, current propagation along the ground network and through the sub-

strate is affected by the substrate contacts. The interaction of these two networks is
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investigated. The contribution of the substrate to the total ground noise is shown to
be significant.

The power /ground noise model developed in Chapter 4 is extended in Chapter 6
to generate a macromodel for substrate coupling. The macromodel is used to iden-
tify the dominant substrate noise coupling mechanism for multiple switching gates
at early stages of the design process. The regions illustrating the dominant noise
coupling mechanisms are generated as a function of multiple parameters. Several
noise reduction techniques are also proposed depending upon the particular noise
mechanism that is dominant.

In Chapter 7, a high-level substrate noise analysis methodology is proposed for
large scale mixed-signal circuits. Rather than homogeneous extraction of the entire
substrate, a fine extraction is applied to those regions where the dominant current
flow occurs, while a coarse extraction is achieved for the remaining regions. This
heterogeneous extraction of the substrate significantly improves the computational
complexity of the extraction process. An algorithm with linear time complexity is
proposed to identify these regions within the substrate. The proposed methodology
achieves a significant reduction in the number of extracted substrate resistors while
maintaining sufficient accuracy.

Vertical current propagation within a substrate is typically not desired since the

vertical current paths reduce the efficiency of the substrate contacts and guard rings.
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A methodology is described in Chapter 8 to reduce the noise injected into the sub-
strate by minimizing vertical current propagation within the substrate. This reduc-
tion is achieved by designing noise-aware standard cells. Limitations of the existing
substrate biasing schemes are removed while achieving more than a 60% reduction in
the peak-to-peak substrate noise.

Switching noise affects the timing characteristics of synchronous digital integrated
circuits by introducing additional delay uncertainty. The interdependence of timing
constraints, i.e., setup and hold times, is described in Chapter 9. An efficient algo-
rithm is proposed to reduce significant pessimism in static timing analysis by exploit-
ing these interdependent setup and hold times. Industrial circuits are used to validate
the proposed methodology.

Interdependent setup and hold times of a register are exploited in Chapter 10
to reduce delay uncertainty. Specifically, the increase or decrease in the data path
delay due to power supply noise is compensated by exploiting the interdependence
relationship, thereby producing a more robust circuit. An algorithm is proposed to
determine the appropriate (setup, hold) pair to improve the tolerance of a circuit to
power supply noise while increasing the maximum operating frequency.

The research presented in this dissertation is concluded in Chapter 11, summariz-
ing the significance of the results. Directions for future study are proposed in Chap-

ter 12. Specifically, a unified noise analysis methodology is described to investigate
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the tradeoffs among the integrated circuit, package, and board level characteristics.
The codesign of the power grid, clock network, and critical data paths is also proposed
the exploit the interactions among these networks. Finally, the effect of substrate iso-
lation techniques on power integrity is presented as a future research topic to improve

the signal integrity and timing characteristics of a circuit.
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Chapter 2

Switching Noise in Synchronous
Digital Integrated Circuits

The continuous progress in complementary metal-oxide-semiconductor (CMOS)
technology has enabled the integration of more than two billion transistors on a
single integrated circuit. The density of the devices within a circuit has dramatically
increased, making the related issues of noise and noise coupling among various circuit
elements a primary concern for nanoscale integrated circuits.

Traditionally, digital circuits consisting of static CMOS gates have been treated
as inherently immune to noise due to relatively high noise margins [18], [19]. Conse-
quently, the concept of noise in an integrated circuit has long been associated with
analog, RF, and dynamic CMOS circuits due to the higher sensitivity of these types
of circuits [20]. This situation, however, has dramatically changed in the last decade.

Three fundamental reasons have stimulated this change:

e Noise margins have been reduced significantly due to scaling of the power supply
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and threshold voltages, making digital logic circuits more sensitive to noise.

e The operating frequencies have substantially increased, placing more stringent
constraints on the timing requirements of the critical paths. The sensitivity of
the circuit delay to noise has therefore become more significant. Furthermore,
higher clock rates have enabled faster on-chip signal transitions, exacerbating

the magnitude of the noise coupling.

e The delay of the interconnects has become comparable or greater than the delay
of the logic gates in deep submicrometer technologies. As such, the impact of
interconnect noise on the signal characteristics, i.e., signal integrity, and on

system performance has become significant.

As a result of these three reasons, noise in digital integrated circuits has started to
receive considerable attention.

The simultaneous operation of an enormous number of devices at an aggres-
sive clock frequency with reduced physical distances among the interconnects cause
two primary types of switching noise in a synchronous digital integrated circuit:
power /ground noise and interconnect noise. Power and ground noise refers to volt-
age fluctuations, respectively, on the power and ground distribution networks. The
simultaneous switching of a large number of logic gates requires a significant amount

of current drawn from the power supply. This current flows through the parasitic
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impedance of the power distribution network, causing both static and dynamic volt-
age fluctuations [21], [22]. Similarly, the current flowing from the switching logic
gates to the reference ground of the power supply causes voltage fluctuations on the
ground distribution network, referred to as ground noise or ground bounce [23]. Noise
generation on the power and ground nodes is illustrated in Fig. 2.1.

The interconnect noise or crosstalk refers to a voltage induced on a wvictim node
due to capacitive and/or inductive coupling from a switching aggressor node, as de-

picted in Fig. 2.2. Electromagnetic coupling has long been a primary concern for
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radio frequency (RF) circuits, microwave circuits, and high speed printed circuit
(PC) boards [24]. The effects of on-chip crosstalk in high speed digital integrated
circuits have started to become significant in the last decade due to the asymmet-
ric scaling between the vertical and lateral dimensions, and faster signal transitions
in deep submicrometer technologies. Specifically, the lateral dimensions have been
scaled to enhance performance and achieve higher density, while the vertical dimen-
sions have not changed considerably [25]. Coupling among interconnects in a digital
integrated circuit has therefore increased significantly. Similarly, the speed of on-chip
signal transitions and length of interconnects have increased, exacerbating on-chip
inductive effects [26].

A brief overview of switching noise in synchronous digital integrated circuits is
provided in this chapter. In Section 2.1, the problem of power distribution and
power/ground noise is described. The use of decoupling capacitances to lower the
power noise of a power distribution network is also discussed. Capacitive and in-
ductive crosstalk among on-chip interconnects is reviewed in Section 2.2. Existing
models to efficiently analyze coupling noise are summarized. The deleterious effects
of switching noise on digital integrated circuits, such as logical failure, glitch power
consumption, and greater delay uncertainty, are presented in Section 2.3. Existing
design techniques to reduce switching noise are discussed in Section 2.4. Finally, the

chapter is summarized in Section 2.5.
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2.1 Power/Ground Noise

Reliable distribution of power and ground voltages in a high performance inte-
grated circuit is a challenging task due to the high current demands and reduced
operating voltages [12]. The issue of power delivery is described in Section 2.1.1. The
impedance characteristics of a power distribution system is reviewed in Section 2.1.2.
The effects of a decoupling capacitance on the noise and impedance characteristics

are investigated in Section 2.1.3.

2.1.1 Power and Ground Distribution Networks

Power and ground voltages should be reliably distributed to satisfy functionality
and performance while considering the overall resources devoted to these distribution
networks. A power distribution system consists of the power supply; interconnect
networks at multiple levels beginning with the voltage regulator, including the printed
circuit board and package, and the integrated circuit; decoupling capacitances at
these multiple levels; vias connecting different layers of conductors; and the power
and ground pads [12]. A simplified circuit representation of this system is illustrated
in Fig. 2.3. Each level of a conductor is modeled as a series RL circuit where R is
the parasitic resistance and L is the parasitic inductance of the interconnect. The
decoupling capacitances are represented as C'. The superscripts p and g refer to the

power and ground conductors, respectively. The superscript C' refers to the parasitic
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Figure 2.3: Simplified circuit level representation of a power distribution system.

impedance characteristics of the decoupling capacitance. The conductors at various
levels are represented by the subscripts where r, b, p, and c refer, respectively, to
the voltage regulator, printed circuit board, package, and integrated circuit. The
switching circuit is represented by a linear current source that mimics the current
characteristics at the load.

The parasitic resistance typically increases from the power supply to the inte-
grated circuit due to the increasing aspect ratio of the conductors. Alternatively, the
parasitic inductance typically decreases in the same direction due to the increasing
interconnect density, as illustrated in Fig 2.4. Note however that this behavior has
changed in recent years due to advances in packaging technology, resulting in lower
parasitic inductances at the package level (such as a flip-chip technology), and faster
on-chip signal transitions, all causing the on-chip wires to exhibit significant induc-

tive behavior [27]. That is, the on-chip parasitic inductance can be comparable to
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Figure 2.4: Change in the physical characteristics of the power/ground interconnects
from the power supply to the integrated circuit.

or greater than the package inductance depending upon the type of package, on-chip
signal characteristics, and on-chip power distribution network.

The available range of voltage, referred to here as the wvoltage headroom, of the
switching circuits is reduced due to the parasitic impedance of the power and ground
distribution networks. Specifically, the voltage headroom of the power supply Vg —
Vyna is reduced to Vg — Vyng — (Ap + Ag) where Ap and Ag represent, respectively,
the power and ground noise, as illustrated in Fig. 2.3. Assuming the decoupling
capacitances are negligible, the power noise is

, i

Ap = I(t)Rfot + Ltota'

(2.1)
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Note that the ground noise is similarly determined by replacing R}, and L%, re-
spectively, by RY, and L{,. The first term in (2.1), commonly referred to as the IR
drop, is proportional to the magnitude of the current. The second term, referred to
as L 0i/0t noise, is proportional to the rate of change in the current. Consequently,
the total peak noise does not necessarily occur when the IR drop or L 0i/0t noise
is individually the greatest. These two types of noise should therefore be analyzed
simultaneously to avoid pessimism when estimating the peak noise. Typically, two
design metrics should be satisfied when characterizing the power noise in the time

domain [28].

e The maximum average noise within a clock cycle. This metric determines the
amount of variation in the delay of a critical path. That is, the maximum
operating frequency of the circuit under power supply variations is dependent

upon this parameter.

e The maximum peak noise that can be tolerated to ensure accurate functionality
of the circuit, as determined by the noise margins. A power noise greater than
the maximum noise can change the logic state of a node, causing a circuit to

fail.

The time domain representation of the peak and average power noise, and a related
clock waveform are illustrated in Fig. 2.5 for a synchronous digital circuit. A signif-

icant number of registers switches simultaneously with the rising edge of the clock,
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causing a considerable drop in the power supply voltage during this transition time.
A power distribution system can also be analyzed in the frequency domain with
a target impedance over a specific range of operating frequency [29]. The impedance

characteristics of a power distribution system is described in the following section.

2.1.2 Impedance Characteristics of a Power Distribution Net-
work

The target impedance of a power distribution network is determined from the
nominal power supply voltage, maximum tolerable noise on the load circuit as a per
cent of the nominal power supply voltage, and the current sourced by the load circuit

from the power distribution network [30],

Nominal voltage * Tolerable noise (%)

(2.2)

targer = Current
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The target impedance should be satisfied over a wide range of frequency where the
circuit operates. Note that this frequency range is determined by the power spectral
density of the current transients rather than the clock frequency, where significant
high frequency components exist due to the fast switching events. The average current

is estimated from the power consumption of the circuit at a specific clock frequency,

7 Power consumption

2.3
Nomanal voltage (23)

Replacing (2.3) in (2.2) permits the target impedance to be described as a function

of the power and nominal voltage,

Nominal voltage?® x Tolerable noise (%)

(2.4)

Ztar et —
g Power consumption

As determined by (2.4), the target impedance is reduced quadratically as the nominal
voltage is scaled. Furthermore, the power consumption increases due to the higher
integration densities, requiring further reductions in the target impedance. A recent
16 core microprocessor, implemented in 65 nm CMOS technology, consumes 250 W
at a supply voltage of 1.2 V [31]. According to (2.4), the impedance of the power
distribution network for this microprocessor should be less than 0.3 m{2 over a wide
frequency range. The target impedance should therefore be aggressively decreased to

satisfy power/ground noise constraints in deep submicrometer technologies.
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Figure 2.6: Impedance characteristics of a power distribution network with no decou-
pling capacitance.

The magnitude of the output impedance of a power distribution system with
no decoupling capacitances is |Ry; + jwLiot|- The dependence of this impedance on
frequency is illustrated in Fig. 2.6. The impedance is dominated by the total resistance
Ry for frequencies w < Ryor/Liot. Rior should therefore be smaller than the target
impedance to satisfy specific noise constraints at low frequencies. Alternatively, the
total inductance Ly, starts to dominate the impedance for frequencies w > Ryot/ Lior-
At w = Zigrget/Liot, the impedance exceeds the target impedance, as illustrated in
Fig. 2.6. The maximum frequency of a power distribution network with no decoupling
capacitances is therefore determined by w = Zyarget/ Liot-

Decoupling capacitances have traditionally been used at multiple levels of the
power distribution network to increase the frequency at which the output impedance

exceeds the target impedance [32], [33]. The effect of the decoupling capacitance on
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Figure 2.7: A circuit model of a power distribution system with a decoupling capaci-
tance. Stage 1 represents the impedance between the decoupling capacitance and the

power supply. Stage 2 represents the impedance between the decoupling capacitance
and the switching circuit.

the power noise and impedance characteristics is described in the following section.

2.1.3 Decoupling Capacitance

A decoupling capacitance within a power distribution network refers to an inten-
tional or intrinsic capacitance placed across power and ground conductors to reduce
power supply noise by temporarily providing charge to load circuits during switch-
ing events. A simplified circuit representation of a power distribution system with
a decoupling capacitance is illustrated in Fig. 2.7. The decoupling capacitance is
represented by a capacitance C' in series with an effective series resistance (ESR) R®
and effective series inductance (ESL) L®. Note that these parasitic elements of a
decoupling capacitance play an important role in determining the efficiency of the

capacitance [34].
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A decoupling capacitance divides the power distribution system into two stages,
as illustrated in Fig. 2.7. Stage 1 represents the impedance between the decoupling
capacitance and the power supply. Stage 2 represents the impedance between the
decoupling capacitance and the switching circuit.

The amount of switching current provided by the decoupling capacitance and the
power supply is dependent upon the frequency (or more precisely, the rise time) of the
current transients. This current distribution as a function of frequency is illustrated in
Fig. 2.8. At frequencies sufficiently lower than the resonant frequency w,.s = 1/(LC),
the power supply provides the overall switching current due to the high impedance
of the decoupling capacitance. Alternatively, at frequencies higher than the resonant
frequency, the switching current is provided by the decoupling capacitance, bypassing
the parasitic inductances L} and L{ and resistances R} and Rj. The power noise
decreases at higher frequencies due to the reduced overall parasitic impedance. At
the resonant frequency w =~ 1/[C'(L} + L{)], both the power supply and decoupling
capacitance provide significant current, giving rise to a resonant behavior [12]. The
impedance of the power distribution network is greatest at the resonant frequency,
causing the power noise to increase at that frequency.

The effect of a decoupling capacitance on the impedance characteristics of a power
distribution network is illustrated in Fig. 2.9. The decoupling capacitance increases

the maximum frequency from Ziapget/ Liot t0 Ziarger/(Lh+ L+ L) where LY+ L5+ L€
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Figure 2.8: The switching current distribution as a function of frequency in a power
distribution network with a decoupling capacitance: (a) At frequencies f << f.s,
most of the current is provided by the power supply. The decoupling capacitance
does not affect the power noise. (b) At frequencies f >> f,.s, most of the current is
provided by the decoupling capacitance, bypassing the parasitic impedance of stage
1. The decoupling capacitance reduces the power noise. (c¢) At frequencies close to
the resonant frequency, both the power supply and decoupling capacitance provide
current, giving rise to resonant behavior. The power noise increases due to the high
impedance of the power distribution network.
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is the parasitic inductance of stage 2. Note, however, that at the resonant frequency
w = 1/[C(L} + LY)], the total impedance with a decoupling capacitance is larger than
the impedance without a decoupling capacitance due to the parallel combination of
the capacitance and inductance of stage 1, forming an LC' tank circuit. Specifically,
the impedance is increased by the quality factor @ (or inverse damping factor) of this

tank circuit,
1 (L + Lj)
(R + R} + RC) C

Q=1/C=| J (2.5)

Special consideration should therefore be given to satisfying the target impedance of a
power distribution network with a decoupling capacitance at the resonant frequency.
A time domain analysis of resonant behavior is provided in Chapter 4 where an
equivalent rise time that corresponds to resonant frequency is presented.

As illustrated in Fig. 2.9, the maximum frequency over which the target impedance
is not exceeded has been increased with the use of a decoupling capacitance. A single
decoupling capacitance however is not sufficient to satisfy the target impedance over

a wide range of frequency due to the following reasons.

e The decoupling capacitance has to be sufficiently large to store sufficient charge
for the current transients and to achieve a sufficiently high damping factor to
ensure that the impedance at the resonant frequency is smaller than the target

impedance.
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e The decoupling capacitance has to be sufficiently close to the load circuit to
minimize the impedance of stage 2 since the maximum frequency where the

decoupling capacitance is effective is determined by this impedance.

e The first two conditions cannot be simultaneously achieved due to physical area
constraints within the integrated circuit and the distributed nature of a large

decoupling capacitance [35].

Consequently, each level of the power distribution network is hierarchically composed
of distributed decoupling capacitances where the board decoupling capacitance is
the largest and the on-chip decoupling capacitance is the smallest. The board level
decoupling capacitance provides charge when the response time of the power supply is
insufficient for fast current transients. Similarly, the on-chip decoupling capacitance
provides charge when the current transients are faster than the response time of
the package level decoupling capacitance. This hierarchical placement of decoupling
capacitors can be designed to satisfy the target impedance over a broader range of

frequencies.
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2.2 Interconnect Coupling Noise: Crosstalk

Crosstalk (or coupling) among various conductors is a major concern in high
performance digital integrated circuits due to higher integration densities, faster on-
chip signal transitions, and the increasing significance of interconnects on system
performance and reliability [36], [37]. An overview of interconnect coupling noise
is provided in this section. The scaling characteristics of on-chip interconnects are
reviewed in Section 2.2.1. Capacitive and inductive coupling are discussed as two

separate coupling mechanisms, respectively, in Sections 2.2.2 and 2.2.3.

2.2.1 Ideal vs. Realistic Interconnect Scaling

Improvements in CMOS process technology are based on not only scaling the
devices, but also scaling the interconnect. The dimensions of two parallel conductors
are illustrated in Fig. 2.10. L;,;, Win, and T, refer, respectively, to the length,
width, and thickness of the conductor. Wy, refers to the spacing between two parallel
conductors located on the same metalization layer and H is the distance between the
conductor and the substrate or the thickness of the dielectric between two adjacent
metal layers. The aspect ratio of an interconnect is AR = Ty /Wins-

Based on ideal scaling, each dimension of an interconnect scales by the same
scaling factor S (S > 1) except the length of the global interconnects [38], [39].

Scaling the length of the line is dependent upon the type of interconnect, ¢.e., local vs.
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Figure 2.10: Physical dimensions of two parallel conductors located on the same
metalization layer.
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Figure 2.11: Local versus global interconnects. Global interconnects are typically
located on the upper metal layers while the local interconnects are closer to the
devices.

global, as illustrated in Fig. 2.11. The local interconnects typically transmit signals
at the device level and within a gate or block in a circuit. The gate delays typically
dominate at this level. Alternatively, the global interconnects typically transmit
signals across the integrated circuit. Examples of global interconnect include clock
and power/ground distribution networks and global signal lines. The interconnect
delay dominates the gate delay in these global interconnects. Due to an increase in

the overall chip area, the length of the global interconnects typically grows by a factor
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Table 2.1: Scaling characteristics of local and global interconnects for four different
scaling scenarios: ideal, quasi-ideal, constant resistance, and constant thickness. S is
the scaling factor for the local interconnects and S, is the scaling factor for the die
size.

Interconnect Ideal scaling Quasi-ideal scaling | Constant resistance | Constant thickness
parameters Local | Global Local Global Local Global Local Global
Length (Lint) 1/S Se 1/8 Se 1/8 Se 1/8 Se
Width (Wine) 1/S 1/S 1/S 1/S 1/v/'S 1/V/S 1/8 1/8
Thickness (Tint) 1/8 1/8 1/VS 1/vVS | 1/VS SeV/'S 1 1
Height (H) 1/8 1/8 1/VS 1/vV/s | 1/Vs 1/VS 1/8 1/8
Spacing (Wipa) 1/8 1/8 1/8 1/S 1/V'S 1/V'S 1/S 1/8
Aspect ratio
1 1 S/VS S/VS 1 ScS S S
(AR = Tint/Wint) VS | SIS
Resistance 5
S SeS S SeSVS 1 1 1 SS
(Rint = (pLint)/(Wini Tont)) ‘ VS | SesVE ‘
Coupling capacitance 2 @2
1/8 Se 1/V/S ScV'S 1/8 S5¢ 1 SeS
(Ce = (eLintTint) [ Wipa) | "/ VS | VS Y
Ground capacitance
(Co = (cLont Wing)/H) 1/8 Se 1/(SVS) | Se/vV/S | 1/8 Se 1/8 Se
C./Cy 1 1 S S 1 ScS? S S

Se, referred to as the chip scale factor, as described in [38] and [39].

The scaling characteristics of the local and global interconnect dimensions are
listed in Table 2.1 for four different cases: ideal, quasi-ideal, constant resistance, and
constant thickness. In ideal scaling, each dimension of the interconnect is scaled by the
identical scaling factor S. Quasi-ideal scaling is developed to represent a more realistic
scenario [39]. According to constant resistance scaling, local and global interconnect
resistances remain the same. Finally, the constant thickness scaling assumes that the
thickness of the interconnects remains the same with future technologies.

The total resistance of a line is determined by R = (pL;,:)/A where p is the resis-
tivity of the material and A = W,,,;T},; is the cross sectional area of the interconnect.

According to ideal scaling, the line resistance increases by S for local interconnects
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and S2S, for global interconnects. This dramatic increase in the resistance, partic-
ularly the global interconnects, causes non-ideal scaling to differ from ideal scaling.
Based on quasi-ideal scaling, vertical dimensions such as H and Tj,; are scaled by a
factor v/S rather than S. Consequently, the resistance of the local and global inter-
connects scales, respectively, by /S and S.Sv/S. For the case of constant resistance,
the width also scales by v/S. Note that for global interconnects, the thickness should
be increased by a factor of S,v/S to maintain a constant resistance. Finally, for the
case of constant thickness, the resistance of the local and global interconnects scales,
respectively, by one (1) and S..S.

Note that the aspect ratio of the global interconnects increases in all cases other
than ideal scaling, as listed in Table 2.1. The implications of this increase of the
aspect ratio on the interconnect capacitance and capacitive coupling are discussed in

the following section.

2.2.2 Capacitive Coupling

The coupling capacitance among the on-chip interconnects and the dependence
of this capacitance on the switching characteristics of the input signals is described
in this section. The noise due to the coupling capacitance and some of the primary

issues in modeling this noise are also discussed.
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Figure 2.12: Capacitive components among three metal wires.

Scaling Characteristics of Coupling Capacitance

The different capacitive components among the three metal wires are illustrated
in Fig. 2.12. Metal lines A and B are located on the same layer. Metal line C is
located on an upper layer adjacent to metal lines A and B. The sidewall capacitance

C11 between metal lines A and B, referred to as interwire or coupling capacitance, is,

6Lz'mtirmt
Cii=——— 2.6
11 Wspa ) ( )

where € is the dielectric constant of the insulator, and L, T}, and Wy, are defined
in Fig. 2.10. The parallel plate capacitance C'3 between a metal line and the substrate,
referred to as metal-to-substrate or ground capacitance, is

6Lint Wint

013 - H 5 (27)
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Figure 2.13: Capacitively coupled interconnects driven by CMOS inverters. The
interconnects are represented as lossy transmission lines.

where H is defined in Fig. 2.10. The ratio of coupling capacitance C'1; to the ground

capacitance ('3 is

Cu _ Tl _ yp I
Cl3 Wint Wspa Wspa

(2.8)

As listed in Table 2.1, for global interconnects, this ratio increases by a factor of .S for
quasi-ideal scaling and by a factor of S.S? for constant resistance, making capacitive

coupling a significant signal integrity issue in nanoscale integrated circuits [40].

Dependence of Coupling Capacitance on Switching Characteristics

Two capacitively coupled global interconnects, driven by CMOS inverters, are
illustrated in Fig. 2.13. The global interconnects, represented as lossy transmission
lines, are modeled as a distributed RLC impedance. Note that the interconnect delay
is dominant in these long interconnects where the interconnect ground capacitance
C, is much greater than the input capacitance Cj, of the driven gate. The total

interconnect capacitance is therefore crucial in satisfying timing requirements.
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Table 2.2: The dependence of coupling capacitance on the signal switching charac-
teristics.

Signal Effective Total capacitance
transition coupling capacitance | of each interconnect
Interconnect 1 Switching ~C, ~ Cy + Ce

Interconnect 2 | Nonswitching

Interconnect 1

_ In ph =~ =
Interconnect 2 T phase 0 Cy

Interconnect 1
Interconnect 2

Out of phase ~2xC. ~Cy+2xCe

The amount of interconnect coupling capacitance is dependent upon the nature of
the signal transitions [41], [42], [43], [44]. That is, if only one of the interconnects is
switching, the total capacitance of this interconnect is determined by Cy+C.. If both
interconnects are driven by in-phase signals (switching in the same direction), the ef-
fective coupling capacitance is approximately zero and the total capacitance of each
interconnect is approximately equal to the ground capacitance C,. Alternatively, if
the signals on each interconnect are out-of-phase (switching in the opposite direction),
the effective coupling capacitance approximately doubles to 2 x C.. The total capaci-
tance of the lines can therefore be approximated as C,;+2 x C., as listed in Table 2.2.
Consequently, if the signals on both interconnects are in-phase, the total capacitance
is lower, reducing the delay of the interconnect. Alternatively, out-of-phase signals
increase the total capacitance, degrading the delay of the interconnect. This depen-
dence of the total capacitance and delay on the switching characteristics also causes
the overall delay uncertainty to increase, making the circuit timing analysis process

quite challenging.
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Figure 2.14: Coupling noise induced on the victim line due to signal switching on the
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Figure 2.15: Primary modeling issues for coupling noise: Type of input excitation,
impedance model of the driver, interconnect model, and location and number of

aggressors affecting the victim line.
Modeling Capacitively Coupled Noise

A signal switching on one of the interconnects, referred to as an aggressor, induces
coupling noise on the neighboring nonswitching interconnect, referred to as a victim,
as illustrated in Fig. 2.2. Estimating the peak, width, and timing of this coupling noise
is important to guarantee accurate logical operation (see Fig. 2.14). Four primary

issues exist in modeling the coupling noise, as illustrated in Fig. 2.15.
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e The impedance of the gate driving the interconnect changes with respect to the
input voltage and operating regime of the transistor. This resistance is often
approximated by a constant linear resistance to reduce the complexity of the
transistor models. A transistor operating in the saturation region is commonly
used since the I-V curve is close to constant in this region and the resistance is

highest, providing a worst case value of the transistor impedance.

e The noise on the victim line depends strongly upon the type of input excitation.
While an exponential function results in higher accuracy, the complexity of the
analysis is much greater. A step input excitation provides efficient analysis, but
exhibits a greater error for signals with slow transition times. A saturated ramp
function is the most commonly used input excitation to model coupling noise

since this function offers a reasonable tradeoff between accuracy and complexity.

e The interconnects can either be modeled as distributed RLC' transmission lines
or lumped elements such as m or L networks. Although a lumped model is
simpler, the distributed nature of an interconnect becomes more pronounced in

long global lines [27].

e The location and relative position of the aggressor and victim interconnects is
more significant in complex integrated circuits where multiple aggressors can

affect the coupling noise on a victim line, as illustrated in Fig. 2.15.
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Various closed-form expressions and modeling techniques have been proposed to
analyze the characteristics of coupling noise. A distributed RC model has been de-
veloped by Sakurai in [41] by approximating the driver gates with a linear resistor
and assuming a step input excitation. A lumped RC model has been proposed in [43]
where inputs can have arbitrary transition times and directions. A lumped 7 model
with a ramp input excitation is used in [44]. The dependence of the delay uncertainty
on the input slew has also been investigated. An upper bound on the coupling noise is
proposed in [45], known as the Devgan metric. An enhancement to the Devgan metric
has been proposed in [46] to improve the accuracy for fast input signals. Expressions
have also been developed [47] for capacitively coupled distributed RC networks with
an arbitrary number of aggressors.

These research results do not consider the inductive behavior of on-chip intercon-
nects. As demonstrated in [48], on-chip inductance can significantly affect the signal
behavior under certain conditions. Interconnect coupling noise in the presence of

mutual inductance is discussed in the following section.

2.2.3 Inductive Coupling

According to the definition of magnetic flux, loop inductance is a constant relating
the magnetic flux induced in a loop to a current in another loop [12], [49], as illustrated

in Fig. 2.16. The mutual inductance L;; is
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Loop i Loop

Figure 2.16: The loop inductance relates the magnetic flux in loop ¢ induced by the
current in loop j.

Lij = = (2.9)

where ¢;; is the magnetic flux in loop 4 induced by the current /; flowing through loop
j. Note that if the loops are the same (i = j), L;; is defined as the self-inductance of
the loop.

The effect of inductive coupling on the overall crosstalk noise has been investi-
gated, demonstrating the need to consider mutual inductance among the interconnects
to accurately estimate coupling noise and delay. Modeling the mutual inductance of

on-chip interconnects, however, is a challenging process due to the following reasons:

e Inductive coupling originating due to magnetic fields is a long range phenomenon
as opposed to capacitive coupling [49] which is caused by local electric fields, as
illustrated in Fig. 2.17. The mutual inductance of nonadjacent interconnects is

therefore non-negligible.

e As illustrated in Fig. 2.16, the loop inductance is defined for a closed loop. The

extraction of self-and mutual inductances for complex on-chip interconnects is
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Figure 2.17: The long range effect of inductive coupling where the mutual inductance
among nonadjacent interconnects is not negligible.

challenging since identifying the current return paths is not simple. The concept
of a partial inductance has been introduced to overcome this difficulty [50], [51],
where the loop is divided into multiple segments and the current return loop

for each segment is assumed to be at infinity.

e A system with inductance can exhibit an underdamped response as opposed
to capacitively dominant systems that are overdamped. The underdamped re-
sponse can produce oscillations, overshoots, and undershoots. An illustrative
example of coupling noise in the presence of mutual inductance is depicted in
Fig. 2.18, as shown in [52]. These high frequency effects caused by an under-

damped response make coupling noise analysis significantly more difficult.

Closed-form expressions for the peak inductive coupling noise is provided in [53] as-
suming that the coupling capacitance and mutual inductance are less than 30% of the

self-capacitance and self-inductance, respectively. A traveling wave based waveform
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Figure 2.18: The effect of mutual inductance on coupling noise characteristics.

approximation is proposed in [54] for inductance prominent multicoupled intercon-
nects, where the low frequency characteristics of the transient signal is approximated
in the frequency domain and a time domain approximation is used to determine the
high frequency characteristics. A transmission line based approach for inductive cou-
pling is described in [55] to estimate the coupling noise waveform, peak noise, and
dependence of the noise on relevant physical design parameters such as the line width

and spacing.

2.3 Effects of Switching Noise in Digital ICs

The noise generated by a switching circuit affects the operation of the circuit
in various ways. The possibility of a noise induced logical failure is described in
Section 2.3.1. The effect of switching noise on the power consumption of a circuit

is investigated in Section 2.3.2. Finally, the timing variation and delay uncertainty
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caused by switching noise is discussed in Section 2.3.3.

2.3.1 Functional Failure

Failure criteria of a circuit due to switching noise are dependent upon both the
noise and the circuit characteristics. Specifically, the noise tolerance of a gate has
to be sufficiently high to ensure that the noise at any node of the gate does not
change the logical state of the gate and the following gates. Katopis defines the noise
tolerance as “the maximum noise pulse amplitude at a given noise pulsewidth that
an infinite chain of gates can withstand without noise amplification occurring” [56].
A typical noise tolerance curve based on this definition is depicted in Fig. 2.19. Noise
immunity is defined as a special case of noise tolerance where the noise source is only
applied at the input of the gate. Alternatively, noise tolerance is called noise margin

if the noise source is applied both at the input and the power supply of the gate [56].
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Figure 2.20: Typical DC voltage transfer characteristics of an inverter.

Two metrics exist to determine whether a specific noise waveform causes functional
failure in a circuit: (1) Static noise margins based on a DC voltage transfer curve.

(2) Dynamic noise margins based on the time domain characteristics of the noise.

Static Noise Margin

Traditionally, logical failure analysis caused by noise is based on static noise mar-
gins, obtained through a DC voltage transfer characteristics (VTC) of the gate, as
shown in Fig 2.20 for an inverter [57]. Two critical points are identified on the VTC
curve where the gain of the inverter is equal to unity, i.e., OV, /OViy = —1. The
input voltages satisfying this condition are called Vi and V;gy. Vi is defined as the
maximum input voltage that can produce a logic high at the output. Similarly, V;gy
is defined as the minimum input voltage that can produce a logic low at the output.
Von and Vpy are defined, respectively, as the maximum output voltage when the

output level is logic high and the minimum output voltage when the output level is
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logic low. These two voltages determine the voltage swing of the gate. Noise margins
based on static voltage transfer characteristics, also referred to as unity gain based

noise margins, are determined by

NM; = Vi — Vo, (2.10)

NMy = Vou — Vin, (2.11)

where N M, and N My are the noise margins when the input voltage is, respectively, at
level low and at level high. These noise margins determine the amount of perturbation
in the signal levels that can be tolerated by a digital logic gate.

Note that the gain of an inverter is higher than one (1) for an input voltage
between Vi, and Vig. Any perturbation of the input signal in this region is amplified
at the output. A steeper voltage transfer characteristic reduces this region, improving

the static noise margins of a gate.

Dynamic Noise Margin

The time domain characteristics of the noise such as the rise time and noise width
is not considered in static noise margins. Digital gates are usually less sensitive to
noise with high frequency components as compared to DC noise since the digital

gates behave as low pass filters. The response of the gate therefore depends upon
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Figure 2.21: Dynamic voltage transfer characteristics of a CMOS inverter for various
input transitions.

the frequency content of the noise. The concept of dynamic noise margins has been
developed to consider these frequency dependencies, thereby reducing the inherent
pessimism of static noise margins [58].

The dependence of the noise margins on the input rise time and output load
capacitance has been demonstrated in [58]. An example of dynamic VTC is depicted
in Fig. 2.21 for a CMOS inverter. The dashed curve represents the static VTC of
the inverter. The curves numbered as 1, 2, and 3 represent the dynamic VTC for a
rising input where 1 is the slowest transition and 3 is the fastest transition. Similarly,
curves 4, 5, and 6 represent the dynamic VTC for a falling input where 4 is the slowest
transition and 6 is the fastest transition.

A static VT'C approximates the dynamic behavior only if the input transitions are

slow, as illustrated in Fig 2.21. Note that N My of the dynamic VTC is higher than
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Figure 2.22: Time domain DC noise sensitivity of a CMOS inverter.

the static VI'C for rising input transitions due to a greater V;y. Similarly, NMy of
the dynamic VTC is higher than the static VTC for falling input transitions due to
a smaller V. A static VT'C is therefore a conservative approach in estimating noise
margins in logic gates.

A time domain DC noise sensitivity has been proposed in [59] as a failure criterion,
where the transient characteristics of the noise have been considered. For a CMOS
inverter, as shown in Fig. 2.22 the sensitivity of the output voltage V,,(t) to DC

variations at the input is,

_ aV:)ut (t)

S(t) = v, (2.12)

If the magnitude of S(¢) is greater than one, the gate is considered to be noise unstable
and the corresponding noise voltage V;,(t) at the input violates the dynamic noise
margins of the gate. The pessimism associated with static noise margins is reduced
with dynamic noise margins at the expense of increased computational complexity

due to the requirement to calculate the time domain sensitivities.
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A latch transition based criterion is presented in [60] to further reduce the pes-
simism of the wnity gain based criterion introduced in [59]. The proposed latch
transition criterion is based on the observation that the noise can cause failure in the
circuit only if this noise propagates to the input of a memory element and is able
to change the state of this memory element. Rather than enforcing noise margins at
each stage, only the memory elements are evaluated to determine if the state of the
memory element has changed due to the propagated noise at the input. Two primary
difficulties exist for the application of this criterion. The first difficulty is to accu-
rately model the noise propagation at the input of a memory element. A model of
this propagation is difficult due to the nonlinear behavior of the gates along the path.
The second difficulty is to determine whether the noise at the input of a memory
element can change the state of the memory element. The result depends not only
on the noise characteristics, but also the relative alignment of the noise pulse with

the active edge of the clock signal [61], as illustrated in Fig. 2.23.

2.3.2 Glitch Power Consumption

A glitch refers to a spurious transition at the input or output of a logic gate due
to two reasons: (1) The switching times of the input signals produce a temporary
voltage spike at the output before the signal reaches steady state, as illustrated in

Fig. 2.24(a) [62], [63], or (2) capacitive or inductive coupling induces interconnect
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Figure 2.23: Alignment of the noise pulse with the clock signal to determine whether
the noise is latched into the memory element.
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Figure 2.24: Generation and propagation of a glitch due to two different reasons: (a)
Misalignment of the switching times of the input signals. (b) Capacitive coupling
among interconnects.

noise, causing a voltage spike [64], as illustrated in Fig. 2.24(b).

These spurious voltage spikes or glitches dissipate unnecessary power. If the peak
magnitude of the glitch is greater than the threshold voltage, the transistor turns on
momentarily, dissipating extra dynamic power. Alternatively, if the peak magnitude
of the glitch is smaller than the threshold voltage, the glitch contributes to the static

power consumption due to increased leakage current.
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2.3.3 Increased Delay Uncertainty

Delay uncertainty refers to a variation in the delay of a gate or an interconnect
due to various reasons such as process variations, fluctuations in the power supply
voltage, and operating temperature. Delay uncertainty (DU) can be quantified as the

difference between the minimum and maximum delays along a path [44],

DU = tDyaz — tDyin. (2.13)

An alternative definition of delay uncertainty is the ratio of the maximum delay to

the minimum delay [65],

tDmaz

DU = (2.14)

Within a timing path, the arrival times of a data or clock signal at the input of a
memory element such as a register vary due to this delay uncertainty, as illustrated in
Fig. 2.25. The uncertainty in the data path delay tD, clock launch path delay ¢L, and
clock capture path delay tC' is due to variations both in the gate and interconnect
delays. Note that for clock paths, the delay tends to be interconnect dominated
whereas the data paths are typically device dominated. The delay uncertainty in

interconnects and gates are described in the following subsections.
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Figure 2.25: Variation in the arrival time of the data and clock signals, described as
delay uncertainty.

Delay Uncertainty in Coupled Interconnects

The effective coupling capacitance between two interconnects is dependent upon
the switching characteristics of the signals due to the Miller effect [66], as described
in Section 2.2.2. Two capacitively coupled interconnects are shown in Fig. 2.26(a).
Based on Miller effect, this coupling circuit can be approximated with a decoupling
circuit using the Miller factor av [66], as illustrated in Fig. 2.26(b). The total effective
capacitance of the victim interconnect is C; + aC,. The value of the Miller factor
a depends upon the switching directions, rise/fall times, and switching times of the
aggressor and victim signals. Traditionally, « is assumed to be two if the aggressor and
victim switch in opposite directions, i.e., out-of-phase. Alternatively, if the aggressor
and victim are in-phase, « is assumed to be zero, as listed in Table 2.2. However,

values of « higher than two and smaller then zero have been reported [67], [68]. In [66],
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Figure 2.26: Transformation of a capacitively coupled interconnect into a decoupled
interconnect using the Miller factor: (a) Two capacitively coupled interconnects, (b)
Decoupled interconnect using the Miller factor.

an upper bound of three and a lower bound of minus one have been demonstrated if
the switching times of the aggressor and victim are different.

This dependence of the total interconnect capacitance on the switching charac-
teristics of the signals significantly changes the delay of the interconnect dominated
timing paths. For a global interconnect where the interconnect capacitance Cj,; is

much greater than the load capacitance C7p, the delay t;,,; is given by [69]

tint = Cint X (07 X Rtr + 0.4 x Rmt), (215)

where Ry, and R;,; are, respectively, the resistance of the driver transistor and inter-
connect resistance. A worst case analysis considers the highest value of a to determine
the total interconnect capacitance when evaluating the delay of the critical paths. Al-

ternatively, a pessimistic analysis of the fast paths requires the lowest value of a. The
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increasing difference between these two extrema has forced the timing analysis pro-

cess to efficiently consider the effects of coupling capacitances on the signal arrival

times [70], [71].

Delay Uncertainty in Logic Gates

The delay of a logic gate is dependent upon the drain current flowing through the
gate to charge (during a low-to-high transition at the output) or discharge (during a
high-to-low transition at the output) the load of a gate. Based on Sakurai’s a-power

law model [72], the drain current I is a function of the power supply voltage Vpp,

0 if Vgs < Vrg (cutoff region)

Ip =9 (Ihe/Vio)Vps if Vbs < Vi, (triode region)

\ I, if Vps > V), (saturation region)
where
Ipg = [DO(% “ (2.16)
Vo = Vool 5 P2 (217)

Ipg refers to the drain current at Vgg = Vpg = Vpp. Vpg is the drain saturation
voltage at Vo = Vpp. Note that depending upon the number of power and ground

pins and the type of package, the power/ground noise can appear during the input
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Figure 2.27: Power noise AVpp and ground noise AVgg appear at the input of the gate
assuming a single power and ground pin: (a) High-to-low transition of the output.
(b) Low-to-high transition of the output.

transition of the gates, as depicted in Fig. 2.27. That is, the high and low levels of
the input transitions are, respectively, Vpp + AVpp and Vsg + AVss where AVpp
and AVgg refer, respectively, to the power and ground noise. The Vg term in (2.16)
and (2.17) is therefore also dependent on the power/ground noise.

An analysis of the variation in delay in a buffer circuit due to DC power/ground
noise has been described in [73]. The effects of differential mode noise AVpp — AVsg
and common mode noise AVpp + AVss have been investigated. Expressions have
been developed to quantify the change in delay as a function of multiple parameters
such as the rise time, load capacitance, alpha power law parameter [72], and threshold

voltage. Furthermore, the effect of different load models such as a lumped RC' load,
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7 model load, distributed RC' load, and an effective capacitance load on the delay
variation characteristics has been discussed [73].

The effect of power noise on the timing characteristics of device dominated and
interconnect dominated paths has been investigated in [28]. The average power noise
rather than the peak noise is shown to be the fundamental metric to determine the
timing variations within a data path. That is, “from a timing standpoint, a short
pulse with a large amplitude can have the same effect as a wider pulse with a smaller
amplitude” [28].

Integrating the effects of power/ground noise in static timing analysis methodolo-
gies has also received attention [74], [75]. Traditionally, a worst case voltage drop is
considered for each power node along the path, resulting in a highly pessimistic anal-
ysis. A voltage-aware static timing analysis methodology has been proposed in [74].
The proposed technique considers the mismatches among the power supplies of suc-
cessive gates on a data path to accurately estimate the worst case delay. A vectorless
analysis based on spatial and temporal superposition of the voltage drops has been
presented in [75]. Correlations among the switching currents of various circuit blocks
are incorporated into the analysis to consider spatial power noise variations. An

average improvement of 17% is demonstrated over a traditional pessimistic analysis.
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2.4 Techniques to Reduce Switching Noise in Dig-

ital ICs

Existing methodologies to alleviate the effects of switching noise in digital inte-
grated circuits are described in this section. Techniques to reduce power/ground noise
and interconnect coupling noise are summarized, respectively, in Sections 2.4.1 and

2.4.2.

2.4.1 Power/Ground Noise Reduction

Several techniques to reduce power/ground noise are summarized in this section.
These techniques include the use of decoupling capacitors, skew and slew rate control,

spread spectrum clock generation, and low impedance packaging techniques.

Decoupling capacitors

Decoupling capacitors have been introduced in Section 2.1.3 to satisfy target
impedance requirements while reducing peak power/ground noise. A decoupling ca-
pacitor stores charge, providing part of the switching current while bypassing the
impedance on the power supply portion of the power distribution network. The ef-
ficiency of on-chip decoupling capacitors in reducing the noise is strongly dependent

upon the placement and size of these capacitors [32], [76], [77], [78], [79], [80].
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Figure 2.28: Illustration of white space utilized for decoupling capacitor placement.

A simple charge based allocation strategy has been proposed in [32]. The size of
the decoupling capacitor is determined based on the current demand I and fraction
n of the ripple voltage allowed,

50 I

W Fx Vg xn (2.18)

Cdecap =

The application of this strategy, however, is infeasible due to the increasing complex-
ity of power distribution networks and the requirement for a system of hierarchical
decoupling capacitors [12], [35]. An excessive noise based allocation has been proposed
in [76]. The peak noise is analyzed assuming no decoupling capacitors. The amount
of decoupling capacitance is determined at the next step based on excessive noise to
prevent unnecessarily large decoupling capacitors. The white space among the sub-
modules is utilized to place the decoupling capacitors, as illustrated in Fig. 2.28. The
final location of the decoupling capacitors is therefore limited by the circuit floorplan.

A placement methodology has been proposed in [77], [78] based on the effective radii



60

Figure 2.29: Effective radii of the decoupling capacitor as determined by the target
impedance and charge time.

of the decoupling capacitor, as illustrated in Fig 2.29. A design space is characterized

to satisfy the target impedance, as determined by d7* in Fig. 2.29, while restoring

the charge on the decoupling capacitor within a target charge time, as determined by
e in Fig. 2.29.

Another class of high level techniques to determine decoupling capacitor sizing
and placement is based on applying a sensitivity evaluation [79], [80]. The sensitivity
of a capacitor to the power noise is determined for various capacitor sizes. In [79], the
time integral of the noise at each node is used as a figure of merit to determine the
adjoint sensitivities. Note that an adjoint sensitivity analysis enables the sensitivity
of a performance parameter to be determined for various circuit parameters [81].
The proposed technique requires knowledge of the voltage waveforms, increasing the
computational complexity. A partitioning based approach has been proposed in [80]
to improve the complexity where the circuit is divided into smaller subcircuits and

each subcircuit is separately optimized. While achieving a system level optimization,
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these high level techniques usually fail to consider the physical characteristics and
constraints within the circuit such as the effective series resistance and effective series

inductance of the decoupling capacitor.

Skew and Slew Rate Control

Skew control refers to intentional skews introduced to the signal or clock paths
to reduce the peak currents in order to decrease the overall simultaneous switching
activity. This technique has been proposed in [23] for output drivers by inserting a
chain of buffers along the signal path. More than a 60% reduction in the ground
bounce is demonstrated using this skew control methodology. Clock skew optimiza-
tion methodologies have also been proposed to shape the supply current by dividing
the synchronous clock into multiple subclocks with relative skew [82], [83], [84]. Peak
currents have been reduced by a factor of two. An example of supply current modifi-
cation in both the time and frequency domains is illustrated in Fig. 2.30, as depicted
in [84]. Note that these intentional skews should not violate the timing requirements
of the circuit. These approaches are therefore limited by the available slack in the
timing paths, making this methodology strictly dependent upon the local timing con-
straints.

Slew rate control has also been proposed to reduce L 9i/0t drops by increasing the

rise and fall times of the current transients. Those parts of the circuit operating at a
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Figure 2.30: Supply current before and after intentional clock skew to reduce power
noise: (a) In the time domain. (b) In the frequency domain.
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faster speed than necessary are slowed down, increasing the rise and fall times [85],
[86]. This technique however is not feasible in deep submicrometer technologies where

longer rise and fall times are prohibitive in high performance circuits.

Spread Spectrum Clock Generation

Electromagnetic interference (EMI) is a typical concern for high speed synchronous
digital systems where the amount of radiated emissions should be less than a specific
value. The energy of periodic signals with fast transition times is concentrated around
the harmonic frequencies within a narrow band [87].

Spread spectrum clocking techniques have been introduced to alleviate electro-
magnetic interference by frequency modulating the system clock signal [88], [89]. The
peak amplitude at the harmonic frequencies is reduced by spreading the energy over
a wider bandwidth, as depicted in Fig. 2.31. In the time domain, this frequency

modulation results in clock waveforms with slightly different periods in each cycle.
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Figure 2.31: Reduction in the peak amplitude of a harmonic due to frequency mod-
ulation of the trapezoidal clock signal.

This approach has been adopted to reduce power/ground noise, as described
in [84]. The spreading is maximized in the vicinity of the circuit resonance. A
14.5 dB reduction in the peak amplitude of the resonant frequency has been demon-
strated [84].

Note that spread spectrum clocking to reduce power/ground noise exhibits a
strong tradeoff between the amount of attenuation and the overall system speed.
That is, as the modulation index increases, the reduction in noise also increases.
The modulation index, however, cannot be chosen arbitrarily large due to the timing

constraints of the circuit.
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Figure 2.32: Two different bonding techniques to connect the die pads and package:
(a) Wire bonding. (b) Solder bump bonding using flip-chip technique.

Package Characteristics

The characteristics of the package and board technology play a significant role in
the overall noise performance of the integrated circuit. The length, width, thickness,
and spacing of the interconnects, the number of power/ground planes, the number of
pads, and type of materials used within the package determine the electrical charac-
teristics of the circuit by affecting the parasitic impedances of the package, specifically,
the inductance, resistance, and capacitance.

The package bandwidth is an important parameter characterizing a packaging tech-
nology, as determined by these parasitic impedances. Several other significant param-
eters of a package are the rate of heat removal to satisfy thermal constraints, stress
limits on the mechanical connections, and the number of 1/O pins [15].

Two particular die attachment techniques, wire bonding and flip-chip packages
with solder bump bonding, can have a significant effect on the noise performance
of an integrated circuit. These two types of bonding mechanisms are illustrated

in Fig. 2.32. Wire bonding connects the die pad with the package substrate by
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a relatively long wire, as illustrated in Fig. 2.32(a). This structure exhibits poor
electrical performance, primarily due to the large mutual and self-inductance of the
bonding wire. Furthermore, the number of pins are limited. The primary advantage
of wire bonding is low cost. Alternatively, solder bump bonding using a flip-chip
technique achieves enhanced electrical performance. The die is flipped and aligned
to the pads with the solder bumps, as illustrated in Fig. 2.32(b). The height of the
bump is considerably smaller than the length of the bond wires, significantly reducing
the parasitic inductance. Furthermore, the entire die surface is utilized for the pad,
providing a large number of available pins. The primary disadvantages of the flip-chip
technique are higher cost, poor thermal conduction ability, and difficult to inspect

and test.

2.4.2 Reduction of Interconnect Coupling Noise

Several techniques to reduce interconnect coupling noise are reviewed in this sec-
tion. These techniques include shield insertion, repeater insertion, signal rerouting

and wire reordering, wire sizing and spacing, and gate sizing.

Shield Insertion

Shield insertion refers to a technique where a power or ground line is placed

between the aggressor and victim signal lines to reduce the capacitive and inductive
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Figure 2.33: Shield insertion to reduce coupling among interconnects: (a) Passive
shielding where the shield lines are connected to power or ground. (b) Active shielding
where the shield lines are driven with the same input signal to reduce the effective
coupling capacitance.

coupling, as depicted in Fig 2.33(a). If a power or ground line is in the vicinity of
the signal line, the signal line can be placed close to this existing power or ground
line. Alternatively, a power or ground line is explicitly placed near the signal line for
the purpose of shielding. This type of shield insertion is called passive shielding [90].
The signal line is isolated from the switching neighbor lines, reducing any capacitive
coupling. The inductive coupling is also decreased since the shield line provides a
closer current return path, reducing the mutual inductance [91].

An active shield insertion methodology has also been proposed to exploit the
Miller effect [92], [93]. That is, the shield line switches in the same direction as the
signal line, reducing the effective coupling capacitance, as illustrated in Fig. 2.33(b).
A 16% improvement in performance is achieved as compared to passive shielding.

Both active and passive shielding consumes additional area. A shield placement
methodology is proposed in [90] to minimize the area occupied by the shield lines while

satisfying noise coupling constraints. Active shielding also consumes more power due
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Figure 2.34: Repeater insertion to reduce the interconnect delay by restoring the
signal along a line.

to the additional switching activity of the shield lines. The power consumption due to
the coupling capacitance is reduced however. An active shielding scheme is proposed

in [94] to lower the power consumption.

Repeater Insertion

The delay of a global interconnect grows quadratically with the length of the in-
terconnect due to a linear increase in both the parasitic resistance and capacitance
of the line. Repeater insertion has been commonly used to overcome this quadratic
dependency, reducing the delay by dividing the interconnect into smaller subsections.
A repeater is typically an inverting or noninverting buffer placed at specific locations
along the interconnect, as illustrated in Fig. 2.34. The amplifying nature of inverters
is exploited to restore the signal while reducing the overall delay of the line. Tradi-
tionally, delay and power have been the primary design metrics to optimize the size,
number, and location of the repeaters. For an interconnect with constant wire width,

Bakoglu characterizes the optimal number of repeaters k& and uniform size h for each
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repeater to obtain the minimum delay in an interconnect [39],

Rintcint

k=\| 557~ 2.1
2.3R,Cy’ (2.19)
ROCint

h =4/ 2.20
Rintc(()7 ( )

where R;,; and C},; are, respectively, the total interconnect resistance and capaci-

tance. Ry and () are, respectively, the output resistance and input capacitance of
the minimum size inverter.

An algorithm is presented in [95] to minimize the Elmore delay [96], [97] of an
interconnect represented as an RC tree network. The proposed algorithm determines
the optimal location and size of the repeaters with polynomial time complexity.

A repeater design methodology is proposed in [98] where the delay of an RC
interconnect driven by an inverter is determined based on the a-power law model [72].
The proposed technique determines the optimum number of uniformly sized repeaters
where the error of the model is less than 16% as compared to SPICE.

The effect of inductance on repeater insertion methodologies has been investigated
in [99]. The quadratic dependence of delay on line length for an RC' line approaches
a linear dependence for an RLC line. The optimum number of repeaters is therefore
fewer in the presence of inductance.

Inserting repeaters not only reduces the delay of the global interconnects, but also
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Figure 2.35: Repeater insertion to reduce capacitive coupling noise: (a) No repeaters
exist. The total coupling capacitance is high. (b) The repeater reduces the coupling
capacitance by dividing the interconnect into multiple (two in this example) sections.

lessens the capacitive coupling noise among interconnects, as depicted in Fig. 2.35.
The coupling noise is proportional to the length of the two parallel interconnects. This
parallel portion is decreased by inserting repeaters, thereby reducing the coupling
noise.

The optimal delay algorithm proposed in [95] for repeater insertion has been
extended to consider coupling noise among interconnects [100]. A repeater insertion
algorithm has been proposed for a tree structured RC' interconnect to optimize delay
while satisfying coupling noise constraints [100]. The Devgan noise metric [45] is used
to evaluate whether the noise conditions are satisfied.

A methodology for simultaneous shield and repeater insertion is proposed in [101]
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to reduce the coupling noise, also based on the Devgan noise metric. Global rout-
ing of the power/ground and signal wires is simultaneously considered, utilizing the
power/ground wires as shield lines. Improvements of up to 53% and 28% are achieved

as compared to, respectively, only repeater insertion and only shield insertion.

Signal Rerouting and Wire Ordering

Interconnect routing and topology optimization have long been a focus of in-
terest in the integrated circuit design process [102]. The area, delay, and power of
these interconnects are the primary design objectives that are traditionally considered
during the routing process. Given the connectivity information, the wire length is
minimized to achieve the highest performance, while reducing the area and switching
power. Minimum spanning trees and Steiner minimal trees are frequently applied to
this interconnect routing optimization process [103].

Due to the increasing importance of interconnect coupling noise, signal routing
and wire ordering methodologies have been reconsidered by including crosstalk as a
design constraint in addition to the traditional constraints of area, delay, and power.
Specific focus has been placed on the relative position of the wires, e.g., the spacing
and length of the overlap between the victim and aggressor lines [104], [105], [106],
[107].

Traditionally, the interconnects are routed in an integrated circuit through a two
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Figure 2.36: Routing the interconnects in an integrated circuit: (a) Global routing.
(b) Detailed routing.

step process: global routing followed by detailed routing, as depicted in Fig. 2.36. In
the global routing phase, the overall area is divided into tiles. For each net, the paths
through the tiles are determined. The detailed routing of the nets within the tiles is
achieved in the second phase [108].

Algorithms and methodologies have been proposed to reduce coupling noise at
the detailed routing phase [104], [105]. A modified greedy channel routing algorithm
has been described in [106] to consider capacitive coupling noise where the parasitic
resistance of the wires is neglected. Overlap among the wires and the drive strength
along the adjacent wires are exploited. On average, a 22% reduction in coupled noise
is achieved as compared to a conventional greedy router. Typically, a more accurate
estimation of the crosstalk noise is obtained at the detailed routing phase, but the

flexibility in allocating resources is usually limited by the global routing process [107].
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Figure 2.37: Wire sizing and spacing to reduce coupling noise, respectively, by in-
creasing the ground capacitance and decreasing the coupling capacitance.

A global routing methodology has been introduced in [107] to satisfy crosstalk
constraints. The proposed technique exploits the flexibility in allocating resources
during the global routing process. An extended global routing methodology is pro-
posed in [109] for RLC lines where the mutual inductive coupling among the in-
terconnects is included. The primary limitation in considering the crosstalk at the
global routing phase is insufficient circuit level information to accurately estimate the

coupling noise.

Wire Sizing and Spacing

Increasing the width of the wire and spacing between two wires are commonly used
design techniques to reduce coupling noise, as illustrated in Fig. 2.37. Increasing
the width of the lines increases the ground capacitance and reduces the parasitic

resistance. An increase in the ground capacitance of the aggressor line decreases
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Figure 2.38: An increase in the width of the aggressor line increases the ground
capacitance. A higher ground capacitance behaves as a filter, reducing the coupling
noise.

the coupling noise due to lower impedance to the ground. The increased ground
capacitance behaves as a filter, reducing the coupling noise, as illustrated in Fig. 2.38.
The disadvantages of widening the line are additional area and possibly an increase
in delay due to the additional interconnect capacitance.

The effect of increasing the line width has been investigated in [55] for both
capacitive and inductive coupling. If only capacitive coupling exists, the coupling
noise is reduced due to the higher ground capacitance. Alternatively, if only inductive
coupling exists, the coupling noise increases with wider lines. The total coupling noise
is therefore shown to be relatively insensitive to the line width in the presence of both
capacitive and inductive coupling, as depicted in Fig. 2.39.

Increasing the spacing between the aggressor and victim lines reduces the coupling
noise by decreasing the coupling capacitance, as illustrated in Fig 2.37. The reduction
in inductive coupling however is not as significant due to the fact that the mutual
inductance decreases logarithmically with distance as compared to the linear reduc-

tion of the coupling capacitance [52], [55]. For sufficiently wide spacing, the coupling
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Figure 2.39: The effect of line width on coupling noise in the presence of capacitive
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Figure 2.40: The effect of spacing on coupling noise in the presence of capacitive and

inductive coupling.

noise is dominated by inductive coupling, as depicted in Fig. 2.40 [55]. Increasing the

spacing is therefore an efficient technique only below a certain threshold where the

mutual inductance starts to dominate the overall noise coupling.
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Figure 2.41: Gate sizing to reduce coupling noise. The driver of the aggressor and
victim are, respectively, downsized and upsized to reduce coupling noise.

Gate Sizing

Gate sizing is a commonly used technique to exploit the tradeoff between speed
and power in integrated circuits. Those gates located along the critical paths are
sized larger to satisfy critical delay constraints. Alternatively, the remaining gates
are sized smaller to reduce power consumption.

The relative size of the aggressor and victim drivers also affects the coupling noise
and coupling noise induced delay variation [110], [111]. Gate sizing to reduce coupling
noise is depicted in Fig. 2.41. A decrease in the size of the driver in the aggressor
reduces the coupling noise since the ability of the aggressor to induce noise on the
victim line is degraded. Downsizing the driver on the aggressor, however, slows down
the signal path. Adjusting the size of the aggressor driver to reduce crosstalk is
therefore subject to delay constraints. Alternatively, increasing the size of the victim
driver reduces the coupling noise since the victim is more effectively connected to

a stable voltage such as power or ground. Increasing the size of the driver on the
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victim, however, increases the overall area, making this technique subject to area
constraints [110], [111].

A gate sizing algorithm has been proposed in [112]. The algorithm is applied once
the routing phase has been completed. Each line is considered as both an aggressor
and a victim since increasing the size of a victim driver can produce a negative effect
on a different line for which the victim behaves as an aggressor. The gates should
therefore be sized to not introduce additional coupling noise on one line while reducing

the noise on another line.

2.5 Chapter Summary

An overview of switching noise in synchronous digital integrated circuits has been
presented in this chapter. The characteristics of switching noise can be summarized

as follows:

e Noise in synchronous digital integrated circuits has become a primary design
concern due to decreasing noise margins, increasing clock frequencies, faster
on-chip signal transitions, and the significant role of the interconnects on the

overall system performance and signal integrity

e Two primary types of switching noise exist in a synchronous digital integrated

circuit: power/ground noise and interconnect coupling noise
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Power /ground noise refers to both static and dynamic voltage fluctuations on
the power and ground nodes due to large amounts of switching current flowing
through the RLC parasitic impedances of the power and ground distribution

networks

Interconnect coupling noise refers to a voltage induced on a victim line due to

capacitive and inductive coupling from a switching aggressor line

A power distribution network consists of interconnect networks at multiple phys-
ical levels such as the voltage regulator, printed circuit board, package, and

integrated circuit

A power distribution network can be analyzed in the time and frequency do-

mains to determine whether the noise constraints can be satisfied

In the time domain, the peak noise and average noise within a clock period are
the two primary metrics. The peak noise should be less than the noise margin
to guarantee accurate functionality. The average noise should be sufficiently

low to not introduce any timing violations

In the frequency domain, the impedance of the power distribution network
should be less than the target impedance over a wide frequency range as deter-

mined by the transition time of the signals
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Hierarchical decoupling capacitors across multiple physical levels are commonly
used to increase the frequency range of a power distribution network and reduce

the power/ground noise

The length of the global interconnects grows by a factor of S, (chip scale factor)

due to the trend of increasing die size

Practical scaling differs from ideal scaling to alleviate the dramatic increase in
interconnect resistance. The thickness and height of the interconnect do not

scale at the same ratio as the length and width of the interconnect

The ratio of the coupling capacitance to the ground capacitance has been in-

creasing, making capacitive coupling a significant signal integrity issue

The effective capacitance of coupled interconnects is dependent upon the type of
signal transitions where in-phase switching reduces the effective coupling capac-
itance and out-of-phase switching increases the effective coupling capacitance,

as determined by the Miller effect

Inductive coupling is a long range phenomenon making the mutual inductance

of nonadjacent interconnects not negligible

Efficient and sufficiently accurate modeling of the coupling noise is a signifi-

cant issue. The resistance of the driver transistor, type of input excitation,
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the parasitic impedances of the interconnect, and the mutual capacitances and
inductances are some of the primary considerations when modeling the inter-

connect noise

Switching noise can cause a circuit failure, increase the glitch power consump-

tion, and introduces delay uncertainty within the circuit

The failure criterion is traditionally based on static noise margins as obtained
through DC voltage transfer characteristics. Static noise margins do not con-

sider the time domain characteristics of the signal

Dynamic noise margins consider the effects of rise time and pulse width on the
failure criterion, thereby reducing the pessimism associated with static noise

margins

The variation of the effective coupling capacitance in terms of the transition

type causes delay uncertainty in coupled interconnects

The power/ground noise causes delay uncertainty in logic gates by changing the

switching current

The placement and size of the decoupling capacitors play an important role in

determining the efficiency of these capacitors

Skew control has been proposed to reduce power/ground noise by decreasing
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the simultaneous switching activity and therefore the noise

Slew rate control has been proposed to reduce L 0i/0t noise by increasing the
transition time of the current transients. This technique however is not feasible

for advanced technologies due to stringent performance requirements

Spread spectrum clocking techniques, initially proposed to reduce electromag-
netic interference, have been exploited to lower power/ground noise by frequency

modulating the clock signal

Advanced packaging technologies such as flip chip bonding can be exploited to
reduce the overall self and mutual inductance, resulting in lower power/ground

noise

Active and passive shield insertion is commonly used to reduce capacitive and
inductive coupling by inserting additional isolation between the aggressor and

victim lines while providing a closer current return path

Inserting repeaters along an interconnect reduces coupling noise by decreasing

the length of the adjacent interconnect sections

The quadratic dependence of delay on line length approaches a linear depen-

dence in the presence of inductance, reducing the optimum number of repeaters

for an RLC line
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Signal routing and wire ordering algorithms can be exploited to reduce coupling

noise while considering delay, area, and power constraints

Increasing the width of a wire reduces the capacitive coupling by increasing the
ground capacitance. The inductive coupling however increases with wire width,

making the total coupling noise relatively insensitive to wire width

Increasing the spacing between the aggressor and victim lines reduces the cou-
pling noise due to lower coupling capacitance. The reduction in inductive cou-

pling however is not as significant due to the long range effect of the inductance

Decreasing the size of the driver on the aggressor reduces the coupling noise

due to a lower drive strength of the aggressor at the expense of increased delay

Increasing the size of the driver on the victim reduces the coupling noise due to

a more effective connection to ground at the expense of increased area
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Chapter 3

Switching Noise in
Mixed-Signal / Analog Integrated
Circuits

The types and effects of switching noise in digital circuits have been reviewed in
Chapter 2. In mixed-signal circuits, the switching noise generated by the digital cir-
cuit can propagate through various media and affect the analog/RF blocks within the

same monolithic substrate, as illustrated in Fig. 3.1. Several functions are integrated

Noise injector Noise receiver
I(w) O(®) =I(w) x H(w)

Digital . L Analog / RF
aggressor Noise transmission victim
H(w)
Substrate coupling

Interconnect coupling
(on—chip and package)

Integrated circuit

Figure 3.1: Noise is generated by the aggressor digital circuit, transmitted through
the substrate and interconnect at the circuit and package levels, and received by the
analog/RF victim circuit.
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Figure 3.2: Mixed-signal circuit where the noisy digital circuits coexist with the
sensitive analog/RF circuits.

on these system-on-chips (SoCs) [113], [114], [115]. Highly sensitive analog/RF cir-
cuits such as low noise amplifiers (LNA), voltage controlled oscillators (VCO), analog
filters, and high precision analog-to-digital (ADC) and digital-to-analog converters
(DAC) coexist with noisy digital circuits within the same integrated circuit, as de-
picted in Fig. 3.2 [116]. This highly dense integration places stringent signal integrity
and isolation constraints on the sensitive analog/RF circuits [117]. The closer physical
distance between the digital and analog/RF circuits exacerbates the noise coupling
between these circuit blocks.

A common technique to reduce noise coupling is to allocate separate power and
ground networks/pads for the digital and analog/RF circuits [118]. Although sig-
nificant isolation is achieved with dedicated power/ground networks, capacitive and

inductive coupling among the interconnects at the circuit and package level remains.
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Furthermore, the common substrate behaves as a conductive RC path between the
noisy digital circuits and the sensitive analog/RF circuits.

The magnitude of the switching noise is typically much greater than the inherent
noise of the transistors caused by shot, thermal, and flicker noise [17]. The efficient
analysis of the switching noise coupling and corresponding noise reduction techniques
are therefore a primary concern for large scale mixed-signal integrated circuits, such
as integrated transceivers [115].

An overview of switching noise in mixed-signal integrated circuits is provided in
this chapter. In Section 3.1, the noise coupling mechanisms are reviewed. An overview
of substrate coupling is provided in Section 3.2. The effects of substrate coupling
noise in mixed-signal circuits are described in Section 3.3. Techniques to alleviate
substrate coupling are reviewed in Section 3.4. Finally, the chapter is summarized in

Section 3.5.

3.1 Switching Noise Coupling Mechanisms in Mixed-

Signal /Analog ICs

In a mixed-signal environment, the switching noise couples to a victim circuit
through two primary mechanisms. The first mechanism is a specific case of intercon-

nect coupling, as described in Chapter 2, where the victim is an analog/RF circuit.
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Figure 3.3: Interactions among the digital, analog/RF circuits, and substrate in a
mixed-signal environment with dedicated power/ground networks.

The second mechanism is coupling through the monolithic substrate. Interactions
among the digital circuit, analog/RF circuit, and the substrate are depicted in Fig. 3.3
for a mixed-signal environment where digital and analog/RF circuits have dedicated
power /ground networks.

Interconnect coupling exists both at the integrated circuit and package levels due
to coupling capacitance and mutual inductance among the on-chip interconnects and
power/ground pads. The conductive substrate is shared by both digital and ana-
log/RF circuits, forming a medium for noise propagation. These two types of mech-

anisms are described, respectively, in Sections 3.1.1 and 3.1.2.
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3.1.1 Interconnect Coupling

The switching noise generated by an aggressor digital circuit couples into the
sensitive analog/RF circuits through capacitive and inductive coupling. At the circuit
level, the aggressor is a noisy power/ground line within the digital circuit or a digital
signal with a high switching activity factor. At the package level, noise coupling
occurs among the digital and analog/RF pads, as illustrated in Fig. 3.4.

Sensitive analog/RF signals are usually placed sufficiently far from the noisy dig-
ital circuits such as the output drivers to reduce on-chip noise coupling [119]. Area
and floorplan constraints, however, may require the analog/RF circuits be placed

physically close to the noisy circuits. Shielding can be used if the additional ground
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capacitance can be tolerated by the analog/RF signal. The number and distribu-
tion of the power/ground pads also play an important role in reducing the coupling
noise. A greater number of power/ground pads and a larger separation between the
power/ground pads of the digital and analog/RF circuits reduces the parasitic and
mutual inductance. The second and more dominant switching noise coupling mecha-

nism is the substrate coupling, as discussed in the following subsection.

3.1.2 Substrate Coupling

The common substrate forms a medium for noise transmission between the digital
and analog/RF circuits in system-on-chips, as shown in Fig. 3.5 for two different types
of substrates: (1) a high resistivity, lightly doped substrate, also referred to as a bulk
type substrate, and (2) an epi type substrate where a high resistivity layer, referred to
as an epi layer, is deposited over a low resistivity substrate [120]. While reducing the
risk of latch-up, epi type substrates are typically less noise tolerant as compared to
bulk type substrates due to the low resistive bulk [121], as further discussed in the
following sections.

The current propagation path within a lightly doped bulk type substrate is illus-
trated in Fig. 3.5(a). A significant amount of the substrate current flows near the
surface due to the lower substrate impedance between the aggressor and victim cir-

cuits. Alternatively, for epi type substrates, the substrate current flow is dominant
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Figure 3.5: Current flow within the substrate: (a) high resistivity bulk type sub-
strate, (b) epi type substrate where a high resistivity epi layer is deposited over a low
resistivity substrate.

within the heavily doped bulk since the resistivity of the epi layer is significantly
greater than the resistivity of the heavily doped bulk. Note that the type of substrate
significantly affects the appropriate noise reduction technique and the model of the
current propagation path to properly analyze the substrate noise at the victim circuit,

as discussed in the following section.

3.2 Substrate Noise Coupling in Mixed-Signal ICs

An overview of substrate noise coupling in mixed-signal circuits is provided in

this section. The primary noise injection mechanisms are described in Section 3.2.1.



89

Substrate extraction techniques are summarized in Section 3.2.2. Compact models
to characterize the substrate impedance are discussed in Section 3.2.3. Finally, high
level substrate noise analysis methodologies for large scale circuits are reviewed in

Section 3.2.4.

3.2.1 Substrate Noise Injection Mechanisms

Noise couples into the substrate through three primary mechanisms: (1) impact
ionization, (2) coupling from the reverse biased source/drain junction capacitances of
the transistors during switching, and (3) coupling from the power/ground networks
of the aggressor digital circuit [122], [123]. These noise injection mechanisms are

described in the following subsections.

Impact Ionization

Impact ionization occurs due to the high electric field within the depletion re-
gion of the MOS transistor. Those electrons with sufficient energy create additional
electron-hole pairs by a process known as impact ionization [124], [125]. For an NMOS
transistor where the gate voltage is positive, the holes created due to impact ioniza-
tion are collected by the substrate, resulting in current injected into the substrate.

The total current Iy, produced by the impact ionization process is approximated
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Figure 3.6: Noise injection mechanisms into the substrate for a CMOS inverter.
Liune—n and Ij,,.—, represent the source/drain junction coupling for, respectively,
the NMOS and PMOS transistors. I.,,; and ;. represent, respectively, the current
injected into the substrate from the substrate contact on the ground network and
N-well tie on the power network.

as [123], [124]

]impact ~ KI(VDS - VDO)IDSe_(KQ/VDS_VDO)7 (31)

where K; and K5 are technology dependent parameters, Vpg is the voltage difference
between the drain and source, and Vpq is the drain saturation voltage. The substrate
current generated by impact ionization is negligible as compared to source/drain

coupling and power/ground coupling [122], [126].

Capacitive Coupling Through Source/Drain Junctions

Noise coupling from the source/drain junction capacitances and the power/ground
networks for a CMOS inverter is depicted in Fig. 3.6. Current is injected into the sub-

strate through the junction capacitances formed by the reverse biased p-n structures,
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Figure 3.7: Reverse biased pn junctions form a depletion capacitance, thereby inject-
ing noise into the substrate and N-well: (a) NMOS transistor, (b) PMOS transistor.

referred to as source/drain coupling. For an NMOS transistor, the p type substrate
(connected to the ground network) and an n type source/drain forms a reverse biased
p-n junction, as shown in Fig. 3.7(a). Similarly, for a PMOS transistor, the n type
well (N-well) (connected to the power network) and a p type source/drain forms a
reverse biased p-n junction, as illustrated in Fig. 3.7(b). The junction (or depletion)
capacitance per unit area Cj,,. due to these reverse biased p-n junctions is determined

from the parallel plate capacitance expression,

(3.2)

where ¢, is the permittivity of silicon and W is the width of the depletion layer.

Assuming the full depletion approximation [127], the junction capacitance is

quNAND
C'unc = y 3.3
j \/ 2(Na + No) (Ve — 1)) (33)
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where ¢ is the unit electronic charge, N4 and Np are, respectively, the doping concen-
trations of the substrate and source/drain regions (for an NMOS transistor), and Vj;
and V; are, respectively, the built-in voltage of the depletion region [127] and reverse

biased junction voltage.

Coupling from Noisy Power/Ground Networks

The third noise injection mechanism is coupling from the power/ground networks,
as illustrated in Fig. 3.6. Typically, the substrate is biased by placing substrate con-
tacts connected to a nonideal ground network. The ground noise couples into the
substrate through these substrate contacts. Similarly, the N-well is biased by placing
ties (N-well taps) connected to the nonideal power network. The power noise first
couples into the N-well through these ties, and finally into the substrate through the
N-well capacitance, as illustrated in Fig. 3.6. The N-well behaves as capacitive iso-
lation, reducing coupling of the power noise at low frequencies [114]. Power/ground
coupling is typically assumed to be the dominant noise source for the substrate [122],
[126] since the switching current is an order of magnitude greater than the capacitive
coupling through the source/drain junctions. The dominant noise source however is
dependent upon multiple parameters such as the circuit size, parasitic impedances of
the power/ground network, decoupling capacitance, and rise time. A detailed discus-

sion of the dominant noise source for substrate coupling is provided in Chapter 5.
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3.2.2 Substrate Extraction Techniques

Substrate extraction refers to a process where a distributed RC' equivalent circuit
is obtained from the substrate volume based on solving electromagnetic differential
equations within the substrate. Ampere’s law [49], [128] relates the magnetic field

around a closed loop to the electric current passing through the loop,

oD
Ax H= — A4
X J + T (3.4)

where H, J, and D represent, respectively, the magnetic field intensity, current den-
sity, and electric flux density (also referred to as the electric displacement vector).

Applying the divergence operation to both sides of (3.4),

AoAxH:AoJ—i—aAa;D. (3.5)
Since the divergence of a curl operation is zero,
A0J~|—Aoaa—lt)20. (3.6)
Using the relations J = (1/p)F and D = €¢E, (3.6) is rewritten as
NeE+e2inen) =0, (3.7)
P ot



94

where p and € represent, respectively, the sheet resistivity and permittivity of the
semiconductor, and E' is the electric field.

Excluding the diffusion/active areas, the substrate is typically considered as “lay-
ers of uniformly doped semiconductor material of varying doping densities” [129],
[130]. Neglecting the magnetic fields, the substrate can be represented from (3.7) [129].
Two primary techniques exist to determine the substrate impedances from (3.7): (1)
the finite difference method and (2) the boundary element method. These two meth-

ods are described in the following subsections.

Finite Difference Method (FDM)

Equation (3.7) can be spatially discretized using the finite difference method
(FDM) [129], [131] where the substrate is represented as a collection of rectangular
prisms (or cuboids), as depicted in Fig. 3.8. A three-dimensional (3-D) mesh con-
sisting of lumped RC' impedances is generated to model the substrate. The value of
these RC' impedances within the rectangular prisms is obtained from Gauss’ law [128]
and the divergence theorem [132]. According to these theorems, (3.7) reduces to

V, -V, v, oV,
S+l 5 =0 (3.8)
]

J
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Figure 3.8: Representation of the substrate as a collection of rectangular prisms to
discretize (3.7).

where the resistance R;; between node ¢ and j is

T T wyd
and the capacitance between node ¢ and j is
iidij
0y = w]; i, (3.10)

Although the non-uniformities distributed throughout the substrate can be included
using FDM [133], the overall accuracy is highly dependent upon the number of cuboids
within the substrate, i.e., the density of grids or the resolution of the discretization

process. Typically, fine grids are used for those regions where the gradient of the
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electric field is high to achieve sufficient accuracy [129]. Alternatively, coarser grids
are used in the remaining regions to reduce the overall computational complexity [129].
The gradient of the electric field is higher in the vertical direction due to the varying
doping densities in this direction. A common practice is therefore to use a finer grid
in the vertical direction and a coarser grid in the lateral direction [129].

The primary limitation of FDM to discretize the substrate is the increasing num-
ber of nodes with larger circuits, making the analysis computationally inefficient.
Traditional matrix solutions such as LU factorization [134] is prohibitive for large

3-D mesh networks.

Boundary Element Method (BEM)

An alternative technique to discretize (3.7) in integral form is the boundary ele-
ment method (BEM) [135], [136]. Rather than discretizing the overall substrate, BEM
discretizes only specific ports such as the substrate contacts, N-well ties, and the ac-
tive/diffusion regions, which are essentially two-dimensional (2-D) structures. BEM
therefore reduces a 3-D extraction process into a 2-D extraction process [130], signif-
icantly improving the computational complexity. The drawback of discretizing only
the ports is the inability to consider the non-uniform structures within the substrate,
such as channel stop implants.

In the boundary element method, the substrate impedance between two ports is
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determined based on Green’s function [137], which implicitly considers the substrate
boundary conditions [130]. Assuming a quasi-static approximation, i.e., the dielectric
characteristics of the substrate are negligible over the frequency range of interest [138],

[139], (3.7) reduces to the Laplace equation,
A*¢ =0, (3.11)

where ¢ is the electrostatic potential. Applying Green’s Function G(r,r’) to (3.11)
determines the potential ¢ at a point r in the substrate medium due to a current

J(r'") injected into another point /, also in the substrate [117],

6(r) = /V J(7)G(r, )0V, (3.12)

Once an appropriate Green’s function is obtained using mathematical techniques [140],
[135], [136], (3.12) is solved by discretizing each port into a set of panels, as depicted
in Fig. 3.9. Three ports are shown within the substrate in Fig. 3.9(a). Note that these
ports can be source/drain junctions of the transistors, substrate contacts, or N-well
ties. Each port is discretized into multiple panels (four in this example), as illustrated
in Fig. 3.9(b). The voltage-current relationship among each panel is represented in a

matrix form,

¢ = 7i, (3.13)
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Figure 3.9: Discretization of each port on the substrate into panels in the boundary
element method: (a) ports on the substrate and the resistances among the ports, (b)
discretization of port 1 into four panels.

where Z is the impedance matrix and each element of the matrix z;; is

1
o Noa' 14
2 5.5, /Sl /Sj G(r,r")0d Oa, (3.14)

where S; and S are the area of, respectively, panels ¢ and j. The impedance matrix
Z is inverted to obtain the admittance matrix Y. Finally, the impedance between
two ports on the substrate (such as Rjs in Fig. 3.9(a)) is determined by summing
the corresponding elements in the admittance matrix and taking the reciprocal of the
result.

Note that for BEM, the size of the resulting matrix characterizing the substrate

is significantly smaller, yet highly dense, as compared to FDM where the size of the
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matrix is huge, but sparse. Several different techniques have been proposed to obtain a
more efficient solution of the algebraic equations produced by FDM or BEM to reduce
an RCnetwork. These techniques include moment matching [132], [141], a fast Fourier
transform algorithm [142], a fast eigendecomposition technique [133], a numerically
stable Green Function [143], and a combination of BEM and FDM techniques [144].
The primary limitation of both of these approaches (FDM and BEM), however, is
the increase in computational complexity with the size of the circuit, prohibiting the
efficient analysis of large scale mixed-signal circuits. The second class of substrate

modeling methods is the use of macromodels, as discussed in the following subsection.

3.2.3 Compact Substrate Models

Compact substrate models refer to analytic expressions characterizing the sub-
strate impedance between two ports using two types of parameters [145]: (1) technol-
ogy related parameters such as substrate doping profiles and (2) physical geometry
related parameters such as size, area, and distance between the ports based on the
circuit layout, as depicted in Fig. 3.10. For an epi type substrate where the heavily
doped bulk is connected to a grounded backside contact, as shown in Fig. 3.11, the
low resistivity bulk is represented as a single equipotential node [120]. This charac-
teristic is exploited to represent the substrate as an impedance matrix including both

the self and mutual impedances [145]. The self impedance between the port and back
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Figure 3.11: Epi type substrate with a grounded backside contact. Z; and Zj; are
the impedances between, respectively, port ¢ and the backside contact, and port j
and the back side contact. Z;; is the impedance between the ports.
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side contact Z;; is [146]

1

Ly = : ,
KiArea + KyPerimeter + Ky

(3.15)

where K, Ks, and K3 are technology dependent fitting parameters. The mutual
impedance between two ports is provided for two different regions [145]: (1) far field
region and (2) near field region [145]. The mutual impedance (Z;;) s for the far field
region is

(Zij) s = 1/(Zoe™™"). (3.16)

The mutual impedance (Z;;), for the near field region is

(Zij)ng = 1/ (Zone™"™ + Zgpe ™). (3.17)

The variation of the coupling strength or the substrate impedance between two ports
is dependent upon the relative size of the ports and the separation between the two
ports. That is, if the separation is sufficiently large as compared to the port size, the
ports are treated as lumped elements, making the spreading effects negligible. In this
far field region, the electric field varies in proportion to 1/d where d is the distance
between the two ports [49]. Alternatively, if the two ports are close, the spreading
effects of the current are more significant where the shape, size, and alignment of

the ports play an important role in determining the impedance. In this near field
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Figure 3.12: Nonlinear variation of mutual substrate admittance 1/(Z;;) with respect
to the separation between the ports.

region, the electric field varies in proportion to 1/d® [49]. This nonlinear behavior of
the mutual impedance Z;; with respect to the separation is depicted in Fig. 3.12, as
shown in [145].

For a lightly doped substrate where the bulk cannot be represented as a single
equipotential node, a resistance based formulation is developed in [145]. If the two
ports are sufficiently close, i.e., near field configuration, the substrate current tends
to flow close to the surface along the path between the ports. Alternatively, for a
far field configuration, the current tends to flow deeper in the substrate. Hence, if
the separation increases, the coupling strength initially decreases in an exponential
fashion and finally saturates as the separation further increases rather than com-

pletely diminishes. Based on this behavior, in lightly doped substrates, the substrate
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resistance is expressed as [145]

Rij = BlIn(ds; + 1] (55 + 55) (pi +pj)**, (3.18)

where d;; is the separation between the two ports, s; and s; are the area of, respec-
tively, ports ¢ and j, and p; and p; are the perimeter of, respectively, ports 7 and j.
The terms (3, ay, as, and ag are process dependent fitting parameters.

These macromodels characterizing the substrate impedance are computationally
more efficient as compared to FDM and BEM which discretize the substrate based on
Maxwell’s equations. The disadvantages of these macromodels are the requirement to
use process-dependent fitting parameters obtained through empirical data and scaling

these models for different geometries.

3.2.4 High Level Substrate Noise Analysis

The accurate and efficient estimation of the substrate coupling noise, and func-
tional verification of the circuit in the presence of this noise have become important
design issues. Estimating substrate coupling noise in a large scale circuit such as a
transceiver is, however, a challenging task since the circuit activity, power/ground
network, and substrate network should be simultaneously considered, significantly
increasing the computational complexity of the estimation process, as illustrated in

Fig. 3.13. An analysis of substrate noise therefore requires not only a model of the
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Figure 3.13: Complexity requirements of substrate noise analysis in a large scale
circuit. The power/ground networks, switching circuit, and substrate network have
to be simultaneously considered.
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Figure 3.14: Schematic level representation of the substrate impedances to analyze
substrate noise.

substrate network, but also the circuit switching activity and the parasitic impedance
of the power/ground networks. That is, a high level substrate noise analysis method-
ology to reduce the computational complexity while achieving reasonable accuracy is
a primary concern [147], [148], [149], [150].

A schematic based analysis methodology has been proposed in [149] to reduce the
number of elements obtained from the post-layout extraction process. The substrate
impedances obtained through compact models using (3.15), (3.16), and (3.17) are back

annotated to the schematic, as depicted in Fig. 3.14. The transistor level simulation



105

of a large scale circuit including the back annotated substrate resistance of every port,
however, is not feasible for large scale circuits due to the nonlinear nature of the device
models. A common alternative approach is to precharacterize each standard cell in
a library with the switching and bulk current profile of each cell [123], [148]. These
current profiles are represented as piecewise linear current sources during the substrate
noise analysis process to model the aggressor circuit. The nonlinear device models
are therefore not considered, significantly decreasing the analysis time. Note that
these approaches based on library characterization are only applicable to standard
cell based aggressor circuits.

A methodology is proposed in [148] for accurately estimating the switching current
drawn by a digital block as a function of the input slew and output load capacitance.
Two different techniques are introduced: an input pattern dependent scheme for high
accuracy and a pattern independent scheme for high computational efficiency. These
current profiles are used within a reduced model of a digital block to analyze the
substrate noise, as illustrated in Fig. 3.15. R,, is the average channel resistance of
the switching transistors. (', is the overall gate and interconnect capacitance within
the block. C. and R, model the decoupling capacitance between the power and ground
nodes. C), is the parasitic capacitance of the power/ground networks. C,,, is the N-
well capacitance and R, is the substrate resistance. The proposed methodology in

[148] focuses on accurate generation of the current waveforms. Efficiently modeling a
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Figure 3.15: Reduced model of a digital block to analyze substrate noise including
the parasitic impedance of the package.

substrate network in a large scale circuit, however, remains a primary research issue.

A high-level simulation methodology is described in [147] by generating a macro-
model for each standard cell within a circuit. Each macromodel contains two piecewise
linear current sources to represent the switching current and bulk current of the gate.
These macromodels are connected to the parasitic impedance of the package and sub-
strate network to analyze the substrate noise, as depicted in Fig. 3.16. The approach
described in [147], however, is challenging, particularly for bulk type substrates where
the substrate cannot be represented by a single equipotential node. Shorting all of the
substrate contacts to a single node, as suggested in [147], is not an effective approach
for those packaging techniques where the pad inductance is relatively low (such as

a flip-chip package), and the on-chip inductance is significant. Furthermore, various
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blocks in a complex SoC exhibit different switching activities, causing on-chip ground
bounce.

The accurate and efficient analysis of substrate noise in a large scale mixed-signal
circuit is a challenging task, specifically for high resistivity bulk type substrates. The
accuracy is highly dependent upon the model of the noise injection mechanism by the
aggressor blocks and the model of the noise propagation process within the substrate.
Sufficiently accurate models typically exhibit higher computational complexity, mak-
ing the analysis process prohibitively complex for large scale circuits. A methodology
is described in Chapter 6 to efficiently analyze substrate noise generated by a large

aggressor block by reducing the number of input ports before the substrate extraction
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process is initiated.

3.3 Effects of Substrate Noise in Mixed-Signal ICs

In a mixed-signal environment, substrate noise can affect a victim circuit through
two primary mechanisms: (1) variation of the threshold voltage through the body ef-
fect and (2) capacitive coupling to the signal and power /ground lines and source/drain
nodes of the transistors. The voltage fluctuations in the bulk of the transistors due
to substrate noise modify the threshold voltage of these transistors through the body
effect [127]. Assuming a uniform surface doping concentration, the dependence of the

threshold voltage V; on the bulk potential is [127]

2qN st
Ve = Vio + YL 1= 26+ Vil — /12041, (3.19)

where V}q is the threshold voltage at zero substrate bias, N, is the substrate doping
density, €, is the dielectric permittivity of the substrate, C,, is the gate oxide ca-
pacitance per unit area, 2¢ is the surface inversion potential, and Vg, is the voltage
difference between the source and bulk.

As described by (3.19), an increase in the body voltage will reduce the threshold
voltage of an NMOS transistor. Alternatively, a decrease in the body voltage increases

the threshold voltage. A change in the threshold voltage changes the drain current
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of the transistor. This change in the drain current results in a mismatch among the
transistors, causing significant performance degradation in an analog/RF circuit.

The second mechanism for the substrate to affect the victim circuit is through
capacitive coupling, as depicted in Fig. 3.17. The substrate noise couples to the
first metal layer through the oxide capacitance, degrading the analog/RF signal and
disturbing the analog power/ground voltage. Similarly, the substrate noise couples to
the source/drain node through the reverse biased junction capacitance. Note that the
capacitive coupling to the victim circuit is relatively dominant at higher frequencies
whereas the body effect is more dominant at low to medium frequencies [151].

The effect of the substrate noise on specific performance parameters for various
types of analog/RF circuits is described in the following sections. Specifically, the
effect of substrate noise on a low noise amplifier is discussed in Section 3.3.1. Per-

formance degradation in a phase locked loop due to substrate noise is described in
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Section 3.3.2. Finally, the effect of substrate noise on a sigma-delta modulator is

explained in Section 3.3.3.

3.3.1 Effect of Substrate Noise on a Low Noise Amplifier

A low noise amplifier (LNA) is one of the most sensitive building blocks within
the receiver circuitry in wireless communication systems. If the substrate noise is
sufficiently high, the bias current of the amplifier is modified, degrading the gain of
an LNA [152]. A more common situation is to observe the high frequency spectral
components of the switching noise at the input and output of the LNA [152], [153].

If the switching events of the digital circuit are periodic, the spectrum of the
substrate noise consists of discrete frequency components at integer multiples of the
clock frequency [153], referred to as harmonic tones. Furthermore, substrate noise
can mix with an RF input signal, producing intermodulation terms with frequency
components between the integer multiples of the clock frequency [154], referred to as
intermodulation (IM) tones. If the harmonic or intermodulation tones are located
within the frequency band of the RF signal, the performance of the LNA is degraded.
If these tones are located outside the RF signal band, an appropriate filter can be
used to remove the noise from the system, as illustrated in Fig. 3.18 [153].

A typical effect of the in-band noise tones at the output of the LNA is an increase

in the bit error rate due to distortion. Furthermore, the mixer receives distorted
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Figure 3.18: Noise tones located in the frequency band of the signal degrade perfor-
mance. Those noise tones located outside the band can be filtered using an appro-
priate filter.

information from the LNA, transferring the noise throughout the system [152].

3.3.2 Effect of Substrate Noise on a Phase Locked Loop

A phase locked loop (PLL) is a common circuit used in integrated circuits for
various functions. In high speed digital circuits, such as microprocessors and wireless
communications, a PLL is used as a frequency synthesizer to generate an on-chip clock
signal and to synchronize this clock with the system clock. In data communications,
such as serial links, a PLL is utilized to recover the clock signal from the incoming
distorted data signal [155]. In optical communications, a PLL is used within a clock
and data recovery circuit to regenerate the clock signal and resample the data signal
by using the recovered clock.

In these applications, clock jitter (or phase noise in the frequency domain), defined

as “the random temporal variation of the phase” [156] is one of the most significant
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Figure 3.19: Architecture of a charge pump PLL consisting of a phase frequency
detector, charge pump, loop filter, and a voltage controlled oscillator (VCO).

performance parameters. Various mechanisms contribute to the phase noise and jitter
of a PLL such as device noise (thermal, flicker, and shot noise), device mismatch, and
switching noise from digital circuits on the same die. The amount of jitter due to
device noise and mismatch is typically negligible as compared to the jitter due to the
switching noise, i.e., power/ground and substrate noise [157].

A widely used type of PLL architecture is a charge pump PLL due to the greater
acquisition range of this circuit [13]. The fundamental building blocks comprising a
charge pump PLL are the phase and frequency detector (PFD), charge pump, loop
filter, and a voltage controlled oscillator (VCO), as illustrated in Fig. 3.19. A PLL is
a closed loop architecture, exhibiting a low pass filter characteristic from input Vs
to the output V,,, as illustrated in Fig. 3.20(a). Note that the input noise transfer
function is the same as the noise transfer function. The high frequency input noise
components are therefore suppressed due to the low pass characteristic of the PLL.
Alternatively, a high pass filter characteristic is observed from the input of the voltage
controlled oscillator (VCO) to the output of the PLL, as illustrated in Fig. 3.20(b) [13].

Fast jitter components generated within the VCO therefore propagate to the output,
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Figure 3.20: Jitter transfer function within a PLL: (a) PLL output to PLL input, (b)
PLL output to VCO input.

making the VCO a critical block in terms of jitter generation and propagation.

In a ring VCO, substrate noise introduces jitter by modifying the voltage depen-
dent drain-to-bulk junction capacitances of the transistors in each delay stage [157].
Another mechanism is the direct coupling to the control voltage of the VCO, chang-
ing the oscillation frequency [156]. For an LC-VCO, substrate noise may capacitively
couple to the inductor, generating spurious frequency components at the output of
the VCO [158].

A 40 dB increase has been observed in the phase noise of a ring VCO manufactured
in an epi type substrate due to the substrate noise [156]. An increase in jitter from
100 ps to 500 ps has also been reported when the digital circuit surrounding the PLL

is activated [159].
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Figure 3.21: Analog to digital converter with a YA modulator to enhance SNR

3.3.3 Effect of Substrate Noise on a Sigma-Delta Data Con-
verter

Analog-to-digital and digital-to-analog data converters are extensively utilized in
mixed-signal integrated circuits. Two primary types of data converters are Nyquist-
rate and oversampling converters. Oversampling converters achieve higher signal-to-
noise ratio (SNR) and exhibit several other advantages over Nyquist-rate converters
such as lower in-band noise characteristics [16]. Oversampling converters operate at a
much greater speed than a Nyquist-rate converter and typically use noise shaping by
utilizing sigma-delta (XA) modulators to further enhance SNR. An analog to digital
converter with a A modulator is illustrated in Fig. 3.21.

Enhanced noise characteristics achieved by noise shaping significantly relax the
design specifications of the analog blocks [16].

YA modulators are typically implemented with switched capacitor circuitry [16]
which requires a clock signal to perform the sample-and-hold operation. This clock
signal suffers from jitter due to substrate noise, producing “sampling uncertain-
ties” [160]. Up to a 40 dB decrease in the SNR of the XA modulator due to substrate

noise has been demonstrated [160].
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The sensitivity of the signal-to-noise and distortion ratio (SNDR) to the time
difference between the clock of the aggressor digital circuit and the sampling clock
of the ¥A modulator has also been investigated [161]. Significant degradation in the
SNDR has been observed if the active edge of the digital clock coincides with the
sampling edge of the modulator clock, as depicted in Fig. 3.22 [161]. As illustrated
in Fig. 3.22(b), if & = 0, the data is sampled by the modulator at the same time as
the rising edge of the digital clock signal. SNDR decreases from approximately 92 dB
to 52 dB, corresponding to a significant performance degradation. The timing of the
sampling process with respect to the digital clock has a critical effect on the overall

performance of the data converter.
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3.4 Techniques to Reduce Substrate Noise

in Mixed-Signal/Analog ICs

A typical design practice in mixed-signal circuits is to provide separate power
and ground pads, and distribution networks for the digital and sensitive analog/RF
circuits to prevent simultaneous switching noise from directly coupling into the power
and ground nodes of the sensitive circuits. The common substrate medium, however,
forms a conductive path between the aggressor and sensitive circuits, allowing noise
transmission.

Various methodologies exist to suppress substrate noise coupling in mixed-signal
integrated circuits. These techniques can be broadly classified under three primary

categories [117].

e The first category focuses on reducing the magnitude of the switching noise.
These techniques include the use of decoupling capacitors between the power
and ground networks of the aggressor circuit, skew and slew rate control, spread
spectrum clock generation, shielding to reduce mutual inductance, packaging
techniques with low impedance characteristics, and asynchronous circuit design.

Note that these techniques have already been described in Chapter 2.

e The second category reduces the substrate noise by modifying the noise trans-

fer medium between the aggressor and victim circuits with the use of guard
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rings, deep N-well (or triple well) isolation, higher resistivity substrate, greater
distance between the aggressor and victim circuits, and/or silicon-on-insulator

(SOI) technology.

e Finally, the third category reduces the effect of the substrate noise by minimizing
the sensitivity of the victim circuits to noise with techniques such as differential

signaling.

Physical separation of the aggressor and victim circuits is described in Section 3.4.1.
The use of guard rings and deep N-well isolation is explained, respectively, in Sec-
tions 3.4.2 and 3.4.3. The advantages of silicon-on-insulator technology in reducing
substrate noise are discussed in Section 3.4.4. Finally, the use of differential signaling

is described in Section 3.4.5.

3.4.1 Physical Separation

The amount of noise current flowing from the aggressor towards the victim is a
function of the substrate impedance between these two points. The variation of this
impedance as a function of the physical separation is strongly dependent upon the
type of substrate.

As depicted in Fig. 3.5(b), for epi type substrates, most of the substrate current
flows through the low resistance bulk. Alternatively, lightly doped (high resistivity)

substrates have a more uniform current flow, as illustrated in Fig. 3.5(a). Hence,
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Figure 3.23: The effect of physical separation on the substrate noise characteristics:
(a) for bulk type high resistivity substrates, (b) for epi type low resistivity substrates.

the efficiency of increasing the physical distance between the aggressor and victim is
dependent upon the type of substrate. The variation of the peak-to-peak substrate
noise as a function of distance is shown in Fig. 3.23 for both epi and bulk type
substrates [120]. In bulk type substrates, the noise is reduced approximately linearly
as the distance between the aggressor and victim is increased due to the reduction of
the substrate impedance Z;;, as shown in Fig. 3.23(a). Alternatively, in an epi type
substrate, the noise initially decreases until a critical distance is reached. Any further
increase in the distance does not affect the noise, as depicted in Fig. 3.23(b), due
to the vertical current propagation through impedances Z;; and Z; rather than the

lateral impedance Z;;. The critical distance beyond which the noise remains constant
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is shown to be approximately 4 x ¢, where %, is the thickness of the epitaxial
layer [120]. Note that this critical distance can vary between 2.5 x t.,; and 5 X ey,
depending upon the impedance of the backside contact [136]. For epi type substrates,
therefore, increasing the physical distance between the aggressor and victim is not an

efficient isolation strategy.

3.4.2 Guard Rings

A guard ring refers to the p+ substrate contacts (or n+ taps for N-well) placed
around the aggressor or victim and connected to a ground network (or power network
for the N-well), as illustrated in Fig. 3.24. The purpose of a guard ring is to provide
a low impedance path for the injected noise current within the substrate (or N-well),
thereby improving the noise characteristics of the victim. Note that a guard ring can
be placed around only an aggressor, victim, or both the aggressor and victim.

A guard ring on the p- substrate should be biased with a dedicated ground network
and ground pad rather than the circuit ground to prevent additional noise injection
due to ground bounce [120], [159], [162]. Assuming both analog and digital grounds
exist within a circuit, biasing the ring with the digital ground causes additional noise
injection whereas biasing the ring with the analog ground directly couples the sub-
strate noise into the sensitive analog ground. A dedicated ground network should

therefore be used to bias the rings. Increased noise has been observed if the guard
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Figure 3.24: The use of guard rings around an aggressor circuit to provide a low
impedance path for the injected noise current within the substrate: (a) Cross-sectional
view, (b) Top view.

ring is biased with a noisy ground network [120]. Note that a detailed discussion on
existing substrate biasing techniques and a biasing methodology to reduce substrate
noise is provided in Chapter 7.

The efficiency of a guard ring is dependent upon several parameters. The prox-
imity of the ring to the aggressor or victim plays an important role in both epi and
bulk type substrates by determining the amount of noise current absorbed by the
ring. Placing the ring as close as possible to the aggressor minimizes the vertical
current paths that bypass the ring, thereby lowering the noise. Similarly, as the dis-
tance between the ring and victim decreases, the bulk of the victim device is better

isolated from the noisy substrate. The variation of the substrate noise as a function
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of the location of the guard ring is illustrated in Fig. 3.25 [159]. Note that if a ring
is placed close to a sensitive victim, the parasitic impedances of the ring, i.e., the
resistance and inductance of the on-chip ground network used to bias the ring, and
the inductance and capacitance (both self and mutual) of the bonding pad of this
ground network, should be sufficiently small for the ring to be effective and to not
inject additional noise.

Similar to the physical separation, the efficiency of the guard rings is also depen-
dent upon the type of substrate. For epi type substrates, a modest reduction in noise
is achieved due to the existence of a low impedance bulk. Only a 30% reduction has
been demonstrated using guard rings on an epi type substrate [120] since the domi-
nant current propagation path occurs within the low resistance bulk, bypassing the
ring. Alternatively, for bulk type substrates, the p+ guard rings are more effective
due to the more uniform current flow. A reduction of the substrate noise by an order
of magnitude has been demonstrated in bulk type substrates [120].

The width of the guard ring is also an important parameter for enhancing the
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Figure 3.26: Noise source, guard ring, and victim: (a) physical representation, (b)
circuit representation.

overall efficiency of the ring. Typically, a greater width, i.e., larger substrate con-
tacts and a wider metal line, reduces the substrate impedance between the ring and
noise sources on the substrate, thereby enhancing the noise efficiency of the ring. The
isolation achieved by the ring, however, remains constant after a certain width be-
yond which the parasitic impedance of the guard ring starts to dominate the overall
substrate noise [158]. Referring to Fig. 3.26, two paths exist for the noise current
to reach the victim. The first path I,; is through R; and the second path I, is
through R, and R3. An increase in the width of the ring causes a greater current to
flow through R,. At a certain width, as determined by the operating frequency, I,
becomes equal to I,,; due to the impedance of the guard ring Z,,.. A further increase
in width does not lower the overall noise, as depicted in Fig. 3.27 [158]. Unnecessarily
wide guard rings, therefore, consume additional area without improving the substrate

noise characteristics.
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Figure 3.28: Use of deep N-well to capacitively isolate NMOS transistors from the
noisy substrate.

3.4.3 Deep N-Well Isolation

A deep N-well or triple well isolation is a process dependent technique to reduce
substrate noise coupling. The NMOS transistors are capacitively isolated from the
noisy substrate by implanting a deep N-well between the p- substrate and local (or

isolated) P-well, as depicted in Fig 3.28. Note that both the aggressor and victim are
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located within different N-well regions which are separated by the p- substrate [117].
Alternatively, a deep N-well can be placed only under the aggressor or only under
the victim. Isolation is achieved by the reverse biased junction capacitances formed
between the isolated P-well and N-well, and between the N-well and p- substrate, as
illustrated in Fig. 3.28. Deep N-well isolation is therefore more effective at low and
medium frequencies where the impedance of the junction capacitances is relatively
high.

A recommended technique to increase the efficiency of a deep N-well is to di-
vide a large deep N-well into smaller sections, thereby reducing the junction capaci-
tances [163]. For example, rather than placing the deep N-well below several victim
blocks, a greater reduction is achieved if a separate deep N-well is placed below each
victim block.

Typically, a deep N-well placed below the aggressor or victim is connected to the
local N-well, where the PMOS transistors are formed, as depicted in Fig 3.28. Due
to this connection, the power noise coupled into the local N-well couples into the p-
substrate through a larger junction capacitance, degrading the ability to isolate the
PMOS transistors. Similarly, the noise present in the p- substrate couples into the
local N-well through a larger junction capacitance as compared to the case where no
deep N-well is present. Dividing a deep N-well into smaller sections is therefore crucial

in reducing the junction capacitances, thereby preventing the deleterious effect of a
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Figure 3.29: Cross section of a CMOS inverter built on SOI technology.

deep N-well on PMOS transistors.

3.4.4 Silicon-on-Insulator (SOI) Technology

Silicon-on-insulator (SOI) [164] refers to a technology where an insulating sub-
strate is used for the transistors rather than the silicon. The devices are fabricated
within a silicon layer formed over an insulating film, as depicted in Fig. 3.29 for a
CMOS inverter where the insulator is silicon dioxide. Historically, SOI technology has
been developed due to the requirement for radiation tolerant circuitry [165]. Specifi-
cally, memory circuits built in SOI are more resistant to cosmic rays and radioactive
material [165]. Later, SOI technology has been extended to general purpose CMOS
circuits due to speed and power advantages [164], [166]. Elimination of the junction
capacitances of the devices and the absence of the body effect in stacked transistors
have enabled SOI technology to achieve higher performance under the same power

constraints [167].
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In SOI technology, coupling from the silicon layer to the substrate is significantly
reduced due to the insulating oxide layer located between the silicon layer and the
substrate [168], [169]. An equivalent circuit illustrating substrate noise coupling in
SOI technology is shown in Fig. 3.30 [170]. The benefits of SOI technology in re-
ducing the substrate noise have been investigated and compared with conventional
CMOS [170]. At low frequencies, SOI technology with a low resistivity substrate and
a floating back side contact achieves 40 dB and 25 dB reduction as compared to,
respectively, an epi type silicon substrate and a high resistivity silicon substrate. If
the back side of the SOI wafer is grounded, the reduction improves to, respectively, 55
dB and 40 dB. Above 300 MHz, however, the noise behavior of SOI technology and
conventional CMOS becomes similar due to the lower impedance of the buried oxide.
Alternatively, for a high resistivity SOI technology, the noise advantage is maintained
up to 10 GHz, making high resistivity SOI a lower noise technology [170]. Note that

the frequency where the crossover occurs is highly dependent upon the thickness of
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the buried oxide layer.

3.4.5 Differential Signaling

Differential signaling is a technique to reduce the sensitivity of analog/RF circuits
to switching noise by increasing the common mode rejection ratio (CMRR) and power
supply rejection ratio (PSRR).

A voltage essentially refers to a difference of the two values rather than an absolute
value. In single ended circuits, the voltage of an input signal is defined with respect to
the reference ground which can either be on-chip or off-chip [162]. The noise coupled
to the input signal and the noise variations on the ground node of the transmitting
or receiving circuit is not rejected. Alternatively, in differential circuits, the voltage
of an input signal refers to the difference between two complementary signals that
are out-of-phase, as illustrated in Fig. 3.31 [13]. Differential circuits exhibit higher
immunity to switching noise such as from the power/ground and substrate due to
greater CMRR. In differential circuits, CMRR is highly dependent upon the symmetry

of the layout of the analog circuits [115]. The noise behaves as common mode only if
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both pairs within the differential circuit are fully symmetric.

The efficiency of differential signaling in suppressing the substrate noise is also
dependent upon the type of substrate. Low resistivity, epi type substrates provide
increased differential mode noise isolation as compared to high resistivity bulk type
substrates [136]. This behavior is due to the vertical current propagation within epi
type substrates, reducing the effect of the specific location of the contacts, and thereby
achieving enhanced symmetry. Alternatively, for bulk type substrates, the specific
location of the contacts is important due to the lateral current flow, and thereby
achieving symmetry is more difficult. Also note that the common mode substrate
noise coupled to a device can mix with the input signal, resulting in differential mode

intermodulation noise which cannot be rejected by differential signaling [154].

3.5 Chapter Summary

An overview of switching noise in mixed-signal integrated circuits has been pre-
sented in this chapter with a primary focus on substrate coupling. The characteristics

of substrate coupling in mixed-signal integrated circuits can be summarized as follows:

e Superior performance and lower cost are the two primary driving factors for
highly integrated system-on-chips where sensitive analog/RF blocks coexist on

the same die with aggressor digital blocks
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Switching noise couples to sensitive blocks through two primary mechanisms:
(1) capacitive and inductive coupling among the interconnects at the circuit

and package level, and (2) coupling through the monolithic substrate

The magnitude of the switching noise is typically much greater than the inherent

noise of the transistors such as shot, thermal, and flicker noise

The type of substrate significantly affects the model of the current propagation

path and appropriate noise reduction techniques

In a lightly doped (high resistivity) substrate, a significant amount of substrate
current flows in the lateral direction near the surface due to the lower substrate

impedance at the surface as compared to the deeper regions within the substrate

In a heavily doped (low resistivity) substrate with an epi layer above, a signif-

icant amount of the substrate current flows vertically to the lower impedance

bulk

Noise is injected into the substrate through three primary mechanisms: (1)
impact ionization, (2) coupling from the source/drain junction capacitances,

and (3) coupling from the power/ground networks of the aggressor digital circuit

A distributed equivalent RC circuit model is obtained from extracting the sub-

strate by solving electromagnetic differential equations
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The finite difference method (FDM) and boundary element method (BEM) are

two primary numerical techniques to extract the substrate volume

The primary limitation of both FDM and BEM is the increase in computational
complexity with the size of the circuit, prohibiting the efficient analysis of large

scale circuits

Compact substrate models are also used to characterize the substrate impedance

between two ports as a function of technology and geometric related parameters

These macromodels are computationally more efficient as compared to FDM
and BEM, but require process-dependent fitting parameters. Furthermore, some

accuracy is lost while scaling these models for different geometries

Accurate and efficient estimation of the substrate coupling noise, and functional

verification of the circuit in the presence of this noise are important design issues

Estimating substrate coupling noise in a large scale circuit is a challenging task
since the circuit activity, power/ground network, and substrate network should

be simultaneously considered

In an epi type substrate, the low resistive bulk is represented as a single node,

making a model of the substrate network significantly less complicated

In high resistivity substrates, the bulk cannot be represented as a single node,
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complicating the model of the substrate network

Substrate noise affects the victim through two primary mechanisms: (1) varia-
tion of the threshold voltage through the body effect and (2) direct capacitive
coupling to the signal and power/ground lines, and the source/drain nodes of

the transistors

The bit error rate of a low noise amplifier (LNA) increases due to substrate

noise if the harmonic or intermodulation tones of the noise are located within

the RF signal band

In a phase locked loop (PLL) circuit, the jitter caused by the power/ground

and substrate noise dominates the jitter caused by device noise and mismatch

In a PLL, the substrate noise introduces jitter by changing the voltage depen-
dent drain capacitances of the transistors within the voltage controlled oscillator

(VCO) and by capacitively coupling to the control voltage of the VCO

The signal-to-noise ratio (SNR) of a sigma-delta data converter is significantly
degraded due to substrate noise if the active edge of the digital clock coincides

with the sampling clock of the sigma-delta converter

Techniques that reduce switching noise, i.e., power/ground noise and intercon-

nect noise, as presented in Chapter 2, also reduce substrate noise
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Increasing the physical distance between the aggressor and victim is an effi-
cient technique to reduce substrate noise for high resistivity substrates since

the current flows more uniformly in high resistivity substrates

Increasing the physical distance between the aggressor and victim is inefficient

to reduce substrate noise for epi type substrates due to the vertical current flow

Guard rings should be biased with a dedicated ground network and ground pad

rather than the circuit ground to be effective in reducing substrate noise

Guard rings achieve significant isolation in high resistivity substrates due to
the lateral current flow. Alternatively, guard rings achieve only a modest noise
reduction in epi type substrates due to the vertical current propagation path,

bypassing the ring

Increasing the width of the ring enhances isolation until a specific width beyond
which any further increase in width consumes additional area without lowering

the substrate noise

A deep N-well or triple well achieves noise isolation by placing the NMOS devices

within a local P-well surrounded by a deep N-well

The efficiency of a deep N-well decreases with higher frequency due to the lower

impedance of the N-well capacitances
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Dividing a large N-well into smaller sections improves the efficiency of the noise

isolation due to lower N-well capacitances

Noise isolation of silicon-on-insulator technology is superior as compared to
conventional bulk type substrates due to the buried oxide layer between the

silicon layer and the substrate

Differential analog circuits achieve higher common mode and power supply noise

rejection, reducing the sensitivity of the circuit to common mode noise

Differential circuits on an epi type substrate achieve enhanced common mode
noise rejection as compared to a high resistivity substrate due to the current
propagation paths, resulting in enhanced symmetry of the contact locations

within the epi type substrate

Common mode substrate noise can mix with the input signal, generating dif-
ferential mode intermodulation noise which cannot be rejected by differential

signaling
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Chapter 4

Equivalent Transition Time for
Resonant Frequency

In a power distribution network, the decoupling capacitors are often used to re-
duce power/ground noise by temporarily providing charge to the load circuits during
switching events, as described in Chapter 2. Several factors such as the placement,
size, and recharge time of the decoupling capacitors should be considered for effi-
ciency [171], [172], [173]. Another important consideration for decoupling capacitors
is the LC' resonance. A decoupling capacitor Cy forms an LC' tank circuit with the
parasitic inductance L, of the interconnect. The impedance of this LC circuit is
maximum at the resonant frequency fes = 1/(2m1/LyCy).

The impedance characteristics of a power distribution system have been investi-
gated with particular focus on the resonant behavior [174], [175]. The corresponding
transition time that produces the maximum noise in the time domain, however, has

not received much attention. Faster signal transitions (smaller transition times) are
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Figure 4.1: Target impedance and noise: (a) target impedance is not satisfied in the
frequency domain, (b) although the target noise is satisfied in the time domain.

typically assumed to produce the worst case noise. This assumption, however, is not
valid for an inductive power distribution network with a decoupling capacitor.

Although computationally more efficient, a frequency domain analysis is typically
pessimistic as compared to a time domain analysis [176] since the frequency range
over which the target impedance should be satisfied is not well defined. As illustrated
in Fig. 4.1 [176], the peak-to-peak noise can be within the tolerable range although
the target impedance is not satisfied. A frequency domain analysis therefore may
cause overdesign of the power/ground network [176]. Alternatively, a time domain
analysis produces an estimate of the power/ground noise that is less pessimistic.

A primary issue in time domain analysis is the difficulty in considering resonant be-
havior. The fastest transition, i.e., smallest transition time of the current transients,
is typically assumed to produce the greatest noise. This assumption is not valid, as

described in this chapter, due to the non-monotonic behavior of the power/ground
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noise. In [126], two extreme cases are considered in the analysis of ground noise:
when the switching time is much smaller or much greater than the inverse resonant
frequency. The maximum noise, however, occurs at an intermediate transition time
rather than at one of the two extreme cases, as shown in this chapter.

The non-monotonic behavior of power/ground noise with respect to the transition
time ¢, is investigated for an inductive power distribution network with a decoupling
capacitor. A time domain solution is provided for the transition time that produces
resonant behavior, thereby maximizing the power/ground noise.

The sensitivity of the ground noise to the decoupling capacitance C; and parasitic
inductance L, is also evaluated as a function of the transition time ¢,. Increasing
the decoupling capacitance is shown to efficiently reduce the noise for ¢, < 2@.
Alternatively, reducing the parasitic inductance L, is shown to be effective for ¢, >
2y/LyCy.

The rest of the chapter is organized as follows. The equivalent circuit model
to estimate the peak-to-peak power/ground noise is described in Section 4.1. The
non-monotonic noise behavior with respect to the transition time is investigated in

Section 4.2. Finally, the chapter is summarized in Section 4.3.
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Figure 4.2: Equivalent circuit model to estimate power supply noise and ground
bounce. R,, L,, and Ry, L, represent the power and ground impedances, respectively.
C, is the decoupling capacitor and Ry is the effective series resistance of the capacitor.
The load circuit is represented by a current source with a transition time ¢, ; and peak
current Ly p-

4.1 Power/Ground Noise Model

An equivalent circuit model to investigate the noise behavior in terms of the
transition time is shown in Fig. 4.2, where R, L,, and Ry, L, represent the power
and ground impedances, respectively. Cj is the decoupling capacitor and R, is the
effective series resistance of the capacitor. Note that Cj; is the summation of the
intentional decoupling capacitance and the intrinsic capacitance of the non-switching
gates within a circuit [177]. Techniques to estimate this capacitance are described
in [178]. The load circuit is represented by a current source with a transition time
tr; and peak current Ig,;,. This triangular approximation of the current waveform
is reasonable since a large number of registers switches simultaneously with the clock
signal in synchronous digital circuits [179], [180], [181]. Note that this model does

not consider the feedback effect of the power noise since in this model the current is
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independent of this noise. Practically, however, the transistor current is affected by
the power noise since this current is dependent upon the power supply [182]. Also
note that the impedance between the decoupling capacitor and the current load is
negligible, assuming that the decoupling capacitor is placed sufficiently close to the
switching circuit [172].

The current provided by the decoupling capacitance () and the current flowing

through the parasitic inductance I (¢) from the power supply are, respectively,

Io(t) = —cd%c, (4.1)
I(t) = Lip /O Vo, (4.2)
where Ve(t) and Vi, (t) are, respectively,
Vo(t) = Vi — 2An(t) + Io(t) Ry, (4.3)
Vi(t) = An(t) — IL(t)R,. (4.4)

Note that the parasitic resistance and inductance of the power and ground networks
are assumed to be equal due to the symmetry of these two networks [183], i.e., R, = R,

and L, = L,.
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A ramp function is assumed for the noise An(t),

An(t) = @t (4.5)
where V4, is the peak noise voltage and t¢,, is the transition time of the noise
spike [179], [184]. Practically, the noise can be better approximated with an expo-
nential function (due to the discharge from the decoupling capacitor) at the expense
of more complicated analytic solutions. The error introduced by approximating the
noise as a ramp function is described in Section 4.2.

Replacing (4.3) in (4.1) and (4.4) in (4.2), and taking the derivative with respect

to time results in the following differential equations,

20V, Ol (t
Io(t) = 2CiVmis _ g, 210) (46)
OIL(t) _ Vinapt _ &IL@)- (4.7)

ot Ly, L,

Solving these differential equations with the initial conditions /+(0) = 0 and I.(0) =0

produces the inductive and capacitive current, respectively,

20
Io(t) = Vgnd,pt—d(l — e t/(RaCa)y, (4.8)
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t L —t/ﬁ
I;(t)=V,, — 1— Rg ). 4.
L( ) ‘G d,p[tTng tm,Rg ( € )] ( 9)
These currents can be rewritten as
Ic(t) = Gc(t)Vgnd’p, (4.10)
I(t) = G1L(t)Vynd,ps (4.11)

where G¢(t), the conductance of the capacitance path, and G (t), the conductance

of the inductance path, are given, respectively, by

a2y

(X

Ge(t) (1 — e ¥/(RaCa)y, (4.12)

t L ,t/ﬁ
G (t) = ——9 _(1-— Ry ). 4.13
0= et ) (4.13)

Note that these conductances are both a function of the transition time ¢, ,. Hence,
the amount of current provided by the decoupling capacitor as determined by (4.10),
and the amount of current provided by the power supply as determined by (4.11)
are both dependent upon the transition time. Specifically, as the transition time
becomes smaller, G¢(t) increases and G (t) decreases. This situation is illustrated

in Fig. 4.3 where (4.12) and (4.13) are plotted as a function of transition time. The
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Figure 4.3: Capacitive and inductive conductance as a function of rise time where
Towip=115mA, L,=1nH, C;=10pF, R, =22Q, R;=0.1 Q, and t =¢,,.

operating parameters are lg,;, = 11.5 mA, L, = 1 nH, Cy = 10 pF, R, = 2.2 Q,
R;=0.1€Q, and t = t,,. Note that in the frequency domain, the admittance of an
inductance 1/jwL decreases with frequency. A conductance refers to the time domain
correspondence of the admittance. Since a decrease in transition time corresponds to
an increase in frequency, the inductive conductance decreases. Similarly, the admit-
tance of a capacitance jwC' increases with frequency. In the time domain, therefore,
the capacitive conductance increases with decreasing transition time, as illustrated in
Fig. 4.3.

The capacitive current Io(t), therefore, increases with decreasing transition time.
Alternatively, the inductive current I (t) increases with longer transition times. In-

tuitively, a smaller transition time corresponds to a higher frequency, where the
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impedance of the capacitance is smaller and the inductance is higher. The capacitance
is, therefore, more effective at smaller transition times and becomes less effective as
the transition time increases since a majority of the switching current is provided by
the power supply at higher transition times. The implications of this dependence are
discussed in Section 4.2.

Assuming the peak ground noise V4, occurs when the switching current reaches
the maximum current Iy, [179], e.g., t,, = t,; = t,, the summation of the capacitive
and inductive currents at ¢t = ¢, is equal to the peak switching current I, , of the

load circuit,

Iswi,p = [C(tr) + ]L(tr) (414)

From (4.10), (4.11), and (4.14), the peak ground noise V4, at t = ¢, can be expressed

as

1 _ Gelt,) | Gult)

. 4.15
‘/;]nd,p Iswi,p Iswi,p ( )
Replacing (4.12) and (4.13) in (4.15) produces the peak noise voltage,
Iswi R2tr
Vond,p = L (4.16)

Lg :
2C,R2(1 — e~tr/(RaCa)) — [, (1 — ¢ "/ Fa) 4+ Ryt,

Note that if the capacitive current is much greater than the inductive current, e.g.,
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(4.10) > (4.11) or (4.12) > (4.13), the second term in (4.15) can be neglected without
a significant loss in accuracy, guaranteeing the pessimism of the expression. In this

case, the peak ground noise is approximated by

Vindp = Lswip/Geo(ty). (4.17)

Alternatively, if the inductive current is much greater, the first term in (4.15) can be

neglected and the peak noise is estimated as

Vgndp = Lswip/Gr(t;). (4.18)

It is, however, important to note that the maximum peak noise occurs when the in-
ductive and capacitive currents are approximately equal, as described in the following
section.

If the circuit is underdamped, i.e., the damping factor is smaller than one, oscilla-
tions occur due to a parallel combination of the parasitic inductance and decoupling

capacitor. In this case, the peak-to-peak ground noise voltage Vgnqpp is

Vond,pp = Vgnd,p[l +e ™ 17(2]a (4.19)
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where ( is the damping factor,

¢ = (R, + Ra)/2h/Caf2L, (4.20)

4.2 Non-monotonic Noise Behavior

The impedance of a parallel LC' circuit is maximum at the resonant frequency,
w=1/ VLC. At this frequency, both the capacitive and inductive paths carry a
significant amount of current, giving rise to resonant behavior. Similarly, in the
time domain, there exists a transition time at which the capacitive and inductive
currents are close and the peak-to-peak noise is maximum. The worst case transition
time producing the maximum noise is described in Section 4.2.1. The sensitivity of
the noise to the decoupling capacitance and parasitic inductance as a function of

transition time is explained in Section 4.2.2.

4.2.1 Worst Case Transition Time

The capacitive and inductive currents and the corresponding ground noise are
plotted as a function of transition time in Fig. 4.4 using (4.8) and (4.9) for the
currents, and (4.19) for the noise voltage where I5,;, = 11.5 mA, L, = 1 nH, C; = 10

pF, R, = 2.2 Q, and Ry = 0.1 Q. Equation (4.19) is also compared with SPICE in



145

120
“, Inductance current (Eqn. 4.9)

NI
S

PRI
ERSIAY

1001 110

! i
Peak-to-peak ground

noise (SPICE)
80

Peak-to-peak ground N T eeaL.

s0F noise (Eqn. 4.19)

Voltage (mV)
Current (mA)

401

s K2 ”, Capacitance current (Eqn. 4.8)

1,
J I i
i
tisy
i,
m
A,
T
m

™ L L L L L L L L L
0 100 200 300 400 500 600 700 800 900 1 080
Rise time (ps)

Figure 4.4: Comparison of peak-to-peak ground noise as a function of the transition
time obtained from SPICE simulations and equation (4.19) for Is,;, = 11.5 mA. The
ground network impedances are L, = 1 nH, Cq = 10 pF, Ry = 2.2 Q, and R; = 0.1 (2.

The dotted lines depict the estimated capacitive and inductive currents as a function
of transition time.

Fig. 4.4.

The model accurately captures the non-monotonic dependence of noise on tran-
sition time, exhibiting a maximum error of 12.5%. Note that this error is due to
approximating the noise as a ramp function which is a better assumption for smaller
transition times, producing a smaller error.

As shown in Fig. 4.4, for sufficiently small transition times, the capacitive current
dominates, and the inductance does not affect the ground noise. As the transition time
increases, the capacitive current decreases and the inductive current increases. The
peak noise occurs at a transition time where these currents are approximately equal.

This specific transition time ¢, ,, is referred to as the worst case transition time or
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the equivalent transition time for resonance (identical to the resonant behavior in the
frequency domain). If the transition time further increases, the noise decreases due to
lower L 0i/0t noise, making the capacitance less significant. The assumption of fast
transients as the worst case scenario for noise can be overly optimistic in a circuit with
sufficient decoupling capacitance. This conclusion is similar to reducing the resonant
frequency with a larger capacitance. Increasing the decoupling capacitance, therefore,
has the drawback of reducing the resonant frequency, or similarly, increasing the worst
case transition time. Note that the intrinsic capacitance between the power and
ground networks due to the non-switching gates contributes to the overall decoupling
capacitance. For sufficiently large circuits, this capacitance can be significant [177],
[178]. That is, the assumption of fast current transients as the worst case scenario is
overly optimistic for large scale circuits.

According to Fig. 4.4, an expression for the worst case transition time ¢, ,,. can be

developed by equating (4.12) with (4.13) at ¢ = ¢, and solving for ,,

GC(tr,wC) - GL(tr,wc) =0. (421)

A closed form solution, however, does not exist due to the exponential terms in

Geo(trwe) and GL(ty o). Assuming Ry — 0,
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e trwe/(RaCa) _, ), (4.22)
Replacing (4.22) in (4.12) gives
Goltrue) ~ 72 (1.23)
Similarly, G (t,4.) can be expanded using a Taylor series expansion to
Gr(trwe) = Rig - tr,ij%f [1—(1- t”ngg + %(MZR‘J)2 +..0)] (4.24)
Grltrue) = %tﬁ; - %(t’"’wgzzRgl + %(tr’”L‘:;Rﬁ (4.25)
Assuming R, — 0 in (4.25) results in
Gt e) & 222 (4.26)
’ 2L,

The worst case transition time ¢, ,. at which these conductances are approximately

equal is determined from (4.23) and (4.26) as

2Cs  trwe
. ¢ — 57 = trwe = 2¢/LyCu (4.27)
T, WC g
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Table 4.1: Comparison of the peak-to-peak ground noise analytically obtained at
trwe = 24/ LyCq with the peak-to-peak noise obtained by SPICE for different parasitic
ground network impedances.

Tswip Lg Cy Ry Ry Ground noise at Maximum ground noise | Error
mA (nH) | (pF) | (ohm) | (ohm) | t, =24/LyCy (mV) (SPICE) (mV) (%)
11.5 0.25 10 2.2 0.1 44 46.2 4.8
11.5 0.5 10 2.2 0.1 66.3 67.8 2.2
11.5 1 10 2.2 0.1 98.5 99.8 1.3
11.5 1 15 2.2 0.1 78.3 79.6 1.6
11.5 1 20 2.2 0.1 66.3 67.8 2.2
11.5 1 20 4 0.1 59.4 64.8 8.3
11.5 1 20 6 0.1 55.1 70.2 21.5
11.5 1 20 6 1 54 68.6 21.3
11.5 1 20 6 2 52.8 67.2 21.4

The ground noise is obtained at ¢, ,. = 2@ for different parasitic impedances
of the ground network and compared with the maximum noise obtained at the same
impedance. These results are listed in Table 4.1. The error of ¢, . = 2\/m in
estimating the maximum noise is greater with increasing 2, and Ry, but is sufficiently
small within the practical values of these resistances, as listed in Table 4.1.

The effect of the parasitic resistance R, and the effective series resistance of the
decoupling capacitance Ry on the worst case transition time is further illustrated,
respectively, in Figs. 4.5 and 4.6. Increasing IR, reduces the noise until a specific
transition time is reached due to additional damping. Beyond this transition time,
however, the noise increases due to a greater IR drop along the ground network,
making the decoupling capacitance ineffective. Alternatively, an increase in Ry results
in decreased noise at higher transition times due to the increased damping and higher

noise at smaller transition times where the decoupling capacitance is effective.
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Figure 4.5: Peak-to-peak ground noise for different values of R, when I, = 11.5
mA, L, =1nH, C; =10 pF, and R; = 0.1
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Figure 4.6: Peak-to-peak ground noise for different values of R4 when I, = 11.5
mA, L, =1nH, C; =10 pF, and R, =2.2 Q
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4.2.2 Noise Sensitivity as a Function of Transition Time

The normalized sensitivity of the ground noise as a function of transition time
is determined in this section to evaluate the efficacy of reducing the parasitic induc-
tance and increasing the decoupling capacitance on reducing the ground noise. The

normalized sensitivity of the ground noise to a parameter p; is determined by

gnd,pp av
S;/_gnd,pp = lim Vynd,pp _ Pi gnd,pp (4 28)
¢ Ap;—0 —AI_)i ‘/gnd,pp 8]9@

The normalized sensitivity of the ground noise as a function of transition time,
as determined by (4.28), is shown in Fig. 4.7. The sensitivity of the noise to the de-
coupling capacitance is high at small transition times and decreases with increasing
transition time. Alternatively, the sensitivity of the noise to the parasitic inductance is
low at small transition times and increases with longer transition times. Increasing the
decoupling capacitance is therefore effective in reducing the noise for ¢, < 2\/m.
Alternatively, reducing the parasitic inductance is effective for ¢, > 2\/m. This
behavior is due to the changing ratio of the capacitive and inductive currents with
respect to the transition time, as shown in Fig. 4.4. The effect of the decoupling
capacitance and parasitic inductance on the ground noise is listed, respectively, in
Tables 4.2 and 4.3 for different transition times. At ¢, = 70 ps, doubling the de-

coupling capacitance reduces the noise by 51.2%, and only 25.7% when ¢, = 400 ps.



151

Rise time (ps)

05t Phe =1
= i Sensitivity to Cd
:é // ...... Sensitivity to Lg
[ e
§ ot Sensitivity to t |
°
g ‘\HU\\\\"\H\\\H\HHHH\HH\HHHHHHHMHHH [T
=1 ™ ot
gv o

A
g —0.5F . . \\\\\\ . . . . . 4
N S
T
13
S S
z &
12
=2(L
/ o
15 | L@ | | | | | |
0 100 200 300 400 500 600 700 800 900 1000

Figure 4.7: Normalized sensitivity of the ground noise as a function of transition time

when [, = 11.5 mA, L, =1 nH, C; =10 pF, R, =2.2 Q, and R; = 0.1 Q

Table 4.2: Effect of the decoupling capacitance on reducing the peak-to-peak ground

noise. Ly =1 nH.

Transition time (ps) | Cq =10 pF | Cq = 20 pF | Reduction
70 57.8 28.2 51.2%
200 = 2\/Lgcd 98.7 59.5 39.7%
400 91.1 67.7 25.7%
800 69.4 58.7 15.4%

Table 4.3: Effect of the parasitic inductance on reducing the peak-to-peak ground
noise. Cy = 10 pF.

Transition time (ps) | Ly =1nH | Ly; = 0.5 nH | Reduction
70 57.8 48.9 15.4%
200 = 2,/LyCq 98.7 67.7 31.4%
400 91.1 58.7 35.6%
800 69.4 48.2 30.5%
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Figure 4.8: Comparison of the noise reduction obtained by doubling the decoupling
capacitance and halving the inductance.

Halving the parasitic inductance, however, reduces the noise by only 15.4% when
t, = 70 ps, and 35.6% when ¢, = 400 ps. Note that the sensitivity to the transition
time crosses over at zero when ¢, ~ 2\/m, demonstrating the non-monotonic de-
pendence, as described in Section 4.2.1. Placing additional decoupling capacitance
is therefore more effective in reducing the noise at smaller rise times. Alternatively,
reducing the parasitic inductance is more effective at higher transition times. This

behavior is illustrated in Fig. 4.8.

4.3 Conclusions

The non-monotonic dependence of the power/ground noise on the transition time

is shown for an inductive power distribution network with a decoupling capacitance.
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The power/ground interconnect is modeled as a series RL impedance. The decoupling
capacitance is modeled as a capacitance in series with a resistance. The model cap-
tures the non-monotonic dependence of noise on the transition time with sufficient
accuracy as compared to SPICE. The worst case transition time or the equivalent
transition time for resonance producing the maximum peak-to-peak noise is also pre-
sented based on this model. The worst case power/ground noise is shown to be
significantly inaccurate if determined assuming fast switching characteristics. The
effect of the parasitic line resistance I, and effective series resistance Ry of the de-
coupling capacitor on the noise is also investigated. Increasing 17, reduces the noise at
smaller transition times due to additional damping since the decoupling capacitance
is effective. At higher transition times, however, the noise increases due to a larger I R
drop along the inductive power/ground path. Alternatively, an increase in R, results
in lower noise at higher transition times by providing additional damping and higher
noise at lower transition times due to a larger I R drop along the capacitive path. The
sensitivity of the noise on the decoupling capacitance and parasitic inductance is also
investigated. The decoupling capacitance is shown to efficiently reduce the noise for
transition times smaller than twice the LC' time constant, ¢, < 2@. Alterna-
tively, reducing the parasitic inductance is effective for transition times greater than

twice the LC' time constant, ¢, > 2,/L,Cjy.
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Chapter 5

Substrate and Ground Noise
Interactions in Mixed-Signal
Circuits

As the speed and density of a circuit increase, the average current required to
charge the total capacitive load also increases. Due to the parasitic resistance and
inductance of the on-chip power distribution network, these fast changes in current
produce significant voltage fluctuations on the power nodes, affecting overall signal
integrity, as described in Chapter 2.

Techniques to reduce power noise such as the use of on-chip decoupling capac-
itors have been developed [12], [30], [185]. Models of a power distribution system
and the dependence of power noise on different circuit parameters have also been
investigated [12], [29], [186], [175]. These papers, however, do not consider the inter-
action of the power distribution network with the substrate. If this interaction is not

considered, the power noise analysis process can be significantly inaccurate.
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Power supply coupling noise is an important source of substrate noise [120], [187].
This source of noise has been analyzed treating the substrate noise as the primary
concern [178], [188]. Coupling of the substrate noise into the power supply and ground
rails, however, has not received much attention.

In [189], the effect of the substrate on the power noise is analyzed at the IC level.
The system is modeled as a linear network, neglecting junction coupling and impact
ionization mechanisms. Furthermore, a resistive model is used to characterize the
on-chip ground distribution network, neglecting the on-chip inductance. As shown
in [190], however, on-chip inductive noise will become more significant with technology
scaling.

The interaction of the substrate with an inductive on-chip ground distribution
network is the focus of this chapter. The contribution of the substrate to the total
ground noise is shown to be significant. For a CMOS inverter, the substrate can
reduce negative peak ground noise by 49% during the high-to-low output transition.
The substrate, however, increases the positive peak ground noise by 72% during the
low-to-high output transition. The effect of the substrate should therefore not be ne-
glected if the inductance of the on-chip ground distribution network is non-negligible.
Furthermore, conventional triangle or trapezoid type current demand estimations of
the nonlinear circuits are shown to be significantly inaccurate if the ground lines

exhibit inductive behavior.
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Figure 5.1: Interaction of the substrate and on-chip ground distribution network
within an NMOS transistor. The current flowing through the ground network is the
summation of the source and bulk currents.

The rest of the chapter is organized as follows. The interaction of the substrate
with the ground network is described in Section 5.1. The substrate model, on-chip
ground distribution network model, and the superposition methodology are described
in Section 5.2. Simulation results illustrating the contribution of the substrate to
the total ground noise are presented in Section 5.3. The chapter is summarized in

Section 5.4.

5.1 Background

During the switching activity of the transistor, noise couples into the substrate
through the junction capacitances of the transistor. The coupled noise propagates
through the substrate, interacting with the ground distribution network through the

substrate contact. This interaction is illustrated in Fig. 5.1. Note that the substrate
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contact is connected to the ground network. The source and bulk currents therefore
flow to the ground network.

Although the bulk current of the substrate is small as compared to the switching
current of the transistor, the di/dt levels of the bulk current are sufficient to affect
the overall ground noise. Therefore, if the parasitic inductance of the ground network
is considered, the effect of the substrate on the ground noise cannot be neglected.
Furthermore, the junction capacitances of the transistors, the substrate resistance,
and the parasitic impedance of the power supply interconnect form an RLC circuit
that contributes to the resonance of the power nodes. The effect of the substrate
should therefore be considered when analyzing the on-chip power supply noise.

The purpose of this chapter is to quantify the effect of the substrate on the ground
noise if the ground lines exhibit inductive behavior. A transistor level approach is
presented to consider each of the substrate coupling mechanisms. The total on-chip
ground noise is modeled as the superposition of two different noise voltages. The first
noise voltage is caused by the source current of the transistor, and the second noise
voltage is caused by the bulk current of the substrate. The individual contributions
of the source and bulk currents to the overall ground noise are summed based on this
superposition principle.

As shown in Figs. 5.1 and 5.4(a), the total current that flows through the ground
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network is

Z(t) = Z.source(t) + ibulk(t)~ (51)

The bulk current in (5.1) is usually neglected due to the relatively small magnitude
as compared to the source current. This assumption is acceptable if the ground net-
work is modeled as a resistive-only network. If the on-chip inductance is considered,

however, the total ground noise is

disource (t)
dt

dipr ()

AV = Zsom‘ce<t)R + dt

L+ tpur(t) R + L, (5.2)

where R and L are the parasitic resistance and inductance of the on-chip ground lines,
respectively.

Although the absolute magnitude of the bulk current is smaller than the source
current, the bulk current significantly affects the total ground noise due to the last
term in (5.2), which represents the rate of change of the bulk current.

The effect of the substrate is quantified in this chapter using superposition of the
source and bulk related noise voltages. Note that in (5.2), the first two terms and the
last two terms represent, respectively, the source related ground noise and the bulk
related ground noise. Transistor level simulation results illustrate that the substrate
contributes, on average, 56% of the peak ground noise. The effect of the substrate

should therefore be considered for accurate analysis of the ground noise.
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Figure 5.2: A bulk-type substrate model of a CMOS structure.

5.2 Circuit Models and Superposition Technique

A bulk-type (high-ohmic) substrate is assumed due to isolation advantages and
applicability to mixed-signal circuits. The substrate model used in the simulations is
shown in Fig. 5.2 for a CMOS inverter. Ry and R3 represent the resistance between the
bulk nodes and the substrate contacts, and Ry and Rs represent the resistance between
the N-Well and the bulk node of the NMOS transistor. R4 and Rg represent the
resistance between the N-Well and the substrate contact for the ground connection.
C; and C, represent the N-Well capacitance.

An impedance model composed of ten distributed RLC (T cell) [191] cells is used
to model the on-chip ground distribution network, as shown in Fig. 5.3. The total re-
sistance, inductance, and capacitance of the interconnect are assumed in this analysis
to be 1 2, 200 pH, and 200 fF, respectively.

Simulations are based on a 0.18 ym CMOS technology using SPICE. A BSIM3v3
model is used to characterize the transistors since this model includes the effects of

capacitive coupling and impact ionization as sources of substrate noise [192]. The
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Figure 5.3: One stage of a distributed RLC interconnect model for an on-chip ground
distribution network.
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Figure 5.4: Illustration of the superposition technique to analyze the effect of the
substrate on the on-chip ground noise. The overall ground noise is modeled as a
superposition of two noise voltages: source related ground noise and bulk related
ground noise: (a) The CMOS inverter including the substrate network and the ground
distribution network used to analyze the total ground noise, (b) summation of the
PWL approximation of the source current and bulk current which flows through the
same ground network, (¢) PWL approximation of the source current to estimate
the source related ground noise, and (d) PWL approximation of the bulk current to
estimate the bulk related ground noise.

simulation model illustrating the superposition methodology is shown in Fig. 5.4. A
CMOS inverter is analyzed in Fig. 5.4(a) with the substrate and ground distribution
network models. The voltage at Node A represents the on-chip ground noise. The

source and bulk currents are individually approximated using piecewise linear (PWL)
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current sources, as shown in Fig. 5.4(b). The voltage at Nodes A and B is compared in
order to evaluate the accuracy of these estimates of the current demand. If the voltage
at Nodes A and B is sufficiently similar, the voltage at Nodes C and D is analyzed.
Note that the voltage at Nodes C and D represents, respectively, the source related
ground noise and bulk related ground noise. The superposition of the source and bulk
currents therefore supports the analysis of the individual contributions of the source

and substrate to the total ground noise.

5.3 Simulation Results

PWL current estimation results are provided in Section 5.3.1. The results illus-

trating the effect of the substrate on the ground noise are presented in Section 5.3.2.

5.3.1 PWL Current Estimation

Estimating the current demand of the nonlinear circuits using linear current
sources is a common approach to analyze power supply noise. Nonlinear circuits
are replaced by these linear current sources in order to reduce the simulation time
of the system [12]. If the inductance of the power and ground lines is considered,
however, estimating the current demand becomes a difficult process. Conventional
triangle or trapezoidal type current demand approximations [22] do not provide the

necessary accuracy due to the inductance.



162

w

—NODEA

VOLTAGE (mV)
L =
1 1 1

|
N
T
I

b
o
(9]
.l
:;;

o — n w
T

VOLTAGE (mV)
]
T

|
N
T

|
OEA)

0.5 1 1.5
(b)

TIME (ns)

Figure 5.5: Comparison of the voltage at Nodes A and B (see Fig. 5.4) illustrating
the accuracy of the current estimations. The maximum error for the peak voltage is
less than 10% within one period.

In this analysis, estimates of the source and bulk currents are obtained using an
iterative process. The number of time instances included in the PWL approximations
is increased in each iteration until sufficient accuracy is achieved. The different rates of
change in the current waveform should therefore be considered if the ground network
exhibits inductive behavior.

The voltage at Nodes A and B as shown in Figs. 5.4(a) and 5.4(d) is compared
in Fig. 5.5 to evaluate the accuracy of the approximations. The amount of error
for the peak voltage is less than 10% at any time within one period. This model

therefore provides sufficient accuracy to individually analyze the source and bulk
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Figure 5.6: Comparison of the voltage at Nodes B, C and D (see Fig. 5.4). Nodes B,
C, and D illustrate, respectively, the total ground noise, source related ground noise,
and bulk related ground noise.

current contributions. Note that more than 50% error is obtained if a conventional

triangle type approximation is used.

5.3.2 Effect of the Substrate on Ground Noise

In order to quantify the effect of the substrate on ground noise, the voltage at
Nodes B, C, and D is compared in the time domain in Fig. 5.6.

The voltage at Nodes C and D represents, respectively, the ground noise due to the
source and bulk currents. The voltage at Node B represents the total ground noise.
The summation of the voltage waveforms shown in Figs. 5.6(a) and 5.6(b) results

in the waveform shown in Fig. 5.6(c). Two different time instances are marked by
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the dashed vertical lines, L1 and L2, to illustrate the effect of the substrate on the
ground noise. At L1, the total ground noise is -2.21 mV. At this time, the noise
voltage induced by the source current is -3.30 mV and the noise voltage induced by
the bulk current is +1.09 mV. The substrate can therefore be used to lower the total
ground noise since the source and bulk currents are temporally out-of-phase. At L2,
the total ground noise is +2.70 mV, the bulk related ground noise is +1.95 mV, and
the source related ground noise is +0.75 mV. At this time, therefore, the substrate
degrades the total ground noise by 72% since the bulk current is in-phase with the
source current. Furthermore, the resonance at Node B is primarily caused by the
bulk current rather than the source current.

The proposed methodology can also be applied to a NAND and NOR gate in
order to generalize the results, as listed in Table 5.1. The positive and negative peak
noise is listed for the high-to-low and low-to-high output transitions. The effect of
the substrate and source are individually listed for each gate. The contribution of
the substrate varies between 22% and 95%), exhibiting an average contribution to the

peak ground noise voltage of 56%.

5.4 Summary

The effect of the substrate on the ground noise is analyzed for an inverter, NAND,

and NOR gate. The substrate is modeled as a resistive network and the on-chip
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Table 5.1: Absolute (abs) and relative (rel) contribution of the source and bulk cur-
rents to the ground noise voltage for three gates: inverter (INV), NAND, and NOR.
The negative and positive peak noise is listed for both the high-to-low and low-to-high

output transitions.

GND Noise High-to-low (output)
(mV) INV NAND NOR
Negative peak noise -2.21 -4.44 -2.16

Bulk contribution: abs (rel)

+1.09 (-49.3%)

+0.98 (-22%)

10.69 (-31.9%)

Source contribution: abs (rel)

-3.30 (149.3%)

-5.42 (122%)

-2.85 (131.9%)

Positive peak noise

+2.40

+3.73

+2.97

Bulk contribution: abs (rel)

+1.0 (41.6%)

11.95 (52.3%)

11.61 (54.2%)

Source contribution: abs (rel)

+1.40 (58.4%)

F1.78 (47.7%)

F1.36 (45.8%)

INV

NAND

Low-to-high (outpu

t

~—

NOR

Negative peak noise

-2.86

-3.48

-2.77

Bulk contribution: abs (rel)

-2.07 (72.4%)

~1.39 (39.9%)

-2.18 (78.7%)

Source contribution: abs (rel)

-0.79 (27.6%)

~2.09 (60.1%)

-0.59 (21.3%)

Positive peak noise

+2.70

+2.57

+2.94

Bulk contribution: abs (rel)

1.95 (72.2%)

+2.46 (95.7%)

+1.8 (61.2%)

Source contribution: abs (rel)

F0.75 (27.8%)

F0.11 (4.3%)

F1.14 (38.8%)

ground network is modeled as a distributed RLC impedance. The total ground noise

is treated as the superposition of two noise voltages: the source related ground noise

and bulk related ground noise. It is shown that the bulk current significantly affects

the ground noise due to the inductance of the ground network since the rate of change

of the bulk current is not negligible. Specifically, if the source and bulk currents are

in-phase, the substrate degrades the ground noise. If the source and bulk currents

are out-of-phase, the substrate improves the ground noise. Based on this analysis,

the substrate contributes, on average, 56% of the peak ground noise. Two primary

conclusions can therefore be drawn if the ground lines exhibit inductive behavior: (1)

the substrate should not be neglected in an analysis and model of the ground noise,
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and (2) triangle or trapezoid type current demand estimation of the nonlinear circuits
is not sufficiently accurate since these models do not capture different rates of change

of the current waveforms.
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Chapter 6

Dominant Substrate Noise
Coupling with Multiple Switching
Gates

Substrate coupling continues to be a primary concern for mixed-signal systems-on-
chips (SoCs) where sensitive analog/RF circuits often coexist with aggressor digital
circuits on the same substrate, as described in Chapter 3. The substrate noise can
affect a sensitive circuit by modifying the threshold voltage of the transistors, or by
coupling into the signal and power/ground rails, degrading the precision required by
sensitive circuitry [120], [193], or causing a circuit to fail [130].

The baseband digital circuit injects noise into the substrate through three pri-
mary mechanisms [122]: (1) coupling from the source/drain junction capacitances of
the transistors during switching, (2) coupling from the power and ground networks
of the digital circuit, and (3) impact ionization, which is negligible as compared to

the first two mechanisms, as shown in [122]. The relative contributions of the first
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two mechanisms, however, have not been quantified in a sufficiently accurate manner.
For large scale circuits, it is usually assumed that power/ground coupling dominates
source/drain coupling [126], [194]. The validity of this assumption, however, de-
pends upon several parameters in the circuit such as the number of simultaneously
switching gates, rise time, decoupling capacitance, and parasitic inductance of the
power/ground rails. A simple, yet physically intuitive macrolevel model is presented
in this chapter to identify the dominant substrate coupling mechanism at the early
stages of the design process, while simultaneously considering multiple parameters
such as the number of switching gates, rise time of the current load, package and
on-chip parasitic impedance of the power/ground networks, and on-chip decoupling
capacitance.

The rest of the chapter is organized as follows. The limitations of the previous
works are summarized in Section 6.1. Models to estimate the peak-to-peak substrate
noise are presented in Section 6.2. These expressions are used in Section 6.3 to iden-
tify the dominant noise generation mechanism. In Section 6.4, a sensitivity analysis
validating the effects of these parameters on the substrate noise is presented. The
design implications of these results are discussed in Section 6.5, and the chapter is

summarized in Section 6.6.
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6.1 Previous Work

The existing work on dominant noise analysis fails to collectively consider the
various physical parameters in a sufficiently accurate model. Different noise injection
mechanisms are investigated and quantified in [122], but the primary emphasis is on
the generation rather than the propagation of the noise throughout the substrate.
In [195], the value of inductance at which the power/ground coupling dominates is
provided for a scaled buffer circuit. The effects of the other parameters, however, have
not been investigated. In [126], the impact of technology scaling on different noise
generation mechanisms is analytically examined. To determine the dominant noise
mechanism, the substrate resistance between the source and the victim is linearly
scaled with the number of switching gates to analyze the ground coupling. This
procedure, however, produces highly pessimistic results for ground coupling since an
additional contact in the substrate does not linearly decrease the substrate resistance
due to the mesh structure of the substrate. Furthermore, in [126], two extreme cases
are considered in analyzing ground noise: when the rise time is much smaller or much
greater than the inverse of the resonant frequency. The maximum noise, however,
typically occurs at an intermediate rise time rather than at one of the two extreme
cases, as shown in this chapter.

A macrolevel model is presented to evaluate the dominant substrate coupling

mechanism in the early stages of the design process, while considering multiple circuit
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parameters such as the number of simultaneously switching gates, rise time, on-
chip decoupling capacitance, package and on-chip parasitic inductance and resistance,
substrate resistance, substrate contact density, and the physical distance between the
aggressor and victim blocks. Identification of the dominant noise coupling mechanism
helps in comparing various substrate noise reduction techniques to determine the
preferable technique. Furthermore, the sensitivity of the substrate noise to various
parameters is evaluated as a function of rise time and number of switching gates.
Design implications of the dominant noise source and sensitivity analysis are also

discussed.

6.2 Substrate Coupling Model to Estimate Noise

Coupling from the noisy ground network and source/drain junction coupling are
considered to be the two primary noise generation mechanisms since coupling from
the power network is isolated due to the n-well capacitance. Specifically, ground
coupling dominates the power coupling until a sufficiently high frequency is reached,
beyond which both mechanisms affect the noise similarly, as described in [114].

A high resistivity non-epi substrate is assumed to provide enhanced isolation,
making the model applicable to mixed-signal circuits. Note that the model of the
substrate is resistive since the dielectric characteristics are negligible for frequencies

below about 10 GHz for a high resistivity substrate, as described in [139]. Models
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for ground bounce coupling and source/drain junction coupling for a single switching
gate, and for multiple gates are described, respectively, in Sections 6.2.1 and 6.2.2.

Validation of the model is described in Section 6.2.3.

6.2.1 Substrate Coupling for a Single Switching Gate

Noise on the ground network resistively couples into the substrate through the
substrate contacts. The ground noise is quantified, assuming that the substrate net-
work does not affect the ground noise due to the high impedance of the substrate
as compared to the ground network. An expression for the peak-to-peak ground
noise (Vyna)pp has been developed in Chapter 4 as a function of package and on-chip
parasitic impedances L, and R, on-chip decoupling capacitor Cy, effective series re-
sistance of the capacitor R, current source rise time (¢,);, and peak current (g;)p.
This expression is used in this section to estimate substrate noise at the victim node,
as illustrated in Fig 6.1. In Fig. 6.1, the substrate resistance between the contact
and bulk of the device is represented by R.. Rgs: represents the equivalent substrate
resistance between the bulk and the victim node of the sensitive analog circuit. R, is
the equivalent substrate resistance between the victim node and the analog contact.
Note that the victim node refers to the bulk node within the victim device. R,y and

L4ng represent the parasitic impedance of the analog ground network.
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Figure 6.1: Equivalent model to estimate two types of substrate coupling mechanisms
for a single switching gate: (1) ground coupling and (2) source and drain junction
coupling.

The substrate noise at the victim node due to ground coupling can be approxi-

mated as

(V:cmd)pp Lang
‘/:S— T ~ Ran R’UC 9 6.1
( g d)pp Rcb + Rdist + va( g + + tr ) ( )

where (Vjn4)pp is determined by (4.19).

Noise couples into the substrate through the source/drain junction capacitance of
the devices during switching. This noise source is modeled as a current source from
within the bulk of a device with a peak current of (Ipu), and a rise time of ¢, (which
is assumed to be equal to the rise time of the switching current). The substrate noise

at the victim node due to source/drain junction coupling can be approximated as

Rcb Lan
Vi_bu ~ (Iy, A Run R,. 9). 6.2
(Vecbuir)p = (Ip lk)pRchr R TR (Rang + Roe + y ) (6.2)
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The total noise at the victim node is the summation of (6.1) and (6.2),

(Vs—totat)pp = (Vs—gna)pp + (Vs—buir)p- (6.3)

6.2.2 Substrate Coupling Model for Multiple Switching Gates

The model introduced in the previous section for a single gate is extended to
analyze the effect of simultaneously switching gates on the substrate noise character-
istics. Each macromodel for a switching gate consists of two current sources, I,
and Iy,i—g, to represent the switching and bulk currents, respectively, and a sub-
strate resistance R., between the contact and bulk, assuming the gate has a substrate
contact.

These gates are connected as shown in Fig. 6.2 to obtain a model of substrate
coupling for multiple gates, assuming the aggressor consists of standard cells. For a
given number of switching gates n, L and M gates are placed in the horizontal and
vertical directions, respectively, such that L x* M = n and the resulting rectangle is
as close as possible to a square in terms of the physical layout of the aggressor circuit.
The bulk node of each gate located along the horizontal direction is connected through
a substrate resistance Ry,. The bulk regions of the gates located along the vertical
direction which share the same local ground line are vertically connected through the

resistance 2 x Rg.
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Figure 6.2: Equivalent circuit model to estimate substrate noise for multiple switching
gates.

The ground noise (Vj,4),p at each substrate contact location is determined from
(4.19) where the total peak current scales to n(/s,;_g),. Note that the switching gates
are assumed in this analysis to be identical. The peak-to-peak substrate noise at the
victim node (Vyietim)pp 1S the summation of the noise due to each contact and bulk

current source,

(Vfuictim)pp = [(Vgnd)ppTFcl Tt (Vgnd)z)pTFcn]

+[([bulk1)ppTﬂb1 T (Ibulkn)ppTFian (64)
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where TF,.,...,TF,, represent the voltage noise transfer function from the corre-
sponding contact location to the victim node, and T Fjy, ..., T'Fj, represent the cur-
rent noise transfer function from the corresponding bulk current source to the victim
node. These transfer functions are determined from the resistive substrate network,
as illustrated in Fig. 6.2. This model is used to quantify various noise sources and

evaluate the dominant coupling mechanism as a function of multiple parameters.

6.2.3 Extraction of Parameters and Model Validation

An industrial 90 nm CMOS technology with a lightly doped (non-epi type) sub-
strate is used to extract the parameters applied in this model. An inverter with NMOS
size, W/L = 0.31 pm / 0.1 pm, and PMOS size, W/L = 0.44 pm / 0.1 pm, is used in
all of the analyses presented in this paper. The layout of the two cells, as shown in
Fig. 6.3, is extracted using Assura and SubstrateStorm [196]. Related parameters are

listed in Table 6.1. The peak switching and bulk currents are obtained when the cell
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Table 6.1: Extracted parameters characterizing an inverter.

Parameter Value
(W/L)nmos | 0.31 pm /0.1 pm
(W/L)pmos | 0.44 pm / 0.1 pm
(Iswi—g)p 57.5 pA
Uvuik—g)p 6.7 pA

Ry 16.8 k2

Ry 10.7 k2

Ryist 40 k2

Ryc 660 Q2

is driven by a ramp input with a 100 ps rise and fall time which drives an identical
gate. The substrate resistances Ry and R,. are similarly extracted assuming the
victim node is located 100 pym from the aggressor circuit, and placed within a p+
guard ring with 15 analog substrate contacts.

At a certain number of switching gates, the estimated peak-to-peak substrate
noise is characterized by (6.4). This expression is compared with SPICE in Fig. 6.4,
where n =200, Ly = Lgpg = 1 nH, Cy = 10 pF, Ry = Rapg = 2.2 Q, and Rqg = 0.1 Q.
The model accurately captures the nonmonotonic dependence of the substrate noise
on rise time, exhibiting a maximum error of 18.4%. Note that this error is due to
approximating the noise as a ramp function (which is a better assumption for smaller
rise times) and the effect of feedback on the nonlinear devices, which is not captured

in the model.
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Figure 6.4: Comparison of peak-to-peak substrate noise as a function of the rise time
obtained from SPICE simulations and (6.4).

6.3 Dominant Substrate Noise Coupling Mechan-
sism

The models and expressions for ground and source/drain coupling are used in this
section to evaluate the dominant substrate noise generation mechanism. The bound-
ary conditions are determined where the ground coupling exceeds the source/drain
coupling. These conditions are presented as a function of the parasitic inductance
L, decoupling capacitor Cy, rise time ¢,, and number of switching gates n.

The extraction and simulation of large scale circuits to determine the dominant
noise generation mechanism is not feasible due to the high computational require-
ments since the logic gates, power/ground network, and substrate must all be con-

sidered together [129], [133], [136]. A sufficiently accurate model which includes the
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effects of multiple parameters on the dominant noise is therefore required. The mod-
els and expressions presented in this paper are used to compare source/drain coupling
with ground coupling, thereby providing improved understanding of the behavior of
these two noise generation mechanisms as a function of multiple parameters.

Based on the model shown in Fig. 6.2, a specific number of switching gates exists
beyond which ground coupling exceeds source/drain coupling. This number depends
primarily upon the rise time, parasitic inductance, and decoupling capacitance. The
effect of the number of switching gates, decoupling capacitance, and parasitic in-
ductance on the dominant noise generation mechanism is explained, respectively, in

Sections 6.3.1 and 6.3.2.

6.3.1 Effect of Circuit Size on the Dominant Noise Coupling
Mechanism

As a greater number of gates simultaneously switch, the ground noise on each
substrate contact increases due to the additional supply current. The ground coupling
component of the substrate noise therefore increases with a larger number of switching
gates. Furthermore, each switching gate injects noise from the junction capacitances,
increasing the source/drain junction coupling mechanism. Alternatively, a contact
filters the noise injected by the source/drain junction coupling and ground coupling

from the other contacts, reducing the overall substrate noise.
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Figure 6.5: Number of simultaneously switching gates vs. substrate noise as predicted
by (6.4) when (t,), = 250 ps, L, = 1 nH, C; = 10 pF, R, = 2.2 Q, R; = 0.1 Q,
Ry, = 16.8 kQ, Ry = 10.7 k), Rgse = 40 kQ, Ry = 660 €, Ry = 2.2 Q, and
L.y, = 1 nH. (a) Each gate has a substrate contact, (b) two gates share one substrate
contact.

An example of source/drain coupling, ground coupling, and the total noise vs.
number of switching gates is shown in Fig. 6.5, as predicted based on the model il-
lustrated in Fig. 6.2. For a small number of switching gates, source/drain coupling
dominates the ground coupling. For a larger number of switching gates, the ground
coupling increases at a faster rate as compared to the source/drain coupling due to an
increase in the overall supply current and number of contacts. The noise injected from
the source/drain coupling is primarily filtered by these contacts rather than propa-
gated towards the sense node. The source/drain coupling component of the substrate
noise is therefore primarily produced by those gates closest to the sense node. At

a certain number of switching gates, the ground coupling becomes larger than the
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source/drain coupling. Note that this crossover number is higher in Fig. 6.5(b) where
the two gates share one contact as opposed to Fig. 6.5(a) where a contact exists for
each gate.

Ground coupling starts to dominate source/drain coupling beyond this crossover
point. For large scale circuits with a significant number of switching gates, ground
coupling is expected to be the dominant substrate noise generation mechanism. The
source/drain coupling is effective only for those small number of gates which are suf-
ficiently close to the sense node. For localized noise analysis, however, the effect of
source/drain coupling cannot be neglected. Note that the specific number of switch-
ing gates where the crossover occurs is highly dependent on the rise time, parasitic

inductance, and decoupling capacitance, as explained in the following section.

6.3.2 Effect of Rise Time, Inductance, and Capacitance on
Dominant Noise Coupling Mechanism

The peak-to-peak ground noise is a function of the rise time of the current load,
parasitic inductance of the ground network, and the decoupling capacitance in the
circuit, as specified by (4.19). Correspondingly, these parameters determine the domi-
nant substrate noise generation mechanism by affecting the number of switching gates
at which ground coupling surpasses source/drain coupling. These crossover points are

numerically determined at each rise time using (6.4) to quantify and compare those



181

500~
Ground coupling is dominant

400

Number of switching gates

200

| POINT 1

100 Source/drain coupling is dominant

I I I I I I I
0 100 200 300 400 600 700 800 900 1000

500
" Rise time (ps)
2x(L,C,)

Figure 6.6: For each rise time, the number of switching gates for which source/drain
coupling is equal to ground coupling is determined from (6.4). Regions 1 and 2
represent, respectively, the area where ground and source/drain coupling is dominant.
The operating parameters are L, = 1 nH, Cy = 10 pF, R, = 2.2 Q, Ry = 0.1 Q,
Ry, = 16.8 kQ, Ry = 10.7 k2, Rgise = 40 kQ, R,. = 660 Q, Ry,g = 2.2 Q, and
Long = 1 nH.

regions where ground and source/drain coupling are dominant. The results are illus-
trated in Fig. 6.6. At each rise time, the number of switching gates at which ground
coupling is equal to source/drain coupling is illustrated. Hence, the area above the
curve represents the region where ground coupling is dominant (region 1) and, corre-
spondingly, source/drain coupling is dominant under the curve (region 2). Note that
this graph is obtained for a specific value of decoupling capacitance and parasitic
inductance.

For sufficiently small rise times, the ground noise is relatively low since the de-
coupling capacitance is effective. The number of switching gates where the crossover

occurs is therefore the greatest for small rise times. This crossover point decreases
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Figure 6.7: Effect of decoupling capacitance on the dominant noise coupling mecha-
nism. In this figure, the data shown in Fig. 6.6 are obtained for different decoupling
capacitances while the other circuit parameters are maintained the same.

as the rise time increases and is smallest at ¢, ~ 2\/(LgTd) where the ground noise
is greatest, maximizing the area of region 1. As the rise time further increases, the
ground noise decreases due to lower L 0i/0t noise, increasing the area of region
2. Note that for small rise times or, equivalently, at higher operating frequencies,
source/drain coupling becomes the significant noise injection mechanism.

The same graph is obtained for different decoupling capacitances and parasitic in-
ductances to evaluate the effect of these parameters on the dominant noise generation
mechanism, as illustrated in Figs. 6.7 and 6.8, respectively. As the parasitic induc-
tance decreases or the decoupling capacitor increases, the area of region 1 decreases

while the area of region 2 increases. For example, at ¢, = 300 ps, the number of
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Figure 6.8: Effect of parasitic inductance on the dominant noise coupling mecha-
nism. In this figure, the data shown in Fig. 6.6 are obtained for different parasitic
inductances while the other circuit parameters are maintained the same.

switching gates n where the ground coupling is equal to the source/drain coupling is
146 for Cy = 10 pF. Alternatively, if Cy = 40 pF and 80 pF, n increases, respectively,
to 359 and 677, as shown in Fig 6.7. Similarly, at the same rise time, ground coupling
and source drain coupling are equal at n = 146 for L, = 1 nH and at n = 334 and 451
for L, = 0.25 nH and 125 pH, respectively, as shown in Fig 6.8. Thus, for circuits with
flip-chip packages and sufficiently high decoupling capacitance, source/drain coupling

cannot be neglected and may be the dominant substrate noise generation mechanism.
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6.4 Parameter Sensitivity

As described in the previous section, the dominant noise injection mechanism is
determined by multiple circuit parameters. Correspondingly, the sensitivity of noise
to these parameters varies with respect to the operating point and the dominant
noise source. As such, a particular circuit level noise reduction technique may be
more efficient as compared to other techniques for a certain set of operating points.
The normalized noise sensitivity as a function of rise time and number of switching
gates is evaluated in this section based on the model illustrated in Fig. 6.1. The

normalized sensitivity S of the substrate noise (Vs_iota1)pp t0 a parameter p; is

A(Vvsftotal )pp

S(Vs—tomz)pp: lim (Vs—totat)op Di a(VS—total)pp’ (6.5)
pi Ap;—0 % (‘/s—total)pp apl

where Vi ot (the total substrate noise at the victim node) is given by (6.3). For
multiple switching gates, the resistance R, is scaled by n where n is the number of
switching gates tied to a substrate contact. Alternatively, Rg;; remains the same,
assuming that the analog circuit is sufficiently far from all of the switching gates.
The normalized sensitivity of the substrate noise as a function of rise time and
number of switching gates, as determined by (6.5), is shown, respectively, in Figs. 6.9(a)
and 6.9(b). The sensitivity of the noise to the decoupling capacitance is high at small

rise times and decreases with increasing rise time. Alternatively, the sensitivity to the
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Figure 6.9: Substrate noise sensitivity when L, = 1 nH, Cy = 10 pF, R, = 2.2 ,
Ry=0.19Q, Ry =10.7 kQ, Rassr = 40 kQ, Rye = 660 Q, Rang = 2.2 Q, and Long = 1
nH, (a) As a function of rise time when n = 400, (b) As a function of the number of
switching gates when ¢, = 100 ps.

parasitic inductance is low at small rise times and increases with longer rise times.
This behavior is due to the rise time dependent ratio of the switching current sourced
by the decoupling capacitance and the power supply through the parasitic inductance.
Note that the sensitivity to the rise time crosses over at zero when ¢, ~ 2\/m ,
demonstrating the non-monotonic dependence of noise on the rise time, as shown in
Fig 6.4.

The sensitivity to the switching current, parasitic inductance, decoupling capac-
itance, and rise time increases with a larger number of switching gates, as shown in
Fig. 6.9(b), since the ground coupling starts to dominate for large scale circuits. For
a small number of switching gates, the sensitivity to the total bulk current is suffi-
ciently high, increasing the ability of the substrate contacts to reduce noise in small

scale circuits, as described in the following section.
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6.5 Design Implications

The design implications of the proposed macrolevel model to identify the dominant
noise source and parameter sensitivities are discussed in this section. Specifically, the
efficiency of increasing the substrate contact density, reducing the package and on-
chip parasitic inductance, and placing additional on-chip decoupling capacitance is
compared as a function of the rise time and number of switching gates. The noise
reduction achieved by these techniques is listed in Table 6.2. This comparison can
be used to determine the preferable noise reduction technique at early stages of the

design process, as further described in the following subsections.

6.5.1 Increasing Substrate Contact Density

For those cases where source/drain coupling dominates, increasing the number of
substrate contacts or placing a p+ guard ring around the aggressor circuit achieves
enhanced noise reduction as compared to reducing the parasitic inductance or in-
creasing the decoupling capacitance. Alternatively, if ground coupling is the domi-
nant coupling mechanism, placing additional decoupling capacitance and reducing
the parasitic inductance are more efficient techniques. This comparison is illustrated
by points 1 and 2 in Fig 6.6, which represent, respectively, the dominance of ground
coupling and source/drain coupling. For point 2, the peak-to-peak substrate noise is

reduced by 31% by doubling the number of substrate contacts. Lowering the parasitic
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Table 6.2: Effect of the decoupling capacitance, parasitic inductance, and substrate
contact density on reducing the peak-to-peak substrate noise at various operating

points.

Rise time Number of switching gates
(ps) 50
Cq=10pF | C4 =20 pF | Reduction
70 4.5 mV 4.1 mV 8.9%
200 4.9 mV 4.5 mV 8.2%
400 4.8 mV 4.5 mV 6.3%
800 4.6 mV 4.4 mV 4.3%
Ly;=1nH | Ly, =0.5nH | Reduction
70 4.5 mV 4.4 mV 2.2%
200 4.9 mV 4.6 mV 6.1%
400 4.8 mV 4.4 mV 8.3%
800 4.6 mV 4.3 mV 6.5%
sc = g(fr:fe dse = ﬁ Reduction
70 6.6 mV 4.5 mV 31.8%
200 7.1 mV 4.9 mV 31%
400 6.9 mV 4.8 mV 30.4%
800 6.7 mV 4.6 mV 31.3%
Rise time Number of switching gates
(ps) 200
Cy=10pF | C4 =20 pF | Reduction
70 13.5 mV 10.4 mV 22.9%
200 17.5 mV 13.5 mV 22.8%
400 16.7 mV 14.3 mV 14.4%
800 14.4 mV 13.3 mV 7.6%
Ly;=1nH | L; =0.5nH | Reduction
70 13.5 mV 12.6 mV 6.7%
200 17.5 mV 14.3 mV 18.3%
400 16.7 mV 13.4 mV 19.8%
800 14.4 mV 12.3 mV 14.6%
sc = q%tEe dse = ﬁ Reduction
70 17.7 mV 13.5 mV 23.7%
200 21.6 mV 17.5 mV 19%
400 20.7 mV 16.7 mV 19.3%
800 18.5 mV 14.4 mV 22.2%
Rise time Number of switching gates
(ps) 700
Cy=10pF | C4 =20 pF | Reduction
70 55.5 mV 34.4 mV 38%
200 83.6 mV 56 mV 33%
400 78 mV 61.5 mV 21.2%
800 62.6 mV 55.1 mV 12%
Ly,=1nH | Ly, =0.5nH | Reduction
70 55.5 mV 49.2 mV 11.4%
200 83.6 mV 61.7 mV 26.2%
400 78 mV 55.2 mV 29.2%
800 62.6 mV 47.7 mV 23.8%
dsec = g%‘fe dse = ﬁ Reduction
70 63 mV 55.5 mV 11.9%
200 90.5 mV 83.6 mV 7.6%
400 85 mV 78 mV 8.2%
800 70 mV 62.6 mV 10.6%
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Figure 6.10: Comparison of noise reduction techniques when L, = 1 nH, Cyq = 10 pF,
R, =22, Ry =01, Rypg =22, and Ly, = 1 nH: (a) As a function of the
number of switching gates at ¢, = 400 ps. (b) As a function of the rise time when
n = 700.

inductance by a factor of four reduces the noise by only 3.5%. Similarly, increasing the
decoupling capacitance by a factor of four reduces the noise by 10.5%. Alternatively,
for point 1, where ground coupling is dominant, doubling the number of substrate
contacts achieves a 12.1% reduction in noise while reducing the parasitic inductance
and increasing the decoupling capacitance, each by a factor of four, reduces the noise
by, respectively, 34.1% and 42.8%. The efficiency of increasing the substrate contact
density is compared with reducing the parasitic inductance and increasing the de-
coupling capacitance in Fig. 6.10(a), demonstrating the significance of the number of

contacts on small scale circuits where source/drain coupling is dominant.
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6.5.2 Increasing Decoupling Capacitance vs. Reducing Par-
asitic Inductance

The efficiency of placing additional decoupling capacitance and reducing the par-
asitic inductance is a strong function of rise time, as illustrated by the sensitivities
shown in Fig. 4.7(a). The efficiency of these two techniques is compared in Fig 6.10(b).
At t, = 70 ps, doubling the decoupling capacitance achieves a 39% reduction in the
peak-to-peak substrate noise where 2@ = 200 ps. Halving the parasitic in-
ductance, however, achieves a reduction of only 11%. Alternatively, at ¢, = 800 ps,
halving the parasitic inductance achieves enhanced noise reduction of 23%, while dou-
bling the decoupling capacitance reduces the noise by 12%. Specifically, increasing
the decoupling capacitance is effective for £, < 2\/m, while reducing the parasitic

inductance is effective for ¢, > 2.,/L,Cy.

6.6 Summary

A substrate coupling model for multiple switching gates is presented for macrolevel
analysis of the various substrate noise coupling mechanisms. The model accurately
captures the effects of multiple parameters, as validated by SPICE. The proposed
model identifies the dominant noise source at the early stages of the design process

as a function of multiple parameters. Specifically, the regions where ground coupling
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and source/drain coupling dominate can be determined based on this model. Ground
coupling tends to dominate if a larger number of gates are switching. For a sufficiently
high decoupling capacitance and low parasitic inductance, such as a flip-chip package,
source/drain coupling is shown to be the dominant noise coupling mechanism. Iden-
tification of the dominant noise source and parameter sensitivity analysis are used to

determine the most efficient noise reduction technique.
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Chapter 7

Efficient Substrate Noise Analysis
in Large Scale Mixed-Signal
Circuits

Reasonably accurate and computationally efficient estimation of the substrate
noise is an important design issue. Overestimating the substrate noise can result
in the use of overly conservative noise isolation techniques, consuming excessive re-
sources. Alternatively, underestimating the noise can cause a circuit to fail. Efficient
and reasonably accurate analysis of the substrate coupling noise at the boundary of
a sensitive block is, however, a challenging task due to the high computational com-
plexity of the substrate extraction process, as described in Chapter 3. A high level
analysis methodology that exhibits low computational complexity while achieving
reasonable accuracy is therefore necessary.

A methodology is introduced in this chapter to efficiently analyze the substrate
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noise generated by an aggressor block. The methodology is based on identifying volt-
age domains within the substrate of an aggressor circuit. A voltage domain represents
a region within the substrate that is biased with approximately the same voltage by
substrate contacts, and is therefore effectively shorted. These voltage domains are
determined from the difference in the transient voltage among the substrate contacts.
Each domain is represented by a single equivalent contact, thereby reducing the over-
all number of input ports that need to be extracted. For n number of input ports, a
minimum of (n? —n)/2 number of substrate resistors are required to model the sub-
strate, assuming a quasi-static approximation. A reduction in the number of input
ports, therefore, quadratically reduces the number of extracted substrate resistors.

A linear time algorithm is proposed to determine the voltage domains within
a substrate by analyzing the transient voltage differences among the substrate con-
tacts. Those contacts exhibiting a voltage difference smaller than a specified value are
merged, and an equivalent contact is placed at the geometric mean of the merged con-
tacts. The impedance of the ground network is updated to maintain accuracy. This
methodology achieves more than four orders of magnitude reduction in the number of
substrate resistors as compared to a detailed extraction of the circuit at the expense
of 24% error in the peak-to-peak substrate noise voltage.

The rest of the chapter is organized as follows. The concept of voltage domains

within the substrate to reduce computational complexity is described in Section 7.1.
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The proposed methodology is introduced in Section 7.2. Simulation results of two
different circuits are described in Section 7.3. Limitations of the methodology are

discussed in Section 7.4. Finally, the chapter is summarized in Section 7.5.

7.1 Voltage Domains Within the Substrate

In a mixed-signal circuit, a common approach to bias the substrate of a digital
block is to connect the substrate to the digital ground network with substrate contacts.
Due to the parasitic impedance of the ground network, each substrate contact has an
IR+ L 0i/0t voltage bounce which resistively couples into the substrate. As such,
if the voltage variation between a set of substrate contacts is sufficiently small, the
corresponding area of the substrate is effectively short-circuited by these contacts, as
illustrated in Fig. 7.1.

The transient voltage difference between two contacts C'; and C5 is determined by

. 0i(t
Ver — Ve = Vig = i(t)12R12 + L12%7 (7.1)

where i(t)12 is the transient current of the ground network flowing from C to Cy
injected by the switching gates. Ry, and Lis are, respectively, the parasitic resistance
and inductance of the ground network between C and C5. Referring to Fig. 7.1, the

transient voltage difference among the contacts C'y, C5, and C5 and among C}, Cs,
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Figure 7.1: Identifying the voltage domains within the substrate. Assuming Vo ~
Vo &= Vs and Vg = Vs &= Vg, two voltage domains are created by the first and
last three contacts. A coarse extraction is performed within each domain to reduce
the computational complexity, followed by a fine extraction of those domains where
the dominant current flow occurs.

and Cj is assumed to be sufficiently small such that, respectively, Vo, & Voo & Vg
and Voy &~ Vos & Vg, As a result, the corresponding area biased by the first three
contacts determines the first voltage domain on the substrate and, similarly, the last
three contacts determine the second voltage domain. Since the voltage variations
within a domain are sufficiently small, the dominant current flow occurs among these
voltage domains. The small spatial voltage differences within the ground network can
therefore be exploited to reduce the overall number of input ports for extraction.
An algorithm is described in this chapter to identify these voltage domains on
the substrate. An equivalent contact is created for each domain while neglecting the
other ports within that domain. The number of input ports is reduced, significantly

improving the computational complexity of the extraction process.
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Figure 7.2: Flowchart summarizing the proposed methodology to analyze substrate
noise in a large scale mixed-signal circuit.

7.2 Substrate Noise Analysis Methodology

The proposed methodology for efficiently estimating the substrate noise generated
by an aggressive digital circuit consists of five steps, as described below and also

illustrated in the flowchart shown in Fig. 7.2.

e Step 1. The local ground distribution network is extracted to obtain the par-
asitic resistance and inductance between each substrate contact. In a digital
integrated circuit, the power/ground network is designed in a hierarchical ap-
proach, as shown in Fig. 7.3 [12], [197]. The upper metal layers span the entire
die, forming a regular global mesh. The purpose of these upper metal layers

is to distribute power/ground while minimizing the ohmic and inductive losses
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Figure 7.3: In a typical power/ground distribution network, upper metal layers span
the entire die, forming a global mesh. The power/ground network is distributed to
the devices in each macroblock through the local distribution network, represented
as a tree.

throughout the die. Power is supplied to the devices in each macroblock by
means of the local power distribution network which can be generally repre-
sented as a tree. Note that the substrate contacts are located on the first metal
layer, and therefore, are part of the local ground network. The proposed ap-
proach assumes an ideal ground for those points where the local tree is connected
to the global mesh. Consequently, the local ground network can be mapped to a
tree data structure where each substrate contact is a node and the ideal ground

is the root of the tree.

e Step 2. The current injected into each substrate contact by the switching cir-
cuit is characterized over a specific time window for a specific set of input vectors

generating sufficient switching activity. For a large digital block, these current
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Figure 7.4: The current injected into each substrate contact by the switching circuit is
characterized over a specific time window. The current injected by those cells located
between two contacts is shifted to the previous contact such that i.[t] = i1 [t] + i2t],
ica[t] = ist] + 1a[t], ica[t] = i5[t] + t6[t], and ica[t] = i7[t] + ds[t].

profiles can be obtained by pre-characterizing each standard cell within each li-
brary followed by a behavioral simulation of the circuit to extract the switching
time of each cell [123], [148]. The current injected by those cells located between
two contacts is shifted to the previous contact to prevent overly optimistic re-
sults, as illustrated in Fig. 7.4. The total switching current injected into the first
substrate contact (c1) is equal to iy [t] +i2[t]. Similarly, for the second substrate
contact (c2), the injected current is equal to i3[t] + i4[t]. The transient voltage
difference between ¢; and ¢y is therefore approximated as (is[t] + i4[t]) Z(12)
where Z(12) is the RL impedance between the contacts, as determined by Step

1. Note that this approximation is pessimistic since the average current flowing
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through this impedance is, in reality, less than i3[t] 4 i4[t].

e Step 3. The proposed algorithm is performed to determine the voltage do-
mains based on the data obtained from the first two steps and an additional
parameter Vj;,, that defines the condition when to merge a set of contacts. The
ground network impedances are updated based on the algorithm to maintain
sufficient accuracy. Note that V;,,, provides flexibility to exploit accuracy versus

complexity tradeoffs, as described in Section 7.3.

e Step 4. For each voltage domain determined in Step 3, an equivalent contact
with the same physical size is placed at the geometric mean of the merged
contacts. All of the remaining ports into the substrate within that voltage
domain, such as the source/drain regions of the devices, are neglected to reduce

the computational complexity.

e Step 5. The substrate is extracted with these equivalent contacts which are
also connected to the updated ground network. The resulting netlist is analyzed
to determine the substrate noise at the sense node located around the sensitive

block.

A theoretical analysis of the methodology is provided in Section 7.2.1. The contact
merging algorithm identifying the voltage domains and creating an equivalent contact

for each domain is described in Section 7.2.2. Bounds on the error in estimating the
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substrate noise are discussed in Section 7.2.3. The time complexity of the contact

merging algorithm is analyzed in Section 7.2.4.

7.2.1 Theoretical Analysis

Each substrate contact behaves as a noise source, injecting ground noise into the
substrate. These contacts are considered as input ports for the extraction of the
substrate. In the best case, (n? —n)/2 number of substrate resistances are required
to model the substrate with n number of input ports. If, however, the noise on a set
of input ports is sufficiently close, these ports identify a voltage domain that can be
represented by an equivalent port, reducing the overall number of input ports that
need to be extracted.

This reduction in the number of input ports is demonstrated by a simple exam-
ple, as illustrated in Fig. 7.5, where the substrate is modeled as a two-dimensional
resistive mesh. Points A and B represent two substrate contacts with noise voltages,
respectively, V' and V — e. Note that these noise voltages are due to the switching
current flowing through the parasitic impedance of the ground network. R. represents
the substrate contact resistance. K is a location on the substrate where the distance
among the points A, B, and K is identical. The sense node is connected to the analog
ground with a resistance R,. This circuit is modeled with equivalent resistances, as

shown in Fig. 7.6(a), where Ry is the equivalent substrate resistance among points
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Figure 7.5: Two substrate contacts A and B acting as noise sources, where the sub-
strate is represented as a 2-D resistive mesh.
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Figure 7.6: Equivalent circuit to analyze the impact of two noise sources with similar
noise voltages on the substrate: (a) Before merging. (b) After merging.

A, B, and K, and Ry is the equivalent substrate resistance between point K and the

sense node. Based on Fig. 7.6(a), the noise V3 at the sense node due to two noise
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sources A and B is

R,(2V —¢)
Ve = . 7.2
" 9R, +2R;+ R, + R, (7:2)

Assuming the two noise sources A and B are merged into a single noise source C, as

shown in Fig. 7.6(b), the noise V? at the sense node due to this equivalent noise
g eqn

source is

4R,V
Ve, = . . 7.3
“" 4R, +4R4+ 3R + 4R, (7.3)

The error in merging the two noise sources into an equivalent noise source is

E=|V5—V: . (7.4)

a eqn

The contact resistance R, is typically in the range of ohms and therefore much smaller
than the substrate resistance R, which is in the range of kilo-ohms for a bulk type
substrate [198]. Similarly, R is much smaller than R, assuming that the sense node

is far from the noise sources. The error can therefore be approximated as

R.e
J DS —— A — 7.5
2R, + 2Ry (75)
Since R, is also much smaller than Ry, the error can be further simplified to
R,
B~ 2t (7.6)



202

Note that € is the voltage difference between the substrate contacts A and B that
are merged into a single noise source C. This voltage difference is scaled by R,/2Ry
where R; > R, to determine the error at the sense node on the substrate. The error
therefore grows with increasing e (or Vi, in the proposed algorithm) and decreases
with increasing physical distance between the noise sources and the sense node.

As an example, the substrate is modeled as a 25 x 25 mesh where the the unit
resistance R,, and the substrate contact resistance R, are determined, respectively,
as 3 KQ and 18 € for a 90 nm CMOS technology with V;; = 1.2 volts with a bulk
type substrate. Assuming the ground bounce is within 15% of Vg4, two substrate
contacts with noise voltages, respectively, 80 mV and 100 mV, are placed on the
substrate as illustrated in Fig. 7.5. The resistance R, is extracted as 1.4 K(2 using
SubstrateStorm assuming the sense node is placed within a p+ guard ring with ten
analog substrate contacts. The circuit is analyzed using SPICE and the noise at the
sense node is determined as 12.8 mV. If these two noise sources are merged, the noise
at the sense node is 13.2 mV with a single equivalent noise source. Noise sources
with different noise voltages and the error at the sense node obtained from SPICE
simulations and (7.4) are listed in Table 7.1. Note that the equivalent resistances Ry
and Ry are determined from the mesh, respectively, as 3.4 K and 8.54 K. The
SPICE results obtained from simulating the mesh are compared with (7.4). Note that

the error increases with increasing e.
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Table 7.1: Error comparison due to merging contacts obtained by SPICE and (7.4)
for different noise voltages.

Va Vs Noise at Error (mV) | Error (mV)

(mV) | (mV) | sense (mV) SPICE Eqn. (7.4)
RO o Y
e W W5 |
B I 2 T

This example demonstrates that the noise sources with approximately equal volt-
ages can be represented with a single noise source with sufficiently small error due to
the mesh structure of the substrate. The proposed algorithm to reduce the overall
number of input ports before extracting the substrate by exploiting this characteristic

is described in the following section.

7.2.2 Contact Merging Algorithm

The extracted local ground network (including the substrate contacts) of the ag-
gressor circuit is mapped to a tree data structure where each substrate contact and
intersection are represented as nodes. The root of the tree is represented by the ideal
ground where the local tree is connected to the global mesh. Each node in the tree

is characterized by seven elements:

e ij(node) represents the switching current profile injected into the node by the

switching gates. Note that each current profile includes the switching time
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information which is obtained at a specific time window and stored in an array
at discrete time points. This timing information is obtained through a gate

level behavioral simulation of the digital circuit.

® oyt (node) represents the total switching current profile flowing from the node

towards the parent of the node.

e R(node) represents the parasitic resistance of the ground interconnect between

the node and the parent of the node.

e [(node) represents the parasitic inductance of the ground interconnect between

the node and the parent of the node.

e (C,(node) represents the xy, child of the node.

e nc(node) represents the number of children of the node.

o Vyirr(node) represents the peak value of the transient voltage difference between

the node and the parent of the node.

An example structure is shown in Fig. 7.7 to illustrate these elements, and the inputs
and outputs of the algorithm.

The algorithm traverses the entire tree starting from the leaf nodes to evaluate
the voltage difference Vy;rr(node) between each node and parent. If the peak value

of this transient voltage difference is smaller than the limit voltage Vj;,,, which is an
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Figure 7.7: First metal layer of the digital ground network mapped to a tree where
each node represents a substrate contact and the root is assumed to be the ideal
ground where the local tree is connected to the global mesh: (a) Before merging. All
seven elements are illustrated for node Cy, (b) After merging. Note that ip(node),
R(node), and L(node) are updated as shown for node C,2 to maintain the voltage

on the node with the least error.
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input parameter, those nodes are merged into a single node and the node voltage is
updated by modifying the resistance and inductance to maintain the absolute voltage
with the least error. Note that rather than calculating the absolute voltages to deter-
mine whether the nodes should be merged, the voltage difference between the nodes,
based on the current profile and the parasitic impedances, is sufficient. The analysis
of the voltage difference rather than the absolute voltages significantly reduces the
complexity and memory requirements of the algorithm.

Pseudo-code of the proposed recursive algorithm MERGE-CONTACTS is pro-
vided in Fig. 7.8. The algorithm starts with the root and V};,,, as specified by the user,
for the first and second arguments, respectively. In lines 1-4, MERGE-CONTACTS
is recalled for each node in the tree until the leaves are reached. The peak voltage dif-
ference Vy;rr(node) between each leaf and the parent is calculated in line 21. In lines
6-13, the child with the greatest voltage difference between the parent is identified
and called bigChild. If this voltage difference is smaller than V;,, all of the children
and the parent are merged into one node and the resistance, inductance, and the
switching current profile of the merged node are updated in lines 15-17 to maintain
the original transient voltage with the least error. The procedure for updating the
impedances is illustrated in Fig. 7.9 for a simpler case. Assuming the peak voltage
difference between C and Cj is less than Vj;,, these two nodes are merged into C,,.

The resistance and inductance of (), are incremented, respectively, by AR and AL
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MERGE-CONTACTS (node, Viin,)

1. if node =! leaf

2. for x = l:1l:nc(node)

3 MERGE-CONTACTS( Cy(node), Viim)

4. end

5. dgu(node) = ip(node) + igu (C1(node)) + ... + igup (Cr(node))
6. Vidiff—max) = Vaifr(C1(node))

7. bigChild = C(node)

8. for x=2:1:nc(node)

9. if Vaipy(Cz(node)) > Vigiff—max)

10. V(diff—maz): Vdiff(Cx(node))

11. bigChild = C,(node)

12. end

13. end

14. if ‘/(difffmar) < Viim

15.  R(node) = R(node) + R(bigChild) mamza(gl;("‘";zg[(:iifz%ﬂ)

16, L(node) = L(node) + L(bigChild) ™ ot OO0t
17. ifg(node) = i (node) + iy (Cr(node)) + ... + iy (Cr(node))
18. Correct(node, bigChild)

19. end

20. end

21. Vaigf(node) = R(node)max iy (node)) + L(node)max(w)

ot

Figure 7.8: Pseudo-code to merge the substrate contacts on the ground network based
on spatial transient voltage differences.
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Figure 7.9: Illustration of impedance updated after merging two nodes. The resistance
and inductance are incremented, respectively, by AR and AL to maintain the original
voltage with the least error.

to compensate for the voltage loss caused by merging C; and C5 such that

. aiouﬁ [t] . aiDUtm [t]
L =A AL———=. )
Lout2 [t]R2 + Lo at Rzoutm [t] + at (7 7)
Since iy is equal to 14,1, AR and AL are given by, respectively,
AR = sz, (7.8)
maz(|ioun [t]])
AL =1, max(|0iguzt]/Ot|) (7.9)

maz (|Oipun [t]/0t])

Note that the algorithm maintains the peak value of the absolute voltage after merg-

ing. As such, the maximum value of the currents are considered when updating the
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impedance. Another option is to consider the rms value rather than the maximum
value. The rms value, however, produces a larger error in the substrate noise. As-

suming i,[t] = 0 in Fig. 7.9, (7.8) and (7.9) can be rewritten as

maz([iz[t]])

AR = (i) + ia])

(7.10)

max(|0iz[t]/Ot])

AL = Lot (00 1] + ialt]) 0])

(7.11)

The updated resistance and inductance of the merged node C,, are therefore, respec-

tively,

Rn = Ry + AR, (7.12)

L =L+ AL. (7.13)

If the node has more than one child, merging and updating the impedance of the
merged node is achieved based on bigChild. For example, in Fig. 7.7(a), Cy has two
children, C5 and Cs. Assuming Vy;rr(c5) is greater than Vi, r¢(c8) and less than Vi,
C5 is identified as the bigChild, and Cy, Cs, and Cy are merged into one node C,s.
The resistance and inductance of the merged node are updated based on Cj, as shown
in Fig. 7.7(b).

Since the nodes are merged based on the voltage difference of bigC'hild, a correc-

tion is required to maintain the original transient voltage for other children to prevent
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Chn C,

W @—— -~
I Varem)xa  Vyi(c9)x c+(a—b)

Figure 7.10: Hlustration of the C'orrect function. After the nodes Cy, C5, and Cy are
merged based on Vyirr(ch), Vairr(c9) shifts by (a — b) which is compensated by the
Correct function.

error accumulation, which is achieved by the C'orrect function in line 18. An example
of this process is shown in Fig. 7.10, illustrating the requirement for this function.
Assuming that Vyr(cb) = a is greater than Vyrr(c8) = b, and less than Vi;,;
nodes Cy, C5, and Cy are merged where bigChild is Cs. After merging, the impedance
of the merged node C,, is adjusted to make Vysr(cm) approximately equal to a.
After merging, the new parent of Cy is C,,, and Vy;77(c9) shifts by a — b. Note that
the error for Cy accumulates with additional merging. In order to prevent this error
accumulation, the impedance of Cy is updated by the Correct function to compensate
for the error a — b. Pseudo-code for the Correct function is shown in Fig. 7.11. The
voltage required to compensate this error is calculated in lines 2 and 3. The resistance
and inductance are correspondingly updated in lines 5 and 6. The upper bounds on

the error due to contact merging are discussed in the following section.
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Correct(node, bigChild)

1. for k = 1:1:nc(node)

2. Vigrr(R) = max[R(bigChild) iy (bigChild)
- R(Ck(node)) gyt (Cr(node))]

3. Vierr(L) = max|L(bigChild) ZewtaGioChild)

- L(Cy(node)) Lexta(Crlnode)

4. for p = 1:1:ne(Ck(node))

5. R(Cy(Cr(node))) = R(Cy(Cr(node))) - sty
6. L(Gy(Crlnode)) = L(Cy(Cr(node)) - — eyt
7. end

8. end

Figure 7.11: Pseudo-code of the C'orrect function to prevent error accumulation after
merging a set of contacts.

7.2.3 Bounds on Error

As described in the previous section, the decision as to which contacts to merge is
achieved based on the transient voltage difference among the contacts over a specific
time window. The maximum voltage difference over this time window is compared
with Vj;,, to determine whether the contacts can be merged. The resistance and
inductance of a merged contact are updated, respectively, in (7.12) and (7.13) to
maintain the peak value of the absolute voltage on the ground network. Referring to
Fig. 7.9, the error Et] on the ground network due to merging contacts C; and Cj

into an equivalent contact C, is determined by

E[t] = [Vealt] = Vemlt]], (7.14)
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Figure 7.12: Maximum error in the voltage of each contact due to merging: (a)
Ground network is composed of a single line with 60 substrate contacts, Vj;,, = 50
mV. Six voltage domains are identified. (b) Ground network is composed of a tree
with 632 substrate contacts, Vj;,, =5 mV. 105 voltage domains are identified.

where V., and V., are the voltages across, respectively, Cy and C,,. For a single
merge operation, the upper bound for this error is 2 x V;,,, (see Appendix A). For
n number of merges resulting in n number of voltage domains, the error is bounded
by 2n X Vjim, assuming the error introduced by each merge accumulates. In practice,
however, the error does not reach this value since the error values accumulate only
if the maximum error of each merge occurs at the same time. Furthermore, the
maximum error does not occur at the peak voltage since the algorithm maintains the
peak value of the voltage after merging. An example of the maximum error for each
contact is illustrated in Fig. 7.12 for two arbitrary ground networks. In Fig. 7.12(a),
the ground network is composed of a single line with 60 substrate contacts. Vi,
is equal to 50 mV, generating six voltage domains, as illustrated in Fig. 7.12(a).

The peak error for each contact is below the upper bound. Note that the error is
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sufficiently small at the beginning of a voltage domain and gradually increases to Vi,
as additional contacts are merged, as illustrated by the arrow in Fig. 7.12(a). When
the maximum number of contacts to be merged is reached, the error exhibits a sudden
decrease and starts to rise again for the following voltage domain. In Fig. 7.12(b),
the error of each contact is depicted for a tree structured ground network consisting
of 632 substrate contacts where Vj;,,, = 5 mV. Note that the voltage error at the
substrate contact determined from (7.14) and illustrated in Fig. 7.12 is scaled by the
substrate resistance between the contact and the sense node to determine the error

in the substrate noise at the sense node, as described in Section 7.2.1.

7.2.4 Complexity Analysis

In order to evaluate the time complexity of MERGE-CONTACTS, the total num-
ber of substrate contacts is N, where each contact is represented as a node in the
tree. In the worst case, for N number of nodes in the tree, N — 1 merges can be
achieved. For each merge, lines 5-17 shown in Fig. 7.8 require a time proportional
to the number of discrete time points in the current waveforms ¢. Line 18 requires
time proportional to k x [, where k is the number of children of the node and [ is the
number of grandchildren. The time complexity of MERGE-CONTACTS is therefore
O(N x (kl +t)), which reduces to linear time complexity O(N) since k, [, and ¢ are

constants. The algorithm, as implemented in Matlab, has been performed for various
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Figure 7.13: Dependency of CPU run time on the number of nodes, demonstrating
the linear complexity of the algorithm.

number of nodes. The dependence of the CPU run time on the number of nodes is

illustrated in Fig. 7.13, demonstrating the linear complexity of the algorithm.

7.3 Simulation Results

The proposed CONTACT-MERGE algorithm has been implemented in Matlab
to evaluate the proposed methodology. Two different aggressor circuits have been
analyzed to quantify the computational complexity and accuracy of the methodology.
The results obtained from the first and second circuits are described, respectively, in
Sections 7.3.1 and 7.3.2. The proper selection of Vj;,, for the algorithm is discussed

in Section 7.3.3.
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7.3.1 Circuit 1

The first circuit consists of a 4-bit carry select adder, a control unit, and scaled
buffers at the output, designed in a 0.18 pum CMOS technology on a bulk type sub-
strate. The parasitic resistance of the ground network is determined from the sheet
and via resistances. The sheet resistances are 95 m{2 and 80 mf2 for the first and
second metal layer, respectively, and the via resistance is 2 €2. Note that the parasitic
inductance of the ground network is neglected for this first circuit. The switching
current waveform (if(node)) for each contact is obtained through a transistor level
simulation for a specific time window since this circuit has been designed in a full
custom design methodology.

The CONTACT-MERGE algorithm is performed to identify the voltage domains
on the substrate. Four different voltages (0.05 volts, 0.1 volts, 0.25 volts, and
0.4 volts) are used for Vj;, to investigate the complexity versus accuracy tradeoff. For
Viim = 0.1 volts, nine voltage domains are identified. If V};, is increased to 0.25 volts,
three voltage domains are determined. Each of these domains is represented by an
equivalent substrate contact placed at the geometric mean of the merged contacts.
These domains are illustrated in Fig. 7.14. The dashed lines represent the first metal
layer and the solid lines represent the second metal layer of the ground network. The
substrate contacts are represented by circles. The diamonds represent the intersection

of two metal lines in the ground network. Note that the switching current for these
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Figure 7.14: Voltage domains on the substrate as determined by the CONTACT-
MERGE algorithm: (a) Vi, = 0.1 volts. Nine voltage domains are identified. (b)
Viim = 0.25 volts. Three voltage domains are identified.

nodes represented by a diamond is zero since these nodes do not represent substrate
contacts.

As shown in Fig. 7.14(a), a fewer number of nodes are merged for those contacts
closer to the ground pad. This behavior is due to the large voltage difference among
these contacts since the overall switching current flowing among these contacts is
relatively high. Similarly, depending upon the switching activity, a fewer number of
substrate contacts are merged for those blocks that inject higher current. Contacts
Cy1 to Cyg, shown in Fig. 7.14(a), belong to those output buffers sinking higher current
as compared to the other blocks in the circuit. Three different voltage domains are
therefore determined for these substrate contacts.

The substrate is extracted for the pre- and post-merging cases using SubstrateStorm

[196]. The noise is observed using Spectre at the sense node located 60 pm from the
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Table 7.2: Original and updated R(node) values of Cy; to Cyg for different values of
Win’w

R(node) (£2)

Original | Vjim = 0.05 volts | Vi = 0.1 volts | Vi = 0.25 volts
Cy 4.3
Cyo 4 8.2 16.7
N33 10.9 10.9
N3yq 7
Cly3 4.3 14 19
o 7 3.1
N3s 7
Cys 4.3
Clus 4 8.2 15.8
Car 11.3
Cis 1 15

nearest substrate contact. Note that the parasitic resistance among the substrate
contacts on the ground network (R(node)) and the current profile of each contact
(i (node)) are updated after merging based on the CONTACT-MERGE algorithm,
as described in Section 7.2.2. As an example, the value of the original and up-
dated R(node) after merging are listed in Table 7.2 for Cy; to Cys. For example, for
Viim = 0.1 volts, Cy5 to Cyg are merged into one node, and the updated resistance of
this node is determined as 15.8 €. Similarly, for V};,, = 0.05 volts, C4; and C}yy are
merged into one node with an updated resistance of 8.2 .

The time domain noise waveforms observed at the sense node before and after
merging are compared in Fig. 7.15 at two different time intervals. The waveform
shape and peak magnitude of the substrate noise at the sense node after merging
into nine contacts match the original noise voltage with a peak-to-peak error of 11%

in the noise voltage. Note that the error increases to 70% if Vi, is increased to 0.4
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Figure 7.15: Comparison of the substrate noise at the sense node before and after
merging for two different time intervals: (a) From 0 to 1.2 ns. (b) From 2.2 ns
to 3.2 ns. The solid line represents the original circuit with 48 substrate contacts.
The dashed and dotted lines represent, respectively, the reduced network with nine
substrate contacts (Vj;,, = 0.1 volts) and a single substrate contact (V};,, = 0.4 volts).
The peak-to-peak error in the noise voltage is 11% for nine substrate contacts and
increases to 70% for a single substrate contact. The error in the rms noise voltage
over one period is 6% for nine contacts and increases to 28% for a single contact.

volts, merging all of the contacts into a single contact. The error in the rms noise
over one period is 6% for nine contacts and increases to 28% for a single contact.

The frequency domain characteristics are illustrated in Fig. 7.16. The ratio of the
estimated power of the noise to the original power is less than 1 dB at the fundamental
frequency (200 MHz), and four higher harmonics when Vj;,,, = 0.1 volts (the number
of contacts is reduced to nine). For Vj;,, = 0.4 volts (where the number of contacts
is reduced to one), this ratio increases to 1.6 dB at the fundamental frequency. Note
that in this case the ratio further increases at the higher harmonics, for example, 6 dB
at 1 GHz.

Considering the number of substrate resistances, SubstrateStorm extracts 1128
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Figure 7.16: Comparison of the spectrum of the substrate noise at the sense node
before and after merging into nine contacts (Vj;,, = 0.1 volts) and a single contact
(Viim = 0.4 volts).

6

resistors in the original system with 48 substrate contacts. Alternatively, when the
number of contacts is reduced to nine, the number of extracted substrate resistances
is 36, corresponding to a 31X reduction in extracted resistors. The dependence of
the error and number of extracted substrate resistors on Vj;,, is shown in Fig. 7.17 to
illustrate the complexity versus accuracy tradeoff.

Note that a rapid reduction in the number of resistors is achieved with a relatively
small Vj;,,,. Increasing Vj;,,, above 0.1 volts marginally improves the complexity while
introducing additional error at the sense node. These results are listed in Table 7.3

for four different values of Vj;,,,.
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Figure 7.17: Number of extracted substrate resistors and the error in the peak-to-
peak noise voltage at the sense node as a function of Vj;,, for circuit 1. The solid and
dashed curves represent, respectively, the number of resistors and the error.

Table 7.3: Reduction in the number of extracted substrate resistors, Peak-to-peak
(P-P) and RMS substrate noise at the sense node, and the corresponding error in the
substrate noise for different values of Vj;,, in Circuit 1.

Number of | Number of Noise Error Estimated / Original
Viim substrate substrate Reduction P-P RMS | At 200 MHz | P-P | RMS At 200 MHz
(V) contacts resistors (mV) | (mV) (dB) (%) (%) (dB)
0 48 1128 - 11.6 0.68 -60 - - -
0.05 15 105 11x 10.5 0.61 -60.9 9.5 10.3 -0.9
0.1 9 36 31x 12.9 0.72 -59.6 11.2 5.9 0.4
0.25 3 3 376x 15.3 0.78 -58.9 31.9 | 14.7 1.1
0.4 1 1 1128x 19.7 0.87 -58.4 69.8 | 27.9 1.6
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7.3.2 Circuit 2

The second circuit is an aggressor digital core located close to a sensitive block in
an industrial transceiver circuit, designed in a 90 nm CMOS technology on a bulk type
substrate. The circuit contains approximately 200 standard cells. This second circuit
is used for two purposes: to examine the behavior of the algorithm for a standard
cell based circuit and to evaluate the effect of the parasitic inductance of the ground
network on the accuracy of the methodology.

The parasitic resistance between the nodes on the ground network is determined
from the sheet resistance (72 m(2) of the metal lines. The parasitic inductance is
extracted using Q3D Extractor [199]. For the vertical ground line with a 1 pm width,
the parasitic inductance is 0.79 pH/um. For the horizontal lines with a width of 0.14
pum, the inductance is extracted as 1.14 pH/um. The switching current waveform
for each contact (iyj(node)) is determined by characterizing each individual gate in
the library for various combinations of input patterns. The timing information and
input switching pattern of each gate are extracted from a behavioral simulation of
the circuit.

The CONTACT-MERGE algorithm is performed with five different values of Vj;,,:
3, 5, 10, 15, and 20 millivolts. Eleven and six voltage domains are determined,
respectively, for Vj;,, = 5 millivolts and V};,, = 10 millivolts. These voltage domains

are illustrated in Fig. 7.18, where the simplified ground network is obtained from the
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Figure 7.18: Voltage domains on the substrate as determined by the CONTACT-
MERGE algorithm: (a) Vj;, = 5 mV. Eleven voltage domains are identified. (b)
Viim = 10 mV. Six voltage domains are identified.

Table 7.4: Original and updated R(node) and L(node) values of Cy3 to Cyg for various
values of Vji,.

R(node) (Q2) L(node) (pH)
mv) | mv) | (mv) mv) | mv) | (mv)

Cy3 5.4 11.9
[T 0.3 57 10.3 0.7 12.6 22.9
Cys 4.6 10.3
Cye 1.4 6 19.2 3.1 13.4 45
Cyy 3.7 8.2
Cysg 1.6 7.5 8.9 3.5 19.2 22.2
Cyo 3.8 8.3

physical layout of the circuit. Note that since this block is standard cell based, the
contacts are placed at regular locations to align the contacts in each row. Also note
that the density of the substrate contacts is relatively high as compared to regular
digital blocks due to the presence of a near-by sensitive circuit.

The substrate is extracted for the pre- and post-merging cases with SubstrateStorm.
The parasitic resistance R(node) and inductance L(node) of each merged contact on
the ground network are updated. These updated values are listed in Table 7.4 for

contacts Cy3 to Cyg.
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Figure 7.19: Comparison of the substrate noise at the sense node before and after
merging for two different time intervals: (a) From 17.35 ns to 17.70 ns. (b) From 20.93
ns to 21.08 ns. The solid line represents the original circuit with 50 substrate con-
tacts. The dashed, dotted, and dash-dotted lines represent, respectively, the reduced
network with eleven substrate contacts (V};,, = 5 millivolts), six substrate contacts
(Viimy = 10 millivolts), and a single substrate contact (Vj;, = 20 millivolts). The

peak-to-peak error in the noise voltage is 22% for eleven substrate contacts, 34% for
six contacts, and increases abruptly to 160% for a single substrate contact.

The substrate noise is observed at a sense node located 20 pm from the digital
circuit on the side of the sensitive analog block. The time domain noise waveforms
observed at the sense node before and after merging are compared in Fig. 7.19 for
two different time intervals.

The peak-to-peak error in the substrate noise voltage is 22% for eleven substrate
contacts, 34% for six contacts, and increases abruptly to 160% for a single substrate
contact. The error in the rms noise over a 10 ns timing window is 7% for eleven
contacts, 21% for six contacts, and increases to 134% for a single contact.

The frequency domain characteristics are illustrated in Fig. 7.20. At the fun-

damental frequency (1 GHz), the ratio of the estimated power of the noise to the
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Figure 7.20: Comparison of the spectrum of the substrate noise at the sense node
before and after merging into eleven contacts (V;,, = 5 millivolts) and a single contact
(Viim = 20 millivolts).
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Table 7.5: Reduction in the number of extracted substrate resistors, substrate noise
at the sense node, and the corresponding error in the substrate noise for different
values of Vj;,,, in Circuit 2.

Number of | Number of Noise Error Estimated / Original

Viim substrate substrate Reduction P-P RMS | At 1 GHz P-P RMS At 1 GHz
(mV) contacts resistors (mV) | (mV) (dB) (%) (%) (dB)

0 50 1225 - 2.31 0.7 -70 - - -

3 17 136 9x 2.81 0.63 -67.5 21.6 10 2.5

5 11 55 22x 2.82 0.75 -66.5 22.1 7.1 3.5

10 6 15 82x 3.1 0.85 -65.5 34.2 21.4 4.5

15 3 3 408x 5.61 1.78 -59 142.8 | 154.3 11

20 1 1 1225x 6 1.64 -60 159.7 | 134.3 10

original power is 3.5 dB when V};,,, = 5 millivolts (the number of contacts is reduced
to eleven). For Vj;,, = 20 millivolts (where the number of contacts is reduced to one),
this ratio increases to 10 dB. Note that the ratio remains approximately the same at
the harmonics of the fundamental frequency.

Considering the number of substrate resistances, SubstrateStorm extracts 1225
resistors in the original system with 50 substrate contacts. The number of extracted
substrate resistors reduces to 15 when V};,, = 15 millivolts, corresponding to a 82X
reduction. These results are listed in Table 7.5 where the error and the reduction
in the number of extracted substrate resistors are summarized for various values of
Viim. The tradeoff between the reduction in the number of extracted resistors and
the accuracy of the substrate noise voltage is further illustrated in Fig. 7.21.

The complete layout of the circuit including all of the devices is extracted using
Assura and SubstrateStorm to compare the results obtained by the proposed method-

ology with a fully extracted set of impedances. The noise waveforms at the sense node
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Figure 7.22: Comparison of the substrate noise at the sense node obtained by simu-
lating the fully extracted circuit and application of the methodology when Vj;,,, = 10
millivolts: (a) From 17.35 ns to 17.7 ns. (b) From 20.35 ns to 20.65 ns. The solid and

dashed lines represent, respectively, the full extraction and methodology determined
noise.

obtained by simulating the fully extracted circuit and applying the methodology when
Viim = 10 millivolts are compared in Fig. 7.22 for two different time intervals.

The fully extracted circuit with 200 gates consists of 312,096 resistors for the
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substrate and 55,856 junction and well capacitances. The full extraction and simu-
lation of the transient noise for this circuit on a dual core 64 bit Sun machine with
Linux operating system requires approximately six hours. Alternatively, the proposed
methodology reduces the number of extracted substrate resistors to 15 (for Vi, = 10
millivolts), achieving more than four orders of magnitude reduction, and requires neg-
ligible time. The peak-to-peak error of the methodology in estimating the substrate
noise voltage is 24.1%, as illustrated in Fig. 7.22. The limitation of the methodology
in terms of run time is the requirement to pre-characterize each cell in the library for
various input switching patterns and to perform a gate level simulation of the circuit
to extract the required timing information.

Note that the reduction achieved by the methodology is expected to increase for
larger scale circuits due to the increasing number of substrate contacts. Substrate
contacts are usually placed based on latch-up constraints to achieve a specific contact
density [200]. A common practice is to increase the density of the contacts near
those aggressor blocks that can potentially affect the sensitive circuit. An aggressor
digital block may therefore require a significant number of substrate contacts, where
a reduction in the number of contacts quadratically reduces the number of extracted
substrate resistances. Note that this methodology achieves a reduction of more than
four orders of magnitude in extracted substrate resistances as compared to a fully

extracted circuit. This greater reduction is due to the increasing number of input
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ports in the full extraction due to the source/drain junctions of the devices which are

neglected in this methodology.

7.3.3 Proper Selection of Vj;,,

The proposed methodology requires a reasonable selection of Vi, to obtain suf-
ficiently accurate results while reducing the overall number of extracted substrate
resistors, as discussed in the previous section. Choosing a Vj;, greater than the
proper value significantly increases the peak-to-peak and rms error. Alternatively, an
unnecessarily small V};,, limits the reduction in the extracted substrate resistors, and
therefore the computational efficiency.

A reasonable value of V;,, depends strongly on the absolute value of the peak
ground bounce on the local ground distribution network of the aggressor circuit.
Choosing Vi;,, as 20% to 30% of the peak ground bounce generally produces reasonable
results. A technique is proposed in this section to properly decide the value of Vj;,,.

As listed in Tables 7.3 and 7.5, the peak-to-peak and rms values of the estimated
noise voltage is significantly greater for the extreme case when all of the contacts are
merged into one contact. As Vj;, is reduced or the number of contacts is increased,
the estimated noise voltages decrease, and ultimately saturate. The value where this
saturation starts to occur is a good choice for Vj;,,. The corresponding peak-to-peak

noise obtained at this Vj;,, is reasonably accurate with respect to the fully extracted
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Figure 7.23: Variation of the peak-to-peak noise with respect to the number of con-
tacts after merging: (a) For the second circuit with 50 original contacts. (b) An
extension of the second circuit with 100 original contacts.

noise voltage. The variation of the peak-to-peak noise voltage with respect to the
number of contacts is shown in Fig. 7.23 for the second circuit and an extension of
the second circuit with 100 contacts.

As illustrated in Fig. 7.23, the peak-to-peak noise initially exhibits a rapid de-
crease, ultimately saturating as Vj;, is decreased or the number of contacts is in-
creased. For Fig. 7.23(a), at eleven contacts, the peak-to-peak error in the noise
voltage is 22%. Similarly, for Fig. 7.23(b), the error is 25% at 22 contacts. The value
of Viim where the estimated peak-to-peak noise voltage saturates therefore produces
sufficiently accurate results for this methodology. Note that the time complexity of
the proposed algorithm is linear, allowing these iterations to be performed in a rea-
sonable amount of time. Vj;,, can therefore be properly selected using this iterative

methodology.
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7.4 Limitations

As described in Section 7.2, the proposed algorithm requires current profiles for
each substrate contact obtained during a specific time window. For a different window
or with a different set of input vectors, these current profiles may change, affecting
the outcome of the merging process. This dependence of the methodology on the
timing window and input vector can be decreased by applying a statistical approach.
Alternatively, the algorithm can be performed multiple times over different timing
windows, resulting in slightly different substrate networks. This solution is computa-
tionally possible since the algorithm operates in linear time.

The proposed algorithm is independent of the location of the sensitive node where
the noise is observed, assuming that the sense node is sufficiently far from the aggres-
sor block. The dependence of the error on the specific location of the sense node is
also an issue requiring further study. A larger reduction in the error and the num-
ber of extracted resistors are possible if the location of the sense node is considered
when locating the equivalent contact after merging. Also note that if the sense node
is sufficiently close to the aggressor block, the physical distance among the contacts
is comparable to the distance between a contact and the sense node. In this case,
the location of the equivalent contact plays a significant role in the accuracy of the
algorithm. Determining the specific location of the equivalent contact relative to the

location of the sense node can therefore also be a focus of future study.
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The current version of the algorithm assumes that the local ground distribution
network of the aggressor block can be represented as a tree. This assumption may not
always be valid if the aggressor block has multiple connections to the global ground
network, creating a mesh. One practical approach to handle a mesh structure is
to assume that the connections to the upper metal layers can be treated as a quiet
ground pad, and to partition the gates where each pad sinks the current of a subclass

of the gates, as proposed in [76] for placing decoupling capacitors.

7.5 Summary

A methodology is proposed for the efficient analysis of substrate noise coupled to a
sensitive block in large scale mixed-signal circuits. The substrate of the aggressor cir-
cuit is partitioned into voltage domains where each domain represents a region within
the substrate biased with approximately the same voltage by the substrate contacts.
Each of these voltage domains is therefore effectively shorted. A single equivalent in-
put port to the substrate is generated for each domain, neglecting all of the remaining
ports. The reduction in the number of input ports significantly reduces the number
of extracted substrate resistors. An algorithm is described to determine these volt-
age domains by merging those contacts exhibiting a voltage difference smaller than a
specified value, and generate an equivalent contact which is placed at the geometric

mean of the merged contacts. The ground network impedance is updated to maintain
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the accuracy of the noise voltage at the sense node. Simulation results demonstrate a
reduction of more than four orders of magnitude in the number of extracted substrate
resistors as compared to a fully extracted layout while introducing 24% error in the

peak-to-peak value of the substrate noise voltage at the sense node.
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Chapter 8

Substrate Noise Reduction Based
on Noise Aware Cell Design

Simultaneous switching noise caused by the parasitic inductance (di/dt noise) and
transient I R drops caused by the resistance of the ground network directly affect the
substrate through the substrate contacts, as described in Chapter 3. Employing a
dedicated substrate bias by separating the ground network of the contacts from the
ground network of the digital circuit reduces substrate noise coupling [126], [201],
[202]. This technique, known as Kelvin biasing, reduces substrate noise at the cost of
lower device reliability, increased power /ground noise, and additional metal resources.
These limitations make the use of Kelvin biasing impractical.

An alternative substrate biasing methodology is introduced in this chapter based
on modifying the design of the standard cell library. Standard cells with dedicated
substrate contacts are proposed for those cells that generate significant noise. These

dedicated contacts are connected to a separate ground to provide isolation from the
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noisy ground network. The proposed methodology achieves more than a 60% reduc-
tion in substrate noise while removing the limitations of the Kelvin biasing scheme.

The primary drawback of the proposed technique is the increased area due to the
additional contacts and the separate ground network. This increased area, however, is
minimized because these modified cells are only used in the primary noise generating
blocks within a circuit. The additional ground network and contacts are therefore
only required in these blocks.

The rest of the chapter is organized as follows. The substrate biasing schemes are
reviewed in Section 8.1. The proposed methodology is described in Section 8.2. Sim-
ulation results are presented in Section 8.3. These results are discussed and compared

with Kelvin biasing in Section 8.4. Finally, the chapter is summarized in Section 8.5.

8.1 Substrate Biasing Schemes

In a mixed-signal circuit, several different techniques exist to bias the substrate.
The conventional approach is to connect the substrate contacts to the ground network
of the digital circuitry. This technique, however, injects significant noise into the
substrate since the digital ground suffers from simultaneous switching noise.

Kelvin biasing, as illustrated in Fig. 8.1, has been proposed to reduce noise injec-
tion by biasing the substrate with a dedicated ground network. This technique re-

moves the resistive connection of the substrate with the noisy digital ground, thereby
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Figure 8.1: Kelvin biasing scheme to reduce substrate noise. The substrate contacts
are connected to a dedicated ground network rather than the ground network of the
digital circuit to prevent ground noise coupling into the substrate.

reducing substrate noise. Kelvin biasing, however, has significant limitations. Since
the substrate is biased separately, the devices suffer from the body effect which can
have a significant effect on high performance circuits. Another drawback is the in-
creased power/ground noise since the n-well capacitance cannot be exploited as a
decoupling capacitance. A reduction by a factor of three in the total decoupling
capacitance is reported in [201] if Kelvin biasing is employed.

While reducing ground coupling into the substrate, Kelvin biasing is ineffective
in reducing source/drain junction coupling. The overall reduction in substrate noise
is, therefore, limited. Furthermore, Kelvin biasing requires an additional ground
network, making the technique impractical in terms of the required metal resources.

Another technique to bias the substrate is a backside contact, which increases the
cost and requires specialized packaging. The use of an analog ground rather than

a digital ground has also been suggested to bias the substrate [201]. If an analog
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ground is used, however, substrate noise can couple into the analog ground network,

degrading performance.

8.2 Proposed Methodology

The design of a standard cell with a dedicated substrate contact is explained in
Section 8.2.1. An analysis of the substrate noise reduction mechanism using these

standard cells is described in Section 8.2.2.

8.2.1 Standard Cell with a Dedicated Substrate Contact

In the design of a digital integrated circuit, the placement of the substrate contacts
is usually achieved after the place-and-route phase of the design flow is completed.
The latch-up design rules determine the minimum distance among the contacts.

A standard cell design approach is proposed in this paper where each cell in
the library has a dedicated substrate contact. This dedicated substrate contact is
placed in close proximity to the cell, as determined by technology based design rules.
Conventional and aggressor standard cells are illustrated in Fig. 8.2. Note that these
aggressor cells are in addition to existing conventional cells in the library, where the
choice between a conventional and aggressor cell is made depending upon several
factors such as the switching activity of the digital block and the physical distance

between the digital and sensitive analog blocks within a circuit.
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Figure 8.2: Standard cell: (a) conventional cell, (b) aggressor cell with a dedicated
substrate contact. «, is the minimum distance between the contact and the diffusion,
and w, is the width of the contact.
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Figure 8.3: The effect of the dedicated contact on reducing substrate noise. The
injected noise from the noisy contact C is filtered through the dedicated contact Cs
rather than propagated into the substrate.

The physical representation of a cell with a dedicated substrate contact is shown
in Fig. 8.3. C} represents an existing substrate contact placed according to latch-
up design rules and Cy represents the dedicated substrate contact of the cell. Note
that (' is connected to the ground network of the digital circuit; a separate ground
network, however, is required for the dedicated contacts in order to isolate these
contacts from the noisy ground network. Noise reduction is achieved through the low

impedance path between C; and C5. The injected noise from the noisy contact C is
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filtered through C5 rather than propagated into the substrate.
The drawback of providing a dedicated substrate contact is an increase in circuit

area. This increase in area can be expressed as

AA = Lo, + we)n, (8.1)

where L is the length of the standard cell, a, is the minimum distance between the
n-type and p-type diffusion regions, w. is the width of the contact, and n is the
number of aggressor cells with a dedicated substrate contact. Note that these types
of cells are only used in aggressor digital blocks that are identified as major noise
sources. The number n, therefore, is usually a small fraction of the total number of

cells, lessening the increase in area.

8.2.2 Analysis of Noise Reduction Mechanism

The dedicated contacts connected to a separate ground network significantly re-
duce the noise current propagating through the substrate. This reduction is due to
the change in the impedance seen by the switching current.

Equivalent circuit models to analyze substrate noise through ground coupling are
shown in Fig. 8.4. A circuit model for conventional substrate biasing is shown in

Fig. 8.4(a). The switching current is divided based on the impedance of the ground
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Figure 8.4: Equivalent circuit models to analyze substrate noise through ground
coupling: (a) Circuit model for the conventional scheme. I is the switching current
of the circuit. C is the conventional substrate contact, Z; is the ground network
impedance, and S is the substrate location where the noise is analyzed, (b) Circuit
model for the proposed scheme. C} is the dedicated substrate contact of the standard
cell and Zs is the impedance of the additional ground network to which the dedicated
contacts are connected, (¢) Transformation of the mesh formed by the contacts C
and Cs, and node S,.
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and substrate networks. For Fig. 8.4(a), the noise voltage at sense node Sy is

| Z1(w)]
Rcsl + ng + |Z1(CU)|

R, (8.2)

Vg1 (w) =

where I is the switching current, Z;(w) is the ground network impedance, R.s is
the substrate resistance between contact C; and the sense node S;, and Ry, is the
substrate resistance between the sense node and ground, which is usually the analog
ground of the circuit.

A circuit model for the proposed substrate biasing scheme is shown in Fig. 8.4(b).
The dedicated substrate contact C5 is connected to a separate ground network with
impedance Z5. Note that the mesh formed by the contacts C'; and Cs5, and node S,
can be transformed using resistances R4, Rp, and R¢, as illustrated in Fig. 8.4(c).

After this transformation, the noise voltage at the sense node S5 can be expressed as

15| Zy(w)]
[(Ro + Reg)\\(R5 + [ Z2(w)[)] + Ba + | Z1(w)]

vale) = |

x[ Ro+|Z2w)| ],
Ry + Rc + Rp + | Za(w)] ]

(8.3)

where I, is the switching current, Z;(w) is the impedance of the circuit ground net-
work, Zs(w) is the impedance of the dedicated ground network, and R4, Rp, and R¢

are the substrate resistances after transformation of the mesh.
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Figure 8.5: Analytic prediction of the noise voltages Vi and Vi, with (a) a flip-chip
package, (b) a bond-wire package.

For practical values of substrate resistances and assuming Z; = Z,, the noise
voltages predicted by (8.2) and (8.3) are illustrated as a function of frequency in
Fig. 8.5. The solid line represents the noise voltage for a conventional scheme and the
dashed line represents the noise voltage for the proposed scheme. More than a 50%
reduction in noise voltage is predicted from an analytic analysis based on equivalent
circuit models.

Note that the proposed scheme represents a localized guard ring placement method-
ology, as illustrated in Fig. 8.6. In conventional guard rings, the contacts are placed
around the aggressor block, as illustrated in Fig. 8.6(a). The efficacy of conventional
guard rings, however, is limited due to the vertical propagation paths of the current
throughout the substrate. A portion of the noise current can flow deeper into the

substrate, thereby bypassing the guard ring, making the isolation less effective. This
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Figure 8.6: Simplified representation of a (a) conventional guard ring around an
aggressor block, (b) proposed localized guard ring within an aggressor block achieved
with noise aware standard cells.

inefficiency is significant, particularly in large aggressor blocks, since the noise current
is more likely to spread throughout the substrate until the current reaches the guard
ring surrounding the block. In the proposed scheme, as illustrated in Fig. 8.6(b), the
guard ring is localized within the aggressor block due to noise aware standard cells
rather than placing the ring around the block. The localized guard ring minimizes the
vertical current propagation withing the substrate, thereby improving the efficiency

of conventional guard rings.

8.3 Simulation Results

A noise generator circuit, as shown in Fig. 8.7, has been designed in a 90 nm
double-well CMOS technology with a bulk type (non-epi) substrate. The circuit

consists of four chains of scaled buffers driven by input signals with 70 ps rise and
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Figure 8.7: Noise generator circuit consisting of four chains of scaled buffers to eval-
uate the proposed substrate biasing methodology.

fall times.

Three different versions of the circuit have been realized. The first circuit utilizes
the conventional technique with regular standard cells and the substrate contacts are
placed according to technology-dependent latch-up constraints. The second circuit
utilizes a Kelvin biasing technique where the contacts of the first circuit are connected
to a separate ground network, as shown in Fig. 8.1. The third circuit utilizes the
proposed methodology where each cell has a dedicated substrate contact, assuming
all cells are aggressors. These dedicated contacts are connected to a separate ground
network as shown in Fig. 8.3. Note that the contacts of the first circuit remain the
same for the third circuit.

The layout and substrate impedances of the three circuits are extracted, respec-

tively, using Assura RCX [196] and SubstrateStorm [196], while the overall netlist
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Figure 8.8: Substrate noise voltage at the sense node for the conventional, Kelvin,
and proposed schemes.

is simulated using Spectre [196]. For each circuit, the substrate noise voltage is ex-
amined at the sense node which is located 25 pm away from the closest contact, as
shown in Fig. 8.7. Note that the parasitic impedances of the ground network of the
digital circuit and the dedicated ground network are assumed to be the same.

The substrate noise voltage waveforms for the conventional, Kelvin, and proposed
techniques are shown in Fig. 8.8. The ground network has a distributed parasitic
impedance of R = 3 Q and L = 160 pH with a bond-wire package exhibiting a
lumped parasitic impedance of R = 0.2 2 and L = 1 nH.

The peak-to-peak substrate noise voltage for the three techniques are listed in
Table 8.1 for different ground network impedances and package types. Significant
noise reduction over conventional and Kelvin biasing schemes is achieved using the

proposed methodology. The drawback is the increase in area due to the additional
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Table 8.1: Comparison of peak-to-peak substrate noise voltage for the conventional,
Kelvin, and proposed techniques. On-chip interconnect parasitic impedances: R = 3
Q2 and L = 160 pH. Flip-chip parasitic impedances: R = 0.1 Q and L = 60 pH.
Bond-wire parasitic impedances: R = 0.2 2 and L = 1 nH.

On-chip interconnect / package type | Peak-to-peak substrate noise (mV) Noise reduction Noise reduction
Conventional | Kelvin | Proposed | over conventional over Kelvin
R only / flip-chip 32 20 9 2% 55%
RL / flip-chip 47 29 16 66% 45%
R only / bond-wire 116 58 39 66% 33%
RL / bond-wire 129 61 42 67% 31%

contacts. For this example, the additional required area is 82 ym?, corresponding to

a 12% increase.

8.4 Discussion

The proposed methodology achieves a greater reduction in noise as compared to
Kelvin biasing. This result occurs because Kelvin biasing only reduces the ground
coupling noise generation mechanism. The proposed technique, however, reduces
both ground and the junction coupling mechanisms. The greater reduction in noise
as compared to the Kelvin technique with a smaller ground parasitic impedance, as
listed in the last column in Table 7.3, supports this conclusion.

In addition to a greater reduction in noise, the proposed methodology removes the
limitations of Kelvin biasing. The voltage difference between the source and body of
the transistors for Kelvin biasing is as large as 160 mV. For the proposed technique,

this voltage difference is several millivolts. The body effect is, therefore, smaller and
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the likelihood of latch-up is reduced.

The proposed scheme exploits the n-well capacitance as a decoupling capacitance
to reduce power/ground noise. Kelvin biasing, however, cannot exploit the n-well
capacitance because the circuit and the substrate have separate bias networks.

Another major limitation of Kelvin biasing is the requirement for an additional
ground network, making this approach impractical considering limited metal re-
sources. Alternatively, the proposed methodology only requires an additional ground

network for the aggressor cells with a dedicated contact.

8.5 Summary

A substrate biasing scheme is presented in this chapter based on modifying the
design of a standard cell library. Cells with dedicated substrate contacts are proposed
for the noise generating digital blocks. The substrate is biased with the ground
network of the digital circuit through the existing substrate contacts. The dedicated
substrate contacts within the aggressor cells, however, are connected to a separate
ground network. A low impedance path in the substrate is thereby created between
the noisy contacts and the dedicated contacts. Simulation results show, on average,
a reduction in substrate noise of 68% (9.87 dB) over the conventional technique and
41% (4.71 dB) over the Kelvin biasing scheme. Furthermore, the limitations of Kelvin

biasing are removed using the proposed substrate biasing methodology.
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Chapter 9

Exploiting Setup-Hold Time
Interdependence in Timing
Analysis

The effects of switching noise in mixed signal circuits have been studied in Chap-
ters 4, 5, 6, 7, and 8 with a primary focus on worst-case power/ground noise esti-
mation and substrate coupling. Switching noise is a significant concern not only for
mixed-signal circuits, but also for synchronous digital ICs, as described in Chapter 2.
Specifically, power/ground noise affects the timing characteristics of a circuit, pro-
ducing delay uncertainty. The relationship between switching noise and the timing
behavior of a circuit is therefore important to guarantee proper functionality at the
target clock frequency. An interdependent characterization methodology for timing
constraints, i.e., setup and hold times, is described in this chapter. These interde-
pendent timing constraints are exploited to reduce delay uncertainty, as described in

Chapter 10.
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The timing characteristics of a synchronous circuit is typically verified by means
of static timing analysis (STA) tools. The STA tools rely on data described in the
cell libraries to analyze the circuit. The characterization of the individual cells in
cell libraries is, therefore, highly critical in terms of the accuracy of the STA re-
sults [203], [204], [205], [206]. Specifically, the setup time and hold time constraints
of the sequential cells are used to verify the timing of a synchronous circuit. Inaccu-
rate characterization of timing constraints causes the STA results to be either highly
optimistic or pessimistic. Both cases should be avoided as the optimistic case can
cause a fabricated circuit to fail whereas the pessimistic case unnecessarily degrades
circuit speed.

The over-optimism or pessimism in STA is primarily due to independent charac-
terization of the timing constraints although these constraints (including CLK-to-Q
delay) are interdependent. The constraints should, therefore, be characterized inter-
dependently to remove optimism or pessimism in STA. In [207], a timing constraint
characterization is proposed that minimizes the sum of the CLK-to-Q delay and the
setup time. In [208], the CLK-to-Q delay of a sequential cell is modeled considering
the dependence between the CLK-to-Q delay and setup time. A 50 to 60 ps decrease
on the clock period is shown if this dependence is considered during STA. These
approaches, however, do not consider the interdependence between the setup time

and hold time. An approach for interdependent characterization is proposed in [209].
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A solution is offered in [210] considering the dependence between the setup time,
hold time, and CLK-to-Q delay to determine the maximum operating frequency of
a sequential cell. These approaches, however, do not exploit the interdependence in
STA.

When the interdependence is considered during constraint characterization of a se-
quential cell, multiple valid constraint pairs, which are interchangeable, are obtained.
These multiple pairs can be utilized in STA to significantly reduce timing violations
and improve negative slack. Multiple constraint pairs, however, are currently not
exploited.

A comprehensive methodology is proposed in this chapter to overcome the over
optimism and pessimism of the current approaches. The methodology consists of two
phases. In the first phase, an interdependent characterization of setup and hold times
is described, resulting in multiple constraint pairs. In the second phase, an efficient
algorithm with linear time complexity is presented to integrate the interdependence
into an STA tool. The algorithm exploits multiple constraint pairs by dynamically
switching between pairs in order to remove violations. The methodology is validated
on high performance industrial circuits and an industrial STA tool. In particular, STA
results demonstrate up to a 53% reduction in the number of constraint violations as
well as up to a 48% reduction in the worst negative slack.

The rest of the chapter is organized as follows. Related background is provided in
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Figure 9.1: Simple synchronous circuit consisting of a combinational logic and two
registers.

Section 9.1. The problem formulation, the concept of interdependence, and current
approaches are discussed in Section 9.2. The proposed characterization methodology
and algorithm are described in Section 9.3. STA results are presented in Section 9.4.

Finally, the chapter is summarized in Section 4.3.

9.1 Background

The timing characteristics of synchronous circuits are reviewed in Section 9.1.1.

Setup-hold times and skews are described in Section 9.1.2.

9.1.1 Timing Characteristics of Synchronous Circuits

A simple synchronous digital circuit consisting of two sequentially-adjacent reg-
isters and a combinational circuit between these registers is shown in Fig. 9.1. Two

inequalities should be satisfied for this circuit to function properly. Referring to
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Fig. 9.1, the first inequality is

ch +Tep > Tei +Tp + T, (91)

where T; and Ty are the delay for the clock signal to arrive, respectively, at the
initial and final registers. Note that T¢; and T s are also referred to, respectively, as
the delay of the clock launch path and clock capture path. Top is the clock period,
Tp is the data path delay consisting of the clock-to-Q delay of the initial register,
the logic delay of the combinational circuit, and the interconnect delay. Ty is the
setup time of the final register. Note that (9.1) determines the maximum speed of
the circuit, making this inequality important for the critical paths within a circuit.

The second inequality that needs to be satisfied is

Tei +Tp > Toy + Ty, (9.2)

where T is the hold time of the final register. This inequality guarantees that no
race condition exists, i.e., the data is not latched within the final register at the same
clock edge. Note that (9.2) is relatively more important for those timing paths where

the data path delay is sufficiently small, such as a shift register or counter.
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9.1.2 Setup / Hold Times and Skews

Inequalities (9.1) and (9.2) require a difference called a skew to be larger than or
equal to a number called a timing constraint. These inequalities, therefore, can be
rewritten as

Setup skew > Tg, (9.3)
Hold skew > T}y, (9.4)

where setup skew and hold skew are, respectively,

Setup skew = Tr + Tep — (Tei + 1), (9.5)

Hold Skew = T; +1Tp — Ty (9.6)

These skews and constraints are defined more formally below.

Definition 1 Setup skew refers to the amount of time a change in the data signal
arrives at the D input of a sequential cell before the arrival of the latching edge of

the clock signal.

Definition 2 Hold skew refers to the amount of time the data signal is stable at the

D input of a sequential cell after the arrival of the latching edge of the clock signal.

Definition 3 Setup time refers to the setup skew necessary for the clock to reliably

capture the data.
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Definition 4 Hold time refers to the hold skew necessary for the clock to reliably

store the data.

Definition 5 A setup time violation refers to the situation where (9.1) or (9.3) is

violated.

Definition 6 A hold time violation refers to the situation where (9.2) or (9.4) is

violated.

Note the important difference between setup-hold skews and setup-hold times: Setup
and hold skews refer to any time difference between the data and clock signals whereas
the setup and hold times refer to the minimum required time difference to reliably
capture and store the data. It is therefore important to decrease the setup and hold

times while reliably capturing and storing the data.

9.2 Problem Formulation

Existing characterization approaches and the corresponding limitations are sum-
marized in Section 9.2.1. Interdependence between setup and hold times is explained
in Section 9.2.2. Note that the numerical results of the rest of the chapter are ob-
tained through HSPICE simulations with BSIM4/BSIM3 models under typical corner

conditions. A 90 nm industrial cell library is used for the simulations..
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Figure 9.2: Independent constraint characterization for sequential cells: (a) setup
skew vs. CLK-to-Q delay for setup time characterization, (b) hold skew vs. CLK-to-
Q delay for hold time characterization.

9.2.1 Existing Characterization Approaches

A common approach to characterize setup time is to examine the setup skew
versus CLK-to-Q delay relationship [207], [211] at a fixed hold skew, which is called
here the counterpart skew. The process is similar for the hold time. These approaches
are shown in Fig. 9.2.

According to [207], three regions can be determined for both of these plots: stable,
metastable, and failure regions. The stable region is defined as the region in which
the CLK-to-Q delay is independent of the setup or hold skew. As the skew decreases,
the CLK-to-Q delay starts to rise in an exponential fashion [17]. If the skew is
excessively small, the sequential cell fails to latch the data. This region is called the
failure region. The region between the stable and failure regions is referred to as the

metastable region.
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The setup and hold times cannot fall in the failure region since the sequential
cell is unable to latch the data in that region. The setup (hold) time is usually set
to the setup (hold) skew where the stable region crosses over into the metastable
region. There are different approaches to identify this crossover point, as listed in
[207]. In some approaches, the crossover point is the time where a certain amount
of degradation in the CLK-to-Q delay occurs. For example, a 10% degradation is
assumed in this study. In some other approaches, the crossover point is the time

where the sum of the setup skew and CLK-to-Q delay is minimized.

9.2.2 Interdependence Between Setup and Hold Times

The setup and hold times are not independent [209]; rather, these constraints are
a function of the counterpart skews (hold skew for setup time and setup skew for hold
time). These dependences are shown in Fig. 9.3. Note that the setup time decreases
as the hold skew increases and the hold time decreases as the setup skew increases.
Thus, the smallest setup and hold times occur when the counterpart skews are the
largest.

Existing characterization approaches typically ignore the interdependence of the
setup and hold times. This strategy leads to two main issues:

Issue 1. Ignoring the interdependence of the setup and hold times results in either

over-optimism or pessimism depending upon the assumption on the counterpart skew.
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Figure 9.3: Constraint characterization for sequential cells at different counterpart
skews: (a) setup skew vs. CLK-to-Q delay at different hold skews, (b) hold skew vs.
CLK-to-Q delay at different setup skews.

If the counterpart skews are assumed to be unnecessarily large, the resulting setup
and hold times are optimistic. If, however, the data waveform does not satisfy large
counterpart skews, optimistic setup and hold times cause the circuit to fail despite not
violating any of the individual constraints. This situation is illustrated in Fig. 9.4. In
step A, the setup time is characterized as S at a sufficiently large hold skew. In step
B, the hold time is characterized as H at a sufficiently large setup skew. In step C,
the data waveform satisfies both of these constraints. The sequential cell, however,
violates the minimum pulse width constraint due to over-optimism introduced during
the characterization steps of A and B.

Alternatively, if the counterpart skews are assumed to be unnecessarily small, the
resulting setup and hold times are pessimistic. An example to illustrate pessimism is

shown in Fig. 9.5. This example is proposed in [209] to overcome the over-optimism.
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Figure 9.4: Illustration of over-optimistic constraint characterization. Step A: Setup
time characterization at sufficiently large hold skew. Step B: Hold time characteriza-
tion at sufficiently large setup skew. Step C: Minimum data pulse width (MPW) for
which the sequential cell fails.
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Figure 9.5: Illustration of pessimistic constraint characterization: (a) Hold time char-
acterization. Step A: A temporary setup time characterization at sufficiently large
hold skew. Step B: Hold time characterization when the setup skew is equal to the
temporary setup time found in Step A. (b) Setup time characterization. Step A: A
temporary hold time characterization at sufficiently large setup skew. Step B: Setup
time characterization when the hold skew is equal to the temporary hold time found
in Step A.
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The hold time characterization is shown in Fig. 9.5(a). In step A, a temporary setup
time, which is used in step B, is characterized at a sufficiently large hold skew. In
step B, this temporary setup time is used as the counterpart skew to characterize the
hold time. The hold time is therefore highly pessimistic. The process is similar for
setup time characterization shown in Fig. 9.5(b) which produces a highly pessimistic
result. Note that the temporary setup and hold times are used only to overcome
over-optimism of the characterization process and do not reflect the final setup and
hold times. Both of the over-optimistic and pessimistic cases should be avoided as
the optimistic case can cause circuit failures after fabrication whereas the pessimistic
case can cause false violations during STA.

Issue 2. The interdependence between the setup time and hold time can be used
to improve the timing analysis results of a circuit. Therefore, if this dependence is
considered but not exploited in STA, an opportunity to reduce the number of timing
violations and improve the slack is lost.

In [209], the first issue is resolved by considering this interdependence. However,
only one interdependent pair of setup and hold times is considered. The interde-
pendence therefore is not exploited to improve the slacks in STA. A comprehensive
methodology is proposed in this chapter that solves both issues and offers reliable
integration into an industrial STA tool, demonstrating up to a 53% reduction in the

number of constraint violations as well as up to a 48% reduction in the worst negative
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Figure 9.6: Flowchart summarizing the proposed methodology including interdepen-
dent characterization of timing constraints and integration into an STA tool.

slack.

9.3 Proposed Methodology

The proposed methodology is described in five steps below and also illustrated
in the flowchart shown in Fig. 9.6. Each step is explained in a separate subsection.
Steps 1 to 4 describe the first phase of the methodology related to the interdependent
characterization of the timing constraints. Step 5 describes the second phase related
to the efficient integration into an STA tool where the interdependence is exploited

to remove timing violations.
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e Step 1. For each data and clock slew combination, the circuit is simulated to
obtain CLK-to-Q delay surfaces, each a function of independently varying setup

and hold skews.

e Step 2. A contour, set to a constant CLK-to-Q delay, is obtained for each
surface. Each point on the contour represents an interdependent pair of setup

and hold times.

e Step 3. Critical pairs are identified on each contour. A cell library is created

for each of these pairs.

e Step 4. At least two of the critical pairs are used to obtain a piecewise linear
(PWL) curve. This curve approximates the contour with slightly pessimistic

setup and hold times allowing a potentially infinite number of pairs.

e Step 5. A cell library is used for STA. If a violation occurs, the other libraries
and the PWL curve are utilized to resolve the violation using the proposed

algorithm. The process of violation resolution is therefore automated within

STA.

Note that in Step 3, the creation of a cell library per critical pair is proposed to
only simplify the proposed technique. In practice, a cell library per critical pair is

not required, and the details are provided in Section 9.3.4.
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Figure 9.7: Interdependent constraint characterization of a sequential cell: (a) CLK-
to-Q delay surface as a function of independently varying setup skew and hold skew,
(b) The contour at a 10%-degraded CLK-to-Q delay. The contour includes the critical

pairs as well as a piecewise linear (PWL) approximation. Regions 1 and 2 are the
pessimistic and optimistic regions, respectively.

The limitations of this methodology, e.g., increase in library characterization time

and STA runtime, are discussed in Section 9.3.6.

9.3.1 CLK-to-Q Delay Surface

For a specific data and clock slew combination, the CLK-to-Q delay is a function
of both the setup skew and hold skew. A typical delay surface is shown in Fig. 9.7(a).
Note that in this figure, the CLK-to-Q delay increases when the skews either inde-
pendently or simultaneously decrease. The multiple peaks on the surface mark the
boundary beyond which the skews are excessively small and the sequential cell can

no longer latch the data.
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A delay surface is generated by independently varying the setup and hold skews.
Independent variations allow the generation of the actual delay surface and simplify
the library characterization process at the expense of additional circuit simulations.

Every point on the CLK-to-Q delay surface corresponds to a skew pair, denoted
as (setup skew, hold skew). If a particular pair on this surface is identified as the final
(setup time, hold time) pair, Issue 1 in Section 9.2.2 is resolved because the setup
and hold times at this point are now interdependent.

Different approaches exist to select a final pair on the surface depending upon the
definition of the crossover point [209]. Irrespective of the approach used, it is highly

likely that there will be multiple final pairs satisfying this definition.

9.3.2 Constant Delay Contour

A definition of a common crossover point is a specific per cent degradation in the
CLK-to-Q delay. Once the CLK-to-Q delay surface in three dimensions is obtained,
all of the final pairs can be extracted from the constant delay contour as a per cent
of the crossover point.

The contour obtained at a 10%-degraded CLK-to-Q delay is depicted in Fig. 9.7(b).
Each (setup time, hold time) pair on this contour is interdependent and valid. Fur-
thermore, any pair in region 1 is also valid with additional pessimism whereas any

pair in region 2 is invalid, as the pairs in this region are optimistic.
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Two important conclusions can be drawn from this contour:

1) Rather than individual and independent setup and hold times, there are mul-
tiple and interdependent (setup time, hold time) pairs. Any pair can be chosen
depending upon the potential to remove timing violations.

2) As indicated in Fig. 9.7(b), the setup and hold times are inversely proportional,
which can also be verified by least-square regression analysis. Hence, a small setup

time can be obtained at the expense of a large hold time (or vice versa).

9.3.3 Critical Pairs on Contour

The following pairs on the contour are defined as critical pairs because these pairs
are appropriate candidates to include in a cell library. For each pair X, the notation
X = (s,h) where s[X] = s and h[X] = h is used.

Definition 7 P is defined as the set of all (s, k) pairs on the contour where s is the

setup time and A is the hold time.

Definition 8 S and H are defined as the set of all setup times s and hold times h

on the contour, respectively.

Definition 9 The minimum setup pair MSP is defined as the pair (s, h) in P such

that s is minimum in S. More formally,

MSP = (s,h) € P such that s = min(s). (9.7)

VseS
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Definition 10 The minimum hold pair MHP is defined as the pair (s, h) in P such

that A is minimum in H. More formally,

MHP = (s,h) € P such that h = min (h). (9.8)

VheH

The setup (hold) time of MHP (MSP) can be impractically large to minimize the
corresponding hold (setup) time. If a slightly larger, but bounded increase (controlled
by a parameter €) in hold (setup) time is allowed, the setup (hold) time of MHP (MSP)
can be reduced to an acceptable level. This reduction is achieved by the effective hold

(setup) pair.

Definition 11 The effective setup pair ESP is formally defined as

ESP = (s,h) € P such that s = s[MSP] + €, * |s|[MSP]|, (9.9)

where €, is a user-controlled, nonnegative parameter.

Definition 12 The effective hold pair EHP is formally defined as

EHP = (s,h) € P such that h = h|[M HP] + €}, x |h[M H P, (9.10)

where €, is a user-controlled, nonnegative parameter.
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Definition 13 The minimum setup-hold pair MSHP is defined as the pair (s, h) in

P such that the summation of s and h is the minimum. More formally,

MSHP = (s,h) € P such that s + h =min{ Y (s+h)}. (9.11)

¥(s,h)EP

Note that MSHP corresponds to the minimum data pulse width that can be captured

and stored by the sequential cell.

The distinction between the minimum and effective pairs can be illustrated by
evaluating the minimum pulse width of the data signal. The minimum pulse width
of the data signal is determined by summing the setup and hold times.

The variation of the minimum pulse width with respect to the setup and hold
times is shown in Fig. 9.8. If the minimum constraints are used rather than effective
constraints, the minimum pulse width increases significantly. Note that, at zero €,

and €, the effective constraints are equal to the minimum constraints.

9.3.4 Piecewise Linear (PWL) Approximation of Contour

In order to fully exploit this interdependence, the STA tool should use at least
two (setup time, hold time) pairs on the contour. Since library characterization is
expensive in time and memory, it may be impractical to generate more than two

or three pairs. These pairs may, however, be insufficient to remove all violations.
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An improvement is to generate critical pairs and connect these critical pairs using a
PWL curve to approximate the contour. For example, an approximation with two
line segments, i.e., linear, can be obtained by connecting ESP and EHP, and an
approximation with three line segments can be obtained by connecting ESP, MSHP,
and EHP.

To avoid optimism in PWL approximation, the contour should be convex with
respect to PWL approximation. That is, as illustrated in Fig. 9.7(b), the line segments
of the PWL approximation of the contour should remain in region 1.

The linear representation of the contour at three different data and clock slew
pairs is shown in Fig. 9.9. The slews are determined with respect to 10% and 90%

thresholds of the signal voltages. Each linear curve is obtained using ESP and EHP
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on the contour when €, = 0 and ¢, = 0.2. Note that the number of critical pairs used
in the PWL curve represents a tradeoff between accuracy and complexity.

To represent critical pairs in cell libraries for sequential cells, the following ap-
proach is proposed. Current cell libraries generally contain two lookup tables for
setup time, and two tables for hold time (one table is defined for rising edge data
signal and the other table for falling edge data signal). Therefore, if two critical
pairs are used, there are two possible options depending upon the flexibility of the
library format. If a slight modification is allowed on the library format, the proposed
methodology does not require more tables: the existing tables for setup and hold
times should be modified to contain interdependent (setup time, hold time) pairs in-

stead of independent setup time and hold times. The library, therefore, still contains
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FIND-BEST-PAIR(Ordered pairs P)
Select a valid pair (sg, hg) from P
Calculate hold slack = HS (as in Section 9.1.1)
Calculate setup slack = SS (as in Section 9.1.1)
if (HS >0 and SS > 0) then
return < (s, ho), found >
Calculate maximum required setup time = RST = s + 55
Calculate maximum required hold time = RHT = hg+ HS
for each (s;,h;) in P where t =1,--- ,(|]P| - 1) do
if (s; < RST) then
h = % * (RST - Si—l) + hi—l
if (h < RHT') then
return < (RST, h), found >
. return < (RST, RHT),not found >

©oONS TR W

[ S =
W= o

Figure 9.10: The algorithm FIND-BEST-PAIR to determine the (setup time,hold
time) pair that removes the violation using the pairs P on the PWL approximation
of the contour curve. This algorithm is performed only for sequential cells with
violations.

four tables all of which consist of (setup time, hold time) pairs. If the current library
format cannot be modified, the proposed methodology requires four additional tables:
two tables for setup time, and two tables for hold time to sufficiently represent (setup

time, hold time) pairs.

9.3.5 Integration of Interdependent Characterization into STA

The algorithm FIND-BEST-PAIR shown in Fig. 9.10 is proposed to exploit the

interdependence of setup and hold times in STA.
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The Algorithm

FIND-BEST-PAIR reads in the PWL representation P of the contour as an input.
This representation is obtained using critical (setup time, hold time) pairs as described
in Section 9.3.4. The critical pairs are sorted in descending order of setup times where
two successive pairs imply a line segment. The PWL representation P therefore
contains a set of connected line segments.

At line 1 of FIND-BEST-PAIR, the (setup time, hold time) pair with the largest
setup time is selected from the input. Note that this pair can be any of the critical
pairs on P, but a practical approach is to use FHP, as hold times are typically more
critical. The setup and hold slacks are determined as described in Section 9.1.1.
Both slacks are checked for violations. If both slacks are nonnegative, the algorithm
terminates, returning the pair as the “best” pair. If one or both of the slacks are
negative, these slacks are used to compute the required setup time (RST) and required
hold time (RHT) to remove the violations. The loop at line 8 determines if such a pair
exists in P. This line enables the tool to dynamically switch between interdependent
(setup time, hold time) pairs to determine the “best” pair. If a pair is found that can
remove the violations, that pair is returned as the “best” pair at line 12. If no such
pair exists, the required setup and hold times are returned at line 13 with a warning
that no solution is possible. Note that the required setup and hold times can be used

to search for a pair that minimizes the violations.
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The loop at line 8 iterates over each pair (s;, h;) in P (except the first pair since
the first pair has already been checked before the loop) in order to determine if the
line segment from (s;, h;) to (s;_1, h;—1) contains any pairs that can resolve both setup
and hold time violations. The condition at line 9 determines if s; is smaller than or
equal to the RST. If this condition is satisfied, line 10 computes the hold time h
such that the pair (RST,h) is on the line segment from (s;_1,h;—1) to (s;, h;). The
computation of the hold time h is achieved using the equation of the line segment. If
the condition at line 11 is also satisfied, the pair (RST, h) can resolve both violations.
The algorithm terminates, returning this pair as the “best” pair at line 12. If line 12
is not reached during the iterations of the loop at line 8, the algorithm terminates

with no solution, indicated by the returned value at line 13.

Examples

The behavior of the algorithm is illustrated for two different cases in Fig. 9.11. The
situation where FIND-BEST-PAIR determines a solution and removes the violation is
illustrated in Fig. 9.11(a). The situation where FIND-BEST-PAIR fails to determine
a solution is illustrated in Fig. 9.11(b). For both figures, the original contour curve is
represented by the function A(s), the hold time as a function of the setup time. Note
that, for simplicity, only two pairs are used in both cases for the PWL approximation.

Therefore, only one line segment, defined by the pairs (sg, ho) and (s1,h) exists as
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Figure 9.11: Illustration of the cases for which FIND-BEST-PAIR (a) determines a
solution and (b) cannot determine a solution. The actual contour curve is represented
as h(s); the hold time as a function of the setup time. RST is the required setup
time, and RHT is the required hold time. For (a), the algorithm returns the point B
as the “best pair,” the bold region of the PWL curve represents all of the pairs that

can be returned. For (b), the algorithm returns the point D, because the PWL curve
does not intersect with the shaded region, indicating that a solution is not possible.

shown in Fig. 9.11.

The shaded regions in Fig. 9.11 represent all of the pairs whose setup time is
smaller than or equal to the required setup time (RST) and whose hold time is smaller
than or equal to the required hold time (RHT). The pairs that are at the intersection
of the shaded region and the PWL approximation can therefore resolve both viola-
tions. For Fig. 9.11(a), FIND-BEST-PAIR exits at line 12, returning the pair B since
pair B is at the intersection. For Fig. 9.11(b), FIND-BEST-PAIR exits at line 13,
returning the pair D because the PWL approximation does not intersect with the
shaded region. In this case, therefore, no pair exists that can remove the setup and

hold time violations.



272

Pairs A and C shown, respectively, in Figs. 9.11(a) and 9.11(b) illustrate the
tradeoff between accuracy and complexity in terms of the number of pairs included
in the PWL approximation. Pair A is on the actual contour in Fig. 9.11(a) and
produces a larger hold slack value. Pair A, however, cannot be returned because it
is not included in the PWL approximation. Similarly, for Fig. 9.11(b), pair C is also
on the actual contour and can remove both violations since it is inside the shaded
region. Pair C, however, cannot be returned because it is not included in the PWL
approximation. A tradeoff therefore exists between accuracy and complexity in terms
of the number of pairs included in the PWL approximation.

As shown in Fig. 9.11(a), FIND-BEST-PAIR returns the pair that minimizes the
hold time. However, any pair that is at the intersection of the PWL curve and the
shaded region (shown as the darker portion in Fig. 9.11(a)) can be returned. Note

that adapting the algorithm to return any other valid pair is possible.

Complexity Analysis

In order to evaluate the time complexity of FIND-BEST-PAIR, the total number
of the sequential cells in the circuit is assumed to be N, which is a small fraction of the
total number of cells in the circuit. FIND-BEST-PAIR executes for each sequential
cell that violates a setup or hold time constraint. In the worst case, all of the N

sequential cells have a timing violation. FIND-BEST-PAIR, therefore, executes N
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times in the worst case. For each execution, the algorithm requires time proportional
to the number of pairs in the input P because the loop at line 8 iterates P times
and each iteration takes constant time. The time complexity of FIND-BEST-PAIR
is therefore O(|P|), and the complexity of resolving N violations using this algorithm
is O(N|PJ). In practice, P is expected to be two or three pairs. FIND-BEST-
PAIR therefore executes in constant time and the NV iterations of FIND-BEST-PAIR
execute in O(N) time. This time complexity is optimal since an optimal algorithm

for violation resolution should execute in constant-time per violation.

9.3.6 Limitations

The primary limitations of the proposed methodology are twofold: 1) the con-
straint characterization time increases for sequential cells, and 2) the STA runtime
increases if there is a timing violation. The first limitation is due to the generation of
the delay surfaces, and the second limitation is due to the use of multiple constraints
during STA.

The second limitation is not significant as the STA runtime increases only if there is
a timing violation after analyzing the first (setup time, hold time) pair. Furthermore,
if there is a violation, any other resolution method will also increase the overall time.
Since the current resolution methods are not automated as proposed in this study, the

time for violation resolution may actually decrease with the proposed methodology.
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Note that the second limitation can be mitigated by using linear approximation.

In order to quantify the first limitation, assume N, and N; denote the number of
setup skews and hold skews to sweep over for characterization. For the over-optimistic
characterization approach, illustrated in Fig. 9.4, the total number of simulations to
characterize both setup and hold times is equal to Ny + Nj,. For the pessimistic
characterization approach, illustrated in Fig. 9.5, the total number of simulations
doubles to 2(Ns + Nj) due to additional steps. For the proposed characterization
approach, the total number of simulations increases to NN, in the worst case to
generate the entire CLK-to-Q delay surface, illustrated in Fig. 9.7(a).

To reduce the number of simulations for the proposed approach, a simple heuristic
is to reduce the number of skews to be swept by eliminating those skew pairs that
do not change the delay surface. For example, the locations of critical pairs on the
contour in Fig. 9.7(b) indicate that it is not necessary to sweep the skew pairs within

region 1.

9.4 STA Results

A 90 nm library is used as a template to generate three new cell libraries: library
1, library 2, and library 3. As discussed in Section 9.3 and Section 9.3.4, separate
libraries are generated to simplify the evaluation of the methodology with an indus-

trial STA environment. The sequential cells of each library are characterized using
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Figure 9.12: Constant delay contour curve illustrating the characterization points of
the three prototype libraries.

HSPICE with BSIM4/BSIM3 models under typical corner conditions.

The library characterization points for these three libraries are illustrated on a
contour at 10%-degraded CLK-to-Q delay in Fig. 9.12. Both library 1 and 2 are
on the contour: library 1 is at ESP and library 2 is at EHP. Library 3 is not on
the contour; this last library uses setup times from EHP and hold times from ESP,
and therefore, is an example of independent and pessimistic characterization. The
optimistic point that results from using relatively large counterpart skews is also
shown in the figure. Note that the contour in Fig. 9.12 represents a single data and
clock slew combination of 25 ps each. For STA results, the same contour is obtained
for each data and clock slew combination that exists in the cell library. Different
gains are obtained by using library 1 or library 2 over library 3 depending upon these

slew combinations.
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Table 9.1: Absolute (abs) and Relative (rel) improvements of two circuits with respect
to library 3. WNS is the worst negative slack. AWNS is the increase in WNS, and
AN is the decrease in the number of violations.

WNS (ps) Number of violations

Circuit Period (ps) | Library setup | hold setup | hold
3 -1003 -488 361 1868
Circuit A | 1500 1 -790 -488 285 1868
2 -1003 -307 361 1684
3 -766 -26 1977 1
Circuit B | 2500 1 -397 -26 924 1
2 -766 0 1977 0

AWNS (ps): abs (rel) AN: abs (rel)

Circuit Period (ps) | Library setup | hold setup | hold
. 1 213 (21.2%) T 76 (21.0%) -
Circuit A | 1500 2 18T (37.1%) [ 184 (9.9%)
. 1 369 (48.2%) ~ 11053 (53.3%) N
Circuit B | 2500 2 —[ 26 (100.0%) — [ 1 (100.0%)

An industrial sign-off STA tool, PrimeTime, is used to evaluate each prototype
library on two industrial circuits: circuit A and circuit B. Both circuits are networking
cores with nearly 20K cells. The clock frequencies of circuit A and circuit B are set
to 666 MHz and 400 MHz, respectively.

From STA, the smallest negative slack value, referred to as the worst negative
slack (WNS), and the number of violations are obtained for each of the endpoints.
The STA results are listed in Table 9.1. Each row corresponds to one simulation with
one circuit and one library.

WNS and the number of violations from library 3 are treated as a baseline, and the
absolute and relative improvements are determined in WNS and number of violations

with respect to library 3. Improvements in WNS and number of violations correspond,

respectively, to an increase in WNS and a decrease in the number of violations. Note
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that library 1 illustrates improvements in the setup time without affecting the hold
time and library 2 illustrates improvements in the hold time without affecting the
setup time. This result is because library 1 is characterized at ESP and library 2 is
characterized at EHP, as shown in Fig. 9.12.

As listed in Table 9.1, the improvement in setup WNS is 369 ps (or 48.2%). This
improvement corresponds to nearly 15% of the clock period. The improvement in
hold WNS is 181 ps (or 37.1%). In terms of the number of violations, the improve-
ment in the setup case is 53.3% and in the hold case is 9.9%. Note that for hold
time improvements, the case represented by the last row, where the only hold time
violation is removed, is ignored. The improvement in setup WNS provides a 14%
and 15% increase in performance for circuits A and B, respectively. Furthermore, the
improvement in the hold WNS reduces the required circuit modifications to remove
the hold time violations.

These improvements can also be illustrated by means of slack histograms over all
the endpoints rather than a single number like WNS. Histograms for the two circuits
are shown in Figs. 9.13 and 9.14. For both histograms, there is a shift towards the
positive side, indicating improvements in most of the slack values. The baseline is

the slacks from library 3.
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Figure 9.13: Slack histograms for circuit A: (a) setup slack histograms of library 3
and library 1, (b) hold slack histograms of library 3 and library 2.
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9.5 Summary

A two-phase methodology is presented to exploit setup and hold time interdepen-
dence in static timing analysis. The issues related with independent characterization,
i.€., the over-optimism and pessimism, are discussed and illustrated. Interdependent
constraint characterization to remove these problems is proposed in the first phase of
the methodology. In the second phase, an efficient algorithm is presented to integrate
this interdependence into an STA tool, exploiting multiple constraint pairs to reduce
timing violations. The proposed algorithm automates the violation resolution process
in a linear time complexity. The methodology is validated using industrial circuits
and an industrial STA tool. The results show up to a 53% reduction in the number
of constraint violations as well as up to a 48% reduction in the worst negative slack,
corresponding to a 15% decrease in the clock period. These interdependent setup
and hold time constraints are exploited to reduce delay uncertainty in the following

chapter.
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Chapter 10

Reducing Delay Uncertainty Using
Interdependent Timing Constraints

The interdependence of timing constraints, i.e., setup and hold times, has been
described in Chapter 9. Significant pessimism has been reduced by exploiting these
interdependent timing constraints in static timing analysis. The interdependence of
the setup and hold times is important not only during the analysis (or verification)
phase, but also during the design phase of a circuit.

Exploiting interdependence to reduce delay uncertainty in high performance syn-
chronous digital ICs is explored in this chapter. As described in Chapter 2, delay
uncertainty can be caused by switching noise in these circuits. Specifically, a varia-
tion in the power supply voltage will change the delay of a logic gate, producing delay
uncertainty [28], [73]. A circuit should therefore have sufficient tolerance against these
variations to function properly while satisfying a target clock frequency [212], [213],

214).
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A methodology is proposed in this chapter for designing a robust circuit exhibit-
ing higher tolerance to process and environmental variations. This higher tolerance
is achieved by exploiting the interdependence between the setup and hold times, sig-
nificantly reducing the delay uncertainty caused by circuit variations. An algorithm
is proposed to determine the interdependent setup-hold pair of a register during the
design process. A data path designed with the proposed setup-hold pair improves the
overall tolerance to variations, producing a more robust circuit.

A methodology is evaluated for several technologies to determine the overall re-
duction in delay uncertainty. Power supply noise is treated as the source of the
variation. The results of the case study demonstrate the significance of setup-hold
interdependence in reducing delay uncertainty, thereby compensating for process and
environmental variations.

The rest of the chapter is organized as follows. The importance of interdependence
on the design process is explained in Section 10.1. A methodology to reduce delay
uncertainty and compensate for variations is described in Section 10.2. A case study
is presented in Section 10.3 to evaluate the efficacy of exploiting this interdependence
in reducing delay uncertainty due to power noise. Finally, the chapter is summarized

in Section 10.4.
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10.1 Problem Formulation

A methodology to interdependently characterize timing constraints has been de-
scribed in Chapter 9. The advantages of using interdependent setup-hold pairs in
static timing analysis have also been reviewed. The computational efficiency of inter-
dependent setup-hold time characterization can be improved through state transition
equations [215]. Interdependent setup-hold times have also been exploited in the
statistical static timing analysis process [216].

Interdependence of the timing constraints not only reduces pessimism in timing
analysis, but also provides an opportunity to improve the tolerance of a circuit to
process and environmental variations. A methodology is proposed in this chapter to
reduce the delay uncertainty caused by process and environmental variations. The
interdependence between the setup and hold times is exploited to design a more robust
circuit which exhibits additional tolerance to variations.

The contour curve illustrated in Fig. 9.7(b) in Chapter 9 can be approximated
as a linear line using two critical pairs: minimum setup pair (M SP) and minimum
hold pair (M HP). MSP and M H P refer, respectively, to a pair on the contour with
the minimum setup time and minimum hold time. Note that this approximation
is accurate since any point above the curve, i.e., in region 1, is a valid pair. An
approximation of the contour using two critical pairs is illustrated in Fig. 10.1 where

the pairs MSP and MHP are represented, respectively, as (Tsmin, LHmaz) and
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Figure 10.1: Linear approximation of the contour curve using two pairs: (7'smin,
TH,ma:}:) and (TS,mama TH,mzn)

(TS,maxa TH,min)-
According to (9.1) and (9.2), at a specific clock period, the delay of the data path
Tp is dependent upon both the setup and hold times. Referring to Fig. 9.1, the delay

of the data path should satisfy

Top + Ty — Tei < Tp, (10.1)

Tp < Toy +Top — (Tei +Ts), (10.2)

where (10.1) and (10.2) determine, respectively, the lower and upper bounds of the
data path delay.

The allowable range of T'p is minimized if the pessimistic pair (Tsmazs TH.maz) 18
used, causing the circuit to be overdesigned. Which specific (setup, hold) pair should

be chosen to design the circuit is unclear even if the interdependence is known since
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multiple valid pairs are available. For example, if the pair (Tsmin, THmaz) 1S used,
the lower bound constraint of the data path delay is difficult to satisfy since the hold
time is large. Hence, the data path delay should be increased by inserting additional
stages, dissipating unnecessary power. Alternatively, if the pair (Ts ez, THmin) 18
used, the upper bound constraint on the data path delay is difficult to satisfy since the
setup time is large. Consequently, the data path delay should be lowered by inserting
an additional register to satisfy the target frequency, also causing unnecessary power
consumption. Furthermore, both pairs (Tsmin, T maz) a0d (Tsmazs THmin) exhibit
low tolerance to process and environmental variations since the range of valid setup
times T'smqz — T'smin and hold times T# ymaz — TH min is DOt exploited.

It is therefore important to determine the appropriate (setup time, hold time) pair
during the design process that lowers power consumption, satisfies the required delay,
and increases the robustness of the circuit to achieve higher tolerance to process and
environmental variations. A methodology is described in this chapter to determine
the appropriate (setup, hold) pair during the design process to improve the tolerance

of a circuit to variations while increasing the maximum operating frequency.
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10.2 Methodology to Reduce Delay Uncertainty

and Compensate for Variations

An efficient technique to obtain the interdependent setup-hold time character-
istics is explained in Section 10.2.1. A procedure to reduce delay uncertainty and
compensate for variations is described in Section 10.2.2. The effect of variations
on the interdependent characterization process is discussed in Section 10.2.3. The
amount of compensation achieved by the proposed methodology is determined in
Section 10.2.4. Finally, the relationship between setup-hold time interdependence

and the permissible range is reviewed in Section 10.2.5.

10.2.1 Obtaining Linear Ty vs. Ty Relationship

The first step to reduce delay uncertainty is to obtain the linear Ts vs. Ty
relationship for a register. Two critical pairs, M.SP and M H P, should be identified
to define this line, as illustrated in Fig. 10.1. The generation of the CLK-to-Q delay
surface to obtain these critical pairs is inefficient since a large number of simulations
is required. An alternative procedure is proposed to obtain M.SP and M H P without
generating the CLK-to-Q delay surface. Referring to Fig. 10.1, the four points defining
MSP and MHP, i.e., Tsmin, THmaz, LT min, a0d T ez, are obtained as follows

where the corresponding waveforms of the clock and data signals are illustrated in
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Fig. 10.2.

® T min: The register is simulated to obtain the CLK-to-Q delay as a function of
setup skew at a sufficiently high hold skew. The setup skew corresponding to a

10% degradation in delay is chosen as Ts mn.-

® T maz: The register is simulated to obtain the CLK-to-Q delay as a function
of hold skew at setup skew = Tg . The hold skew corresponding to a 10%

degradation in delay is chosen as Ty gz

® Ty min: The register is simulated to obtain the CLK-to-Q delay as a function
of hold skew at a sufficiently high setup skew. The hold skew corresponding to

a 10% degradation in delay is chosen as Ty in.

® 75 mae: The register is simulated to obtain the CLK-to-Q delay as a function
of setup skew at hold skew = Ty min. The setup skew corresponding to a 10%

degradation in delay is chosen as T's ;45-

Note that the critical pairs are obtained with significantly fewer simulations using this
technique as compared to generating the complete CLK-to-Q delay surface. The linear

relationship can be represented by the critical pairs as Ty = f(Ts) or, equivalently,
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Figure 10.2: Efficiently obtaining the critical setup-hold pairs of a register without
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TS - f_l(TH)7

TSTH,T - TH,maxTS,ma:c + TH,minTS,min
_TS,’!’

Ty = f(Ts) =

for TS,min < TS < TS,mama (103)

_mTHTS,T - TH,minTS,min + TH,mamTS,maz
TH,T’

Ts=f"(Tu) =

for TH,mm < TH < TH,maxa (104)

where the range of valid setup times 75, and hold times T, are, respectively,

TS,T‘ = TS,mam - TS,min; (105)

TH,T‘ = TH,max - TH,min- (106)

The inverse proportionality between the setup and hold times can be exploited to

reduce delay uncertainty, as described in the following subsection.

10.2.2 Procedure to Reduce Delay Uncertainty

The available range of setup and hold times T ;02 — T'smin a0d TH maz — TH min,

respectively, can be exploited during the design process to reduce delay uncertainty,
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improving the tolerance of a circuit to variations.

For a critical path, an increase in the delay of a data path AT due to a variation
causes the frequency to be decreased to satisfy (10.2). This increase in the data path
delay produces additional slack in (10.1), i.e., hold skew. This additional slack in
the hold skew can be exploited to increase the hold time in (10.1) by ATgeq where
ATyoq = ATp. An increase in the hold time enables a decrease in the setup time
by ATs = f~'(ATy) due to the interdependence, as illustrated in Fig 10.1. The
effect of the variation, i.e., the decrease in frequency, can therefore be compensated
by exploiting a lower setup time.

Similarly, for a timing path sensitive to a race condition, referred to as a short path,
a decrease in the delay of the data path by AT can cause a hold time violation. Since
the delay of the data path is reduced, the additional slack in (10.2), i.e., setup skew,
can be exploited by increasing the setup time by ATs where ATs = ATp. An increase
in the setup time supports a decrease in the hold time by ATy = f(ATgs), potentially
resolving the violation. The delay uncertainty due to a variation is therefore reduced
by exploiting interdependent setup-hold times. This procedure is summarized in the
flowchart shown in Fig. 10.3.

Note that the variation in the delay of the clock launch path AT¢; and clock cap-
ture path ATy are assumed to be equal in this approach. Two sequentially-adjacent

registers of a critical path are often placed physically close to each other, where
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Figure 10.3: Flow diagram to reduce delay uncertainty by exploiting interdependent
setup-hold times.

the difference between the clock launch and capture paths is typically minor, i.e., a
balanced clock tree, thereby validating this assumption. For those cases where this
assumption is not accurate, i.e., AT¢o; # ATy (non-zero clock skew), the variation
in the delay of the clock path may either enhance or degrade the delay uncertainty
depending upon the sign of ATx; — AT, as described in Section 10.2.4.

Another important consideration for this procedure is the effect of variations on
the interdependent setup-hold characteristics. This variation in the critical setup-
hold pairs is sufficiently low as compared to the valid range of setup times and hold
times, enabling the proposed procedure. This behavior is further described in the

following subsection.
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10.2.3 Setup-Hold Time Characterization Under Variations

Process and environmental variations can also affect the critical pairs of a register,
i-€.. Tsmin, THmaz, 1Smaz, a0d TH min. The effect of a variation on these critical pairs,
however, is sufficiently small as compared to the valid range of setup times T, and
hold times Tp,. This behavior is primarily due to a stronger dependence of the
CLK-to-Q delay on the setup skew and hold skew when these skews are reduced, as
described in Chapter 9. For example, at a critical pair (Tsmin, T maz), the CLK-
to-Q delay is primarily determined by T’s i, lowering the effect of variations on this
pair. Similarly, at a critical pair (Tsmaz, LHmin), Tmin has a relatively stronger
effect on the CLK-to-Q delay.

To further illustrate this behavior, critical pairs are obtained for different power
supply voltages in a 90 nm CMOS technology where the power noise is the source of
the variation, as depicted in Fig. 10.4. The maximum variation in the power supply
is assumed to be 10% of the nominal voltage. The variation in the critical pairs is
compared with the valid range of setup and hold times. Specifically, the variation in
the critical pairs caused by a 10% increase or decrease in the power supply voltage is
listed, respectively, in Tables 10.1 and 10.2. As listed in these tables, Ts, and T4,
are sufficiently higher than the variation of the critical pairs, making interdependence

an effective mechanism to reduce delay uncertainty.
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Figure 10.4: Variation of critical pairs as a function of the power supply voltage for
a 90 nm CMOS technology.

Table 10.1: Variation of the critical points due to a 10% decrease in the power supply
voltage.

Cri.tical Vop=12V | Vpp=1.08 V Variation | Variation
points (ps) (%)
TS.min (DS) 33 36 3 9.1
TH.maz (DS) 19 50 I 2
TS.maz (DS) 125 130 5 1
Tt.min (PS) 3.5 3.54 0.04 I1
Ts., (ps) 92 94 2 2.2
Th.r (ps) 155 16.5 I 2.2

Table 10.2: Variation of critical points due to a 10% increase in the power supply
voltage.

Crif;ical Vop=12V | Vpp=1.32 V Variation | Variation
points (ps) (%)
TS, min (PS) 33 29.8 3.2 9.7
TH,maz (PS) 49 46 3 6.1
Ts.maz (DS) 125 121 1 3.2
TH min (PS) 3.5 3.43 0.07 2
Ts,r (ps) 92 91.2 0.8 0.9
Tw,» (ps) 45.5 42.57 2.93 6.4
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10.2.4 Amount of Compensation

The compensation in delay variation (or the reduction in delay uncertainty) is
dependent upon three primary factors: (1) the range of the valid setup times 75, and
hold times T4, (2) the (setup, hold) pair used to determine the data path delay, and
(3) the effect of the variations on the clock launch and capture paths.

If a register has a greater range of valid setup times and hold times, this register is
more effective in reducing delay uncertainty. Note however that this type of register
may exhibit other tradeoffs such as higher power consumption and CLK-to-Q delay.

As described in Section 10.1, the specific (setup, hold) pair used to determine the
data path delay can lower the overall power consumption while satisfying the target
frequency and achieving a higher tolerance to variations. The middle point of the

setup-hold line (Ts.mids TH.mid)s

TS,min + TS,max

TS mid = 5 : (10.7)
T mazx T min
TH,mid - 1, —2i_ 1, s (108)

results in a highest tolerance since the setup and hold times exhibit the maximum
flexibility to variations, as illustrated in Fig. 10.5.
Choosing all of the data paths to satisfy the pair (Ts,mid, Thmia) may cause,

however, overdesign of some specific paths. For example, for a critical path, Ts i —
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Figure 10.5: A data path designed at the pair (T'smid, Trmia) achieves the highest
tolerance to variations.

T's.min may be greater than the worst case variation in the data path delay. In this
case, a smaller setup time than 7,,;q can be chosen for the data path. Similarly, for
a short path, Ty ;iq — T min May be greater than the worst case variation, suggesting
a hold time smaller than T 4 is possible.

An algorithm is proposed to prevent this overdesign where the selection of the
(setup, hold) pair depends upon the type of data path. This technique prevents an
overly conservative design while achieving a higher tolerance to variations. Pseudo-
code of the proposed algorithm CHOOSE-PAIR is shown in Fig. 10.6.

The critical points T's min, TSmaz, LH min, a0d T me, are obtained in the first line,
as described in Section 10.2.1. The worst case variation in the delay of the data path
is determined in the second line. In lines 3-10, a (setup, hold) pair is determined
for a worst case path where the upper bound of the data path delay, i.e., (10.2), is

critical. The minimum valid setup time 7 ,,,;,, is increased by the worst case variation
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CHOOSE-PAIR
Obtain T's min, 1s,mazs TH,min, a0d TH maee as in Section 10.2.1
Obtain worst case variations in data path delay Tp mae and Tp min
if data path is a critical path then

TS = TS,min + (TD,mafc - TD,nom)

if Ts <Tsmaz then

find Ty = f(Ts) using (10.3)
else

e I A o e

Ts = TS,mam

Ty = f(TS,max) = TH,min

10. else if data path is sensitive to a race condition (short path) then
11. Ty = TH,min + (TD7’I’LO’I'7’L - TD,min)
12. if TH < TH,ma:E then

13. find Ts = f~1(Ty) using (10.4)
14. else

15. TH = TH,maa:

16. Ts = f_l(TH,maa:) = TS,min

17. else

18. TS = (TS,min + TS,mo,ac)/2

19. TH = f(TS) = (TH,mzn + jo,?nam)/2
20. end

©w

Figure 10.6: Pseudo-code to determine the appropriate (setup, hold) pair that pre-
vents the overdesign of a circuit while achieving a higher tolerance to variations.
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TD.maz — I'Dnom in the delay of the data path. If the resulting setup time Tg is valid,
i.e., Ts < Tgmaz, Ts is chosen as the setup time. The corresponding hold time is
determined by (10.3). If however Ty is outside the valid range, T, is insufficient to
tolerate the variation. In this case, T, is chosen as the setup time, providing the
maximum tolerance for the critical path.

Alternatively, if the data path is sensitive to a race condition (short path) where
the lower bound of the data path delay, i.e., (10.2), is critical, T is initially deter-
mined in line 11 as the summation of the minimum hold time T’y ,,,;, and worst case
variation Tp nom — I'Dmin- 1f this hold time is valid, i.e., Ty < Ty ez, T is chosen
as the hold time. The corresponding setup time is determined by (10.4). If the hold
time is not within this valid range, Ty 4 is chosen as the hold time since T o
provides the maximum tolerance for a short path.

For all of the remaining data paths where either (10.1) or (10.2) is not critical,
Ts.mia and Ty miq are chosen, respectively, as the setup and hold times. At this point,
the setup and hold times exhibit the greatest tolerance to delay variations.

The amount of variation tolerated by this methodology is also dependent upon the
variation in the delay of the clock launch path AT¢; and clock capture path AT¢y.
Specifically, if ATy; = ATey, these variations compensate each other, maintaining
the validity of the proposed algorithm. In this case, the variation in the delay of the

clock paths does not affect the amount of tolerance. If however AT¢; > ATey, less
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variation can be tolerated by a critical path since the delay of the clock launch path
is increased, delaying the data signal from leaving the register. For a short path,
however, additional variation can be tolerated.

Alternatively, if ATy > AT, additional variation can be tolerated for a critical
path since the clock launch path is relatively faster than the clock capture path. For
a short path, however, less variation can be tolerated. The effect of the variation
on the clock path delays can be considered in the proposed algorithm by replacing
line 4 with Ts = Tsmin + (TD.maz — Tonom) + (Tci — Tey) and line 11 with Ty =

TH,mm + (TD,nom - TD,mm) + (TCf - TCZ)

10.2.5 Increase in Permissible Range

A permissible range has been defined determining the valid range of clock skew

Tei — Teop [217)]. Rearranging (10.1) and (10.2), the clock skew should satisfy

Ty —Tp <Tci — Ty, (10.9)

Tei —Toy < Top —Tp — Ts, (10.10)

where the lower and upper bounds of the clock skew are determined, respectively,
by (10.9) and (10.10). A methodology to tolerate skew variations by exploiting this

permissible range has also been described [212].
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Figure 10.7: Exploiting interdependent setup and hold times within a permissible
range of the clock skew. A shift in the permissible range is achieved. This shift
is dependent upon the specific (setup, hold) pair, providing additional flexibility to
tolerate clock skew.

The methodology proposed in this chapter further increases the effective permis-
sible range by exploiting the interdependent setup and hold times. Specifically, the
lower and upper bounds of the clock skew can change depending upon the specific
(setup, hold) pair, as illustrated in Fig. 10.7. For example, if the pair (T'smin, TH maz)
is used, the permissible range shifts to the right since both bounds increase. Alter-
natively, if the pair (T'smaz, T .min) is used, the permissible range shifts to the left
since both bounds decrease, as shown in Fig. 10.7. The interdependence of the setup
and hold times therefore provides additional flexibility in exploiting the permissible
range. Note that the variation in the data path delay rather than the clock skew is

the primary focus of this chapter.
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10.3 Case Study

The efficacy of setup-hold time interdependence to compensate power supply vari-
ations is evaluated in this section. Four CMOS technology generations are considered:
180 nm, 90 nm, 65 nm, and 45 nm. An industrial model is used for the 180 nm, 90 nm,
and 65 nm CMOS technologies. For the 45 nm CMOS technology, a predictive model
is used [218], [219]. Two clock frequencies are considered for each technology based on
the data published in [220], as illustrated in Fig. 10.8. Higher frequencies represent
the upper bound on the frequency while the lower frequencies represent the lower
bound on the frequency.

The interdependent setup-hold time characteristics for each technology is de-

scribed in Section 10.3.1. The dependence of these characteristics on technology
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Figure 10.9: Master-slave rising edge triggered register to generate Ts vs. Ty relation-
ship for each technology. The numbers represent the W/ L ratio for each transistor.

is also discussed. The variation in the delay caused by the power noise is quantified
as a function of technology in Section 10.3.2. Finally, the efficacy of setup-hold time

interdependence in tolerating this delay variation is evaluated in Section 10.3.3.

10.3.1 Interdependent Ts vs Ty Relationship

A master-slave type register is used to illustrate the Ts vs. Ty relationship for
each technology node. A schematic of the register is illustrated in Fig. 10.9, where
the width W of the transistors is scaled to maintain a constant aspect ratio W/L for
each technology. The register has been simulated to obtain the critical setup-hold

pairs, as described in Section 10.2.1, where the signal transition times are assumed
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Figure 10.10: Interdependent setup-hold time characteristics for four technologies.

to be 10% of the clock period. The Tg vs. Ty relationship for each technology is

illustrated in Fig. 10.10, where each line is

180 nm: Ty = —0.3867T5 + 72.839 for 41 ps < Ts < 180 ps, (10.11)
90 nm: Ty = —0.494T5 4 65.32 for 33 ps < T < 125 ps, (10.12)
65 nm: Ty = —0.269T5 + 33.255 for 25.8 ps < T'g < 110 ps, (10.13)
45 nm: Ty = —0.123T5 + 16.202 for 15.4 ps < Ts < 98 ps. (10.14)

The range of valid setup times T's, = T maz — Lsmin and range of valid hold times

Ty = T maz — THmin scale with technology, as shown in Fig. 10.10. These crit-
ical points, CLK-to-Q delay of the register, and power supply voltage are listed in
Table 10.3 for each CMOS technology.

Note the behavior of Ts, = Tsma — Tsmin (range of valid setup times) as a



Table 10.3: Power supply voltage, clock-to-Q delay,
Tsmaz, T min, Tsy, and Ty, for each technology.
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and critical points T's min, TH maz

CMOS Vbp CIOCk‘tO‘Q delay TS,min TH,maz TS,maz TH,m'Ln TS,T TH,T
Technol
o8y 1 (v) (ps) (ps) (ps) (ps) (ps) (ps) | (ps)
180 nm 1.8 172 41 57 180 3.3 139 53.7
90 nm 1.2 86.4 33 49 125 3.5 92 45.5
65 nm 1.1 57 25.8 26.3 110 3.6 84.2 22.7
45 nm 1.0 29.8 15.4 14.3 98 4.1 82.6 10.2
0.4
-B-Lower frequencies
0.35} D
-©-Higher frequencies
o
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o
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Figure 10.11: Ratio of the range of valid setup times 7T, to clock period Tp.
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Technology (nm)

65

45

function of technology. The ratio of the range of valid setup times to the clock

period (Ts,/Tcp) increases as the technology advances, as illustrated in Fig. 10.11.

Specifically, for the 45 nm CMOS technology, the range of valid setup times is approx-

imately 20% of the clock period at the lower frequencies. For the higher frequencies,

this ratio increases to 35%. The interdependence of the setup-hold times is therefore

more able to tolerate variations in deep submicrometer technologies, where the differ-

ence between the maximum and minimum setup time is a significant fraction of the

clock period.
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Figure 10.12: Critical path to determine the increase in the delay of the data path
due to a decrease in Vpp.

10.3.2 Delay Variation due to Power Noise

The effect of power supply variations, i.e., power noise, on delay is evaluated in this
section. These variations are compared with the valid range of setup times T, and
hold times T, thereby determining the ability of exploiting this interdependence
to reduce delay uncertainty. The clock period corresponding to each technology is
determined from Fig. 10.8. A critical path is designed for each technology where the
register shown in Fig. 10.9 is synchronized. This critical path is designed to evaluate
the efficacy of exploiting the interdependence relationship in compensating a drop
in the power supply voltage since a decrease in Vpp increases the delay of the data
path. Identical inverters are used in the combinational circuit. A specific number of
inverters is inserted between the initial and final register until the delay of the data
path satisfies (10.2), as illustrated in Fig. 10.12. The aspect ratio W/L of the PMOS
and NMOS transistors are, respectively, eight and six.

A timing path sensitive to a race condition (a short path) can also be generated

by abutting the registers, as illustrated in Fig. 10.13. This timing path is designed to
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Figure 10.13: A short path to determine the decrease in the delay of the data path

due to an increase in Vpp.

Table 10.4: Increase in the delay of the critical data path (shown in Fig. 10.12) caused

by a 10% drop in the power supply voltage.

Technology Frequency VDDl TD 1 VDD2 TD2 ATD
(nm) (GHz) (V) (ps) (V) (ps) | (ps)
180 1.5 1.8 540 1.62 597.3 57.3
0.6 1.8 1555.4 1.62 1707.9 | 152.5
90 3.2 1.2 231.3 1.08 255 23.7
1.6 1.2 536.2 1.08 586.9 50.7
65 4 1.1 180.5 0.99 201.7 21.2
2 1.1 428.4 0.99 475.4 47
45 4.2 1 177.3 0.9 201.6 24.3
2.3 1 373.8 0.9 425.4 51.6

evaluate the efficacy of exploiting the interdependence relationship in compensating

an increase in the power supply voltage since an increase in Vpp reduces the delay of

the data path.

The synchronous circuits shown in Figs. 10.12 and 10.13 are simulated with

SPICE, where the power supply voltage is varied by 10%. The increase in the delay

of the critical data path caused by this voltage drop is listed in Table 10.4 for both

lower and higher frequencies. Similarly, the decrease in the delay of the short path

is listed in Table 10.5, where the power supply voltage is increased by 10%. These

variations are compared with the valid range of setup times 7s, and hold times T,
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Table 10.5: Decrease in the delay of the data path shown in Fig. 10.13 due to a 10%
increase in the power supply voltage.

Technology | Vppi Tp1 Vbpo Tpo ATp
(nm) V) (ps) ™) (ps) | (ps)
180 1.8 168.8 1.98 151.8 17

90 1.2 84.3 1.32 76.2 8.1

65 1.1 55.7 1.21 49.8 5.9

45 1 29.2 1.1 26.4 2.8

160

Increase in data path delay ATD

1401 at higher frequencies (ps)

Increase in data path delay ATD

120F at lower frequencies (ps)

- Valid range of setup times TS . (ps)

1001

80

60

401

2 180 920 65 45

Technology (nm)

Figure 10.14: Comparison of the increase in the delay of a critical data path with T,
to evaluate the efficacy of exploiting the interdependence relationship.

respectively, in Figs. 10.14 and 10.15 to evaluate the efficacy of exploiting the inter-

dependence relationship, as described in the following section.

10.3.3 Compensation of Delay Variation

As illustrated in Fig. 10.14, the interdependence relationship can be used to com-
pensate for delay variations since the range of valid setup times is higher than the

increase in the data path delay except for the 180 nm CMOS technology operating
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Figure 10.15: Comparison of the decrease in the delay of a short path with T4, to
evaluate the efficacy of exploiting the interdependence relationship.

at 600 MHz. At this frequency, the delay of the data path is relatively large, causing
a higher absolute variation in this delay.

Note that the difference between the valid range of setup times and variation in
delay is larger for the higher frequencies since the delay of the data path is lower
for these frequencies. Exploiting the interdependence relationship is therefore more
effective in reducing the delay uncertainty of a critical path operating at higher fre-
quencies. Also note that the absolute variation in delay due to power supply noise
somewhat saturates beyond the 130 nm technology node. This behavior is primar-
ily due to the use of multicore processors where the increase in clock frequency is
relatively low, as illustrated in Fig. 10.8.

For a short path, the range of valid hold times is larger than the decrease in data

path delay for each technology, as illustrated in Fig. 10.15. The difference between
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these two values, however, decreases for more deeply scaled technologies. For a short
path, therefore, the interdependence relationship is more effective in reducing delay
uncertainty in older technologies. This behavior is due to the significant decrease in
the valid range of hold times with scaled technologies.

The procedure described in Section 10.2.2 is performed assuming the data paths
are designed at the middle point (Tsmia; THmia) of the interdependent setup-hold
line. For example, for the 90 nm CMOS technology operating at 3.2 GHz, the delay
of the worst case data path increases by 23.7 ps due to a drop in power supply
voltage, as listed in Table 10.4. The hold time of 26.3 ps is increased by 23.7 ps to
50 ps. Since 50 ps is larger than the maximum hold time at this technology, the hold
time is increased to 49 ps. An increase in the hold time enables a decrease in the
setup time from 79 ps to 33 ps, tolerating 46 ps of delay uncertainty. Note that this
delay uncertainty is larger than the initial variation of 23.7 ps, achieving about 100%
compensation in the critical path.

Similarly, for a short path, the decrease in the delay of the data path is 8.1 ps,
as listed in Table 10.5. The setup time can therefore be increased from 79 ps to 87.1
ps. The corresponding hold time is therefore reduced from 26.3 ps to 22.3 ps, as
determined by (10.12), tolerating 4 ps of delay uncertainty. Since the variation in
the delay of the data path is 8.1 ps, interdependence can compensate approximately

50% of the delay uncertainty of a short path. The results of this procedure for other
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Table 10.6: Compensation of delay uncertainty caused by power noise for a critical
data path.

Critical data path

Tec(lilnrﬁl)ogy (Ts1,TH1) Frequency | ATp | (Ts2,Tu2) | Compensation
(ps) (GHz) (ps) (ps) (%)
o s | Lo e
R = e
6o | (079,149) | TR T
Bum | (667,92) |y (T 80

Table 10.7: Compensation of delay uncertainty caused by power noise for a short
path.

Technology Short path .
(nm) (Ts1,TH1) ATp (Ts2,Tr2) | Compensation
(ps) (ps) (ps) (%)
180 nm (110.5, 30.2) 17 (127.5, 7.1) 41.8
90 nm (79, 26.3) 81 | (87.1,22.3) 50
65 nm 67.9, 14.9) | 5.9 | (73.8, 13.4) 26.2
45 nm (56.7,92) | 2.8 | (59.5,8.9) 10.7

technology nodes are listed in Tables 10.6 and 10.7 for, respectively, a worst case data
path and a short path.

As listed in Table 10.6, delay uncertainty caused by power supply noise in a critical
data path can be compensated by up to 100% for the higher frequencies. For the
lower frequencies, more than 80% compensation is achieved in the more deeply scaled
technologies. Alternatively, as listed in Table 10.7, for a short path, the compensation
is lower due to the relatively smaller slope of the function Ty = f(Ts) as compared
to Ts = f~1(Ty), as illustrated in Fig. 10.10. This reduction in delay uncertainty is

achieved by designing the data path at the middle setup-hold point (T'smid, TrH,mid)
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exploiting the interdependence between the setup and hold times.

10.4 Summary

A methodology is proposed to improve the tolerance of a circuit to process and
environmental variations. The interdependence between the timing constraints is
exploited to achieve a more robust circuit, significantly reducing the delay uncertainty
caused by variations. An algorithm is proposed to appropriately determine the (setup,
hold) pair during the design process to improve the tolerance of a circuit to variations
while achieving a target frequency. A technique is also proposed to efficiently obtain
the critical (setup, hold) pairs of a register.

A case study is described to evaluate the efficacy of the proposed methodology in
reducing the delay uncertainty due to power supply noise. Four CMOS technologies
(180 nm, 90 nm, 65 nm, and 45 nm) are evaluated to compare the compensation
achieved by the proposed technique. The significance of the setup-hold interdepen-
dence relationship in reducing delay uncertainty, thereby improving the tolerance of

a circuit to delay variations, is validated by these results.
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Chapter 11

Conclusions

Noise has long been associated with classical analog/RF circuits and, to a lesser
degree, certain types of digital circuits such as dynamic CMOS logic. Analog/RF
circuits typically consist of highly sensitive blocks with critical performance char-
acteristics such as signal-to-noise ratio, bandwidth, gain, gain-bandwidth product,
dynamic range, total harmonic distortion, and jitter. Device noise such as thermal,
shot, and flicker noise has traditionally been the primary concern for analog/RF cir-
cuits. Dynamic CMOS has also received considerable attention due to reduced noise
margins, increasing the probability of a logical failure. Other CMOS logic families
have typically been assumed relatively immune to noise due to higher noise margins.

The classical understanding of noise in integrated circuits has significantly changed
over the last decade for several reasons. Improvements in manufacturing technolo-
gies have enabled the integration of more than two billion transistors on the same

monolithic die, while improving overall performance and reducing cost.
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This dense integration has started the era of system-on-chip (SoC) and system-in-
package (SiP) where circuits with different functionalities and even technologies are
integrated within the same die or package. The significant advantages demonstrated
by these architectures are possible at the expense of greater noise coupling among
various blocks where noise analysis and isolation techniques can be highly expensive.
Specifically, the noise caused by the switching of a digital signal, i.e., switching noise,
has emerged as a primary design objective not only in mixed-signal ICs, but also high
performance synchronous digital 1Cs.

Switching noise both in mixed-signal and synchronous digital circuits is the pri-
mary subject of this dissertation. Voltage fluctuations on the power/ground nodes of
a circuit, i.e., power/ground noise, is a type of switching noise affecting both mixed-
signal and synchronous digital ICs. A methodology has been proposed to accurately
estimate the worst case power/ground noise in an inductive power/ground distribu-
tion network with a decoupling capacitor. The non-monotonic behavior of noise as
a function of transition time has been elucidated. The efficacy of several noise re-
duction techniques such as placing a decoupling capacitance and reducing parasitic
inductance has also been evaluated.

In a mixed-signal circuit, the monolithic substrate forms a conducting medium
between the aggressive digital and sensitive analog blocks, degrading signal integrity.

Two primary concerns related to substrate coupling noise exist. The first issue is the
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computationally efficient analysis of the substrate noise for a large scale circuit such
as a transceiver. The analysis process determines the noise characteristics of a circuit,
thereby identifying appropriate noise isolation techniques. An accurate estimate of
the required level of isolation prevents overdesign of a circuit, significantly improving
certain design criteria such as area and power dissipation. The efficacy of these
isolation strategies can also be evaluated through efficient analysis techniques. The
second issue is the development and application of effective noise isolation strategies
to alleviate substrate coupling while considering other design parameters such as area,
power consumption, and speed.

Several approaches have been presented to efficiently model and alleviate substrate
noise coupling in mixed-signal circuits. The interaction between the ground and
substrate networks has been investigated. The substrate is shown to significantly
affect the ground noise by changing the current propagation path. An intuitive model
has been proposed for investigating several substrate noise coupling mechanisms. The
proposed model can be used at early stages of the design process to identify the
dominant noise source.

Accurate and efficient estimation of substrate noise in a large scale circuit is a dif-
ficult process since the power/ground networks, substrate network, and the switching
circuit should be simultaneously considered. A methodology has been proposed for

efficiently estimating the noise while maintaining sufficient accuracy. The similarity
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of the ground voltages was exploited to reduce the computational complexity of the
substrate extraction process. The methodology has been verified with an industrial
circuit, exhibiting significant reduction in analysis time while maintaining reason-
able accuracy in the noise voltage. A methodology has also been proposed to reduce
substrate noise in mixed-signal circuits. The noise was reduced by incorporating
noise-aware standard cells where a localized guard ring around an aggressor circuit is
utilized.

For synchronous digital circuits, the effect of switching noise on the timing char-
acteristics is a primary concern. Specifically, additional delay uncertainty produced
by the switching noise can cause a timing violation, degrading system performance
or causing a functional failure. A methodology has been proposed to compensate
for delay uncertainty, producing a robust circuit tolerant to power supply variations.
Interdependent setup-hold times were exploited to improve the tolerance of a cir-
cuit to power/ground noise. The interdependence of the timing constraints has been
demonstrated, significantly reducing pessimism in the static timing analysis process.
Several algorithms have also been proposed to exploit the interdependence during
both the design and analysis phases. The methodology was demonstrated on indus-
trial circuits. The efficacy of the interdependence in reducing delay uncertainty was
also evaluated for several technology nodes, verifying the proposed algorithms.

To conclude, several methodologies have been proposed in this dissertation to
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analyze and reduce the effects of switching noise in mixed-signal and synchronous
digital ICs. The substrate is a significant medium for noise transmission in mixed-
signal ICs. For synchronous digital ICs, the effect of switching noise on the timing
characteristics has been investigated. Industrial circuits were used to demonstrate the
proposed methodologies and algorithms. These methodologies provide intuition and
guidelines for designing complex integrated circuits with superior noise performance

and enhanced signal integrity.
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Chapter 12

Future Work

As described in previous chapters, noise management in complex systems-on-chip
and systems-in-package is a challenging process. Sensitive analog/RF blocks suffer
from the switching noise generated by the digital blocks and propagated across the
common monolithic substrate. Furthermore, the critical paths of the high speed
digital blocks suffer from delay uncertainty caused by power/ground noise.

These problems are exacerbated by the ever increasing density of on-chip devices
and interconnects, higher clock frequencies, and faster signal transition times. Effi-
cient methodologies are therefore required to enhance the signal integrity of a circuit,
satisfying the switching noise constraints of each block. Computationally efficient
methodologies are also needed to determine whether these noise reduction and isola-
tion strategies are sufficient. Several research topics are proposed in this chapter to
further investigate switching noise and develop an efficient approach to manage noise

in complex ICs.
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Switching noise such as power/ground noise depends upon not only the on-chip
parasitic impedances, but also the package and board impedance characteristics. Typ-
ically, noise is independently analyzed at each level without considering the interac-
tions among these levels, resulting in low accuracy in the estimated noise. A unified
noise analysis methodology is proposed in Section 12.1 where the circuit, package,
and board are simultaneously integrated to estimate power/ground noise.

The power grid is one of the most critical issues to enhance overall signal and power
integrity. Traditionally, a target impedance is treated as the primary criterion when
designing the power grid. More specific design criteria are proposed in Section 12.2 to
develop a timing-aware power grid where the interactions among the power/ground
network, clock network, and critical data signals are exploited.

Several noise isolation strategies exist to alleviate substrate coupling such as guard
rings, triple well isolation, and use of a P-well block. These mechanisms can reduce
substrate coupling at the expense of greater power/ground noise due to longer in-
ductive current return paths. The effect of these mechanisms on power integrity has
not received much attention. Research in this area is proposed in Section 12.3 to
investigate the effects of substrate noise isolation methodologies on power integrity.

Finally, the chapter is summarized in Section 12.4.
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12.1 Unified Noise Analysis Methodology:

Chip-Package-Board

Traditionally, the on-chip parasitic resistance is assumed to be higher than the
package and board resistance since the thickness and width of the metal are smaller.
Similarly, the parasitic inductance of the package and board is assumed to be higher
than the on-chip inductance due to the geometry of the interconnect and return
paths. The validity of these assumptions, however, should be reconsidered due to
several reasons.

The length of the on-chip global interconnects has been increasing, transition times
are significantly faster, and improvements in packaging technology have resulted in
advanced packages with lower parasitic inductance and multiple layers. As a result of
these developments, simple assumptions about the relative magnitude of the parasitic
impedances within the integrated circuit, package, and board are no longer accurate.
A unified noise analysis methodology is therefore required. A methodology that con-
siders multiple levels within a system can improve the overall accuracy of the analysis
process. Furthermore, the opportunities offered by advanced packaging structures
can be better utilized and the corresponding tradeoffs more easily comprehended.

A primary objective of this analysis methodology is to efficiently integrate this

process into an overall design flow, as illustrated in Fig. 12.1. Achieving this analysis
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Figure 12.1: Integration of the signal integrity analysis process into a traditional IC
design flow.

process in a computationally efficient manner is the primary challenge. Iterative
simulation methodologies can be developed to reduce the computational complexity.
For example, the integrated circuit and package can be initially analyzed individually.
The power /ground noise obtained from this analysis can be used to further analyze the
integrated circuit and board together, reducing the overall computational complexity.
A unified noise analysis methodology would be useful in determining the optimum
design space to achieve enhanced signal and power integrity while minimizing the

resources devoted to these techniques.
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Figure 12.2: Multiple target impedances are defined dependent upon the type of data
path to prevent an overly conservative power grid.

12.2 Timing Aware Power Grid Design

Existing methodologies to design a power grid do not consider the characteristics
of the clock distribution network and critical data paths. The power/ground network
within a high performance IC is typically composed of a homogeneous grid of several
layers to satisfy a single target impedance while also satisfying specific electromigra-
tion constraints.

This homogeneous power grid can cause an overly conservative design which uti-
lizes significant metal resources. Furthermore, power noise can significantly affect
the delay of the critical paths. A heterogeneous power grid is proposed where mul-
tiple target impedances are defined rather than a single impedance, as illustrated in
Fig. 12.2. Specifically, for those portions of the grid that supply power to the critical
data paths, a smaller target impedance is specified, requiring greater metal resources.

Alternatively, if the data path is not critical, additional noise can be tolerated which
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utilizes less metal resources, thereby resulting in a higher target impedance. Also, if
the data path is sensitive to a race condition, higher noise can be tolerated since a
decrease in the power supply voltage increases the delay of the data path. For those
cases where higher noise can be tolerated, the metal used by the power grid is lower,
saving significant resources.

The interaction of the power grid with the clock network should also be consid-
ered. Specifically, power noise affects the clock delays, and therefore, the local clock
skew. For those portions of the power grid that supply voltage to the clock path
synchronizing the initial register of a critical data path, the target impedance should
be low. Alternatively, the target impedance of the clock path synchronizing the final
register of a critical path can be higher to exploit negative skew in the critical path.
For a data path sensitive to a race condition (a short path), the target impedance
should be high for the clock path driving the initial register and low for the clock path
driving the final register to satisfy the hold time constraint. The simultaneous design
of the power grid, clock network, and data signals should therefore be considered to

improve the overall timing and signal integrity characteristics of a circuit.
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12.3 Effect of Substrate Isolation on Power In-
tegrity

Isolation of the noisy substrate from the sensitive analog/RF circuits is a primary
design concern for mixed-signal circuits. Several classical techniques to achieve this
isolation are guard rings around the aggressor and sensitive blocks, the use of a P-
well layer to increase the substrate resistivity, and a triple well structure to achieve
capacitive isolation.

These isolation strategies reduce substrate noise coupling at the expense of addi-
tional area, processing complexity, and 1/O pads to bias these structures. Another
important issue with these techniques is the effect of isolation on the inductive current
return paths. This effect is particularly important for the high speed digital portions
of a circuit where the parasitic loop inductance of the power grid can be substantial.
For example, a large number of guard rings reduces the impedance of the substrate.
A reduction in the impedance permits the substrate to behave as a return path for
the inductive current. If the inductive current returns through the substrate, the
current loop is significantly wider, increasing the loop inductance. Alternatively, a
P-well layer increases the resistivity of the substrate, reducing the number of return
current paths through the substrate. The loop inductance is therefore lower. An

analysis of these effects can be used to evaluate substrate noise isolation techniques
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in mixed-signal circuits where the inductive voltage drop within the digital blocks is

of primary concern.

12.4 Summary

Several research topics have been described in this chapter that enhance the sig-
nal and power integrity of complex integrated circuits. The importance of a unified
noise analysis methodology simultaneously considering the integrated circuit, pack-
age, and board characteristics has been discussed. Tradeoffs among these levels can
be identified by means of a unified noise analysis process, supporting enhanced noise
characterization. The simultaneous design of the clock, power, and data networks
has also been discussed. Interactions among the power grid, clock distribution net-
work, and the critical data paths can be effectively exploited to simultaneously satisfy
timing, noise, and variability constraints.

Noise management and reduction will remain as a primary challenge for complex
systems-on-chip and systems-in-package. Significant research is therefore required to
enhance the physical codesign of power, clock, and data networks due to stringent

timing and signal integrity constraints.
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Appendix A

An Upper Bound on the Error

Referring to Fig. 7.9, Cy and C5 are merged into C,, if

Dis ]
ot

Viair£(€2) = Romax(isft]) + Lamax( ) < Viim. (A.1)

Note that i,[t] is assumed to be zero to simplify the analysis. The error E[t] due to
this merging is determined from (7.14). Using (7.12) and (7.13), this error can be
rewritten as

Dist]
ot

maz(|iz[t]])
maz([i1[t] + i2[t]])

Elt] = l|is[t]R2 + Lo — (i1[t] + da[t]) Ro

maz(|0is[t]/0t)) O [t] + iaft])

—La max(|0(i1[t] + i2[t])/0t]) ot

. (A.2)

Two cases need to be investigated to determine the upper bound for this expression:

(1) The first two terms are greater than zero and the last two terms are smaller than
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zero, and (2) the first two terms are smaller than zero and the last two terms are

greater than zero. Assuming the first case holds, the error is

maz([iz[t]])

El] = blfs+ 1,220 4 G+ ) R

ot maz(|ir[t] + 42[t]])

max(|islt]/0t])  O(ialt] + ialt)

e Ot + i) o) ot

where each term is greater than zero. Since

(i1[t] + i2[t])
max(|i1[t] + i2[t]])

<1

and

D(ir ] + is[1]) /0t
maz(10(i[f] + ia[f])/00) =

the error expression is

Dist]
ot

E[t] <is[t]Ry + Lo + Romax(|io[t]|) + Lomax(|0(iz[t])/0t]).

(A.3)

(A.5)

(A.6)

The summation of the first two terms and the last two terms on the right side of the

inequality is smaller than V};,,, as determined by (A.1). The upper bound of the error
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due to merging C'; and C) into a single contact is therefore 2 X Vi,

E[t] < 2Viim. (A7)

Note that the same bound holds for the second case where the first two terms in (A.2)

are smaller than zero and the last two terms are greater than zero.



