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Abstract

Interconnect has become a dominant factor in deep submicrometer (DSM) inte-
grated circuits (ICs). With increasing levels of on-chip integration, more functional
units are integrated onto a single die, such as a multi-core microprocessor and a
system-on-chip. Global interconnect, which acts as a communication media among
these functional units, plays an increasingly important role and can significantly limit
the performance of advanced systems.

With decreasing on-chip clock periods, the timing characteristics of on-chip signals
need to be determined and controlled more precisely. Accurate interconnect models
are therefore critical to the IC design process. In this dissertation, two global inter-
connect models are presented. Closed-form expressions of the signal waveform are
developed, which achieve good agreement with Spectre simulations.

During the interconnect design process, multiple design criteria are considered,
such as delay, power, bandwidth, and noise. Repeaters are widely used in digital ICs

to reduce interconnect delay and signal transition time with the penalty of additional
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power and area. A repeater insertion methodology is presented for achieving a tradeoff
among different design criteria. Closed-form expressions for the number and size of
the power optimal repeaters are developed.

With the scaling of CMOS technology, the requirements of different design crite-
ria have become more stringent. It is increasingly difficult for conventional copper
interconnect to satisfy these requirements. On-chip optical interconnect is shown to
be a promising substitute for electrical interconnect in future advanced architectures.
Critical lengths at which optical interconnect becomes advantageous are shown to be
approximately one tenth of the chip edge length at the 22 nm technology node.

The focus of the IC design process in the DSM regime has shifted from logic
optimization to interconnect optimization. The research presented in this disser-
tation provides several interconnect design and modeling methods to support this

interconnect-centric design strategy.
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Chapter 1

Introduction

The invention of the integrated circuit (IC) in the early 1960’s enabled the devel-
opment of a vast number of microelectronic applications over the past half century,
such as personal computers and cell phones. After decades of IC technology evolution,
CMOS technology has become the dominant technology in the digital IC market due
to the low static power and excellent scalability of CMOS.

With increasing functionality and performance requirements, on-chip integration
levels and system clock frequencies have increased exponentially. This trend is com-
monly referred to as Moore’s Law [1]. The original form of Moore’s law is that the
number of transistors on a monolithic die with the lowest manufacturing costs per
transistor doubles roughly every year [2]. This prediction was revised in 1975 as “the
number of transistors on the most complex ICs would double every two years” [3].
The number of transistors in the lead Intel microprocessors is shown in Fig. 1.1 [4, 5],

which agrees quite well with Moore’s law.
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Figure 1.1: Total number of transistors in lead Intel microprocessors.

The increase in on-chip integration is due to larger die areas and smaller transistor
dimensions. From 1971, the die area of the lead Intel microprocessors has increased
by 14% per year, as shown in Fig. 1.2 [5, 6]. This trend slowed down in the mid 1990’s
due to concerns about power dissipation and yield. The die area is predicted to be
fixed for future technologies, as described in the International Technology Roadmap
for Semiconductors (ITRS) [7]. The minimum feature size of transistors in the lead
Intel microprocessors has decreased from 10 ym in 1971 to 90 nm in 2006. This
trend is expected to continue into the next decade [7]. The scaling of transistors and

interconnects is illustrated in Fig. 1.3.
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In Table 1.1, the predicted geometric dimensions for different technology nodes are
listed for both transistors and interconnects [7]. Each technology node lasts approxi-
mately two to three years. Note that the node names are determined by half of the
metal pitch of the bit lines in typical dynamic random access memory (DRAM) cir-
cuits rather than the printed gate lengths of the transistors. This dimension decreases
by a half every two technology nodes.

With scaling, the performance of the transistor is improved due to smaller par-

asitic capacitive loads and higher drain currents. The interconnect delay, however,
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Figure 1.3: Scaling of transistor and interconnect.

Table 1.1: Scaling trends in semiconductor device dimensions.

Year 2004 | 2007 | 2010 | 2013 | 2016
Technology node (nm) 90 65 45 32 22
Printed gate length (nm) 53 35 25 18 13
Equivalent gate oxide thickness (nm) | 1.2 | 0.9 | 0.7 | 0.6 | 0.5
Local metal wire pitch (nm) 214 | 152 | 108 | 76 54
Local metal wire aspect ratio 1.7 1.7 | 1.8 1.9 2
Intermediate metal wire pitch (nm) 275 | 195 | 135 | 95 65
Intermediate metal wire aspect ratio | 1.7 1.8 1.8 1.9 2
Global metal wire pitch (nm) 410 | 290 | 205 | 140 | 100
Global metal wire aspect ratio 2.1 2.2 2.3 2.4 2.5

increases significantly due to the large increase in the resistance per unit length, which
approximately doubles with each new technology node. Interconnect delay now dom-
inates gate delay in deep submicrometer (DSM) technologies [7]. With increasing

on-chip integration, the interconnections among the cells also increase significantly,



requiring additional metal resources. The number of metal layers in current state-
of-the-art technologies is nine [8] and is expected to increase to 14 by the 22 nm
technology node [7]. The additional metal layers will further increase the dynamic
power dissipated by the interconnects due to the greater amount of interconnect ca-
pacitance. As the power supply voltage decreases, the noise margin of digital CMOS
circuits also decreases, making the circuit more sensitive to injected noise. One of
the primary noise sources in ICs is due to the interconnect, including interconnect
coupling noise, IR and Ldi/dt drops in the power/ground grid, and jitter/skew in
the clock distribution network. If these sources of noise exceed the noise margin, a
malfunction can occur in the circuit. The design of on-chip interconnects, therefore,
has become an essential issue in high speed ICs.

Due to the increasing complexity of ICs, modern digital circuits are generally
realized by computer-aided-design (CAD) tools. The design procedure is highly au-
tomated and a variety of design flows have been developed over the last two decades.
The dominant behavior of interconnects, however, greatly affects the circuit design
process and the development of related CAD algorithms. The design focus has there-
fore shifted from logic optimization to interconnect optimization, requiring redesigned
CAD tools to support an interconnect-centric design flow [9]. In these tools, inter-

connects need to be accurately modeled. The modeling of on-chip interconnects has



become more challenging due to the smaller physical dimensions, higher signal fre-
quencies, and more complicated network structures. A number of non-ideal effects
need to be included, such as the inductive behavior and frequency dependent effects.

As interconnect becomes more important, it is essential to understand the manner
in which on-chip interconnect affects the circuit design process and how to manage
related interconnect effects. In Chapter 2, a review of the background of on-chip
interconnect is provided, including a description of IC design flows, the modeling and
analysis of interconnects, design criteria, and interconnect design methodologies.

Accurate and efficient RLC' interconnect models are critical to the design of high
performance DSM circuits. Based on a Fourier series analysis, an analytic intercon-
nect model is presented in Chapter 3, which is suitable for periodic signals, such as a
clock signal. No approximation is made to the transfer function of the interconnect.
The far end response is approximated by the summation of several sinusoids. Since
the solution is the steady state response to a periodic signal, initial conditions are
considered. The model is verified by SPICE simulations and successfully extended
to RLC' trees and multiple transmission lines. The computational complexity of the
model is linear with the model order.

In Chapter 4, an alternative solution for the transient response at the far end of
a transmission line is proposed, which is based on a direct pole extraction of the sys-

tem. Closed-form expressions of the poles are developed for two special interconnect



systems: an RC' interconnect and an RLC' interconnect with a zero driver resistance.
By performing a system conversion, the poles of an interconnect system with general
circuit parameters are determined. The Newton-Raphson method is used to further
improve the accuracy of the poles. Based on these poles, closed-form expressions for
the step and ramp response are determined. Higher accuracy can be obtained with
additional pairs of poles. The computational complexity of the model is proportional
to the number of pole pairs. Frequency dependent effects are also successfully included
in the proposed method and excellent match is observed between the proposed model
and Spectre simulations.

Since power dissipation has become a fundamental design criterion in the IC design
process, accurate and efficient power estimation is critical in designing low power
circuits. In Chapter 5, an effective capacitance of a distributed RLC' load is presented
for accurately estimating short-circuit power. Both resistive and inductive shielding of
interconnects are considered and no iterations are required to determine the effective
capacitance. The proposed method has been verified with Cadence Spectre, and can
be used in look-up tables or k-factor based models to estimate short-circuit power
dissipation in CMOS gates with complex interconnect loads.

Repeater insertion is an efficient method for reducing interconnect delay and signal
transition times in integrated circuits. In Chapter 6, a repeater insertion methodology

is proposed for achieving the minimum power in an RC' interconnect while satisfying



delay and bandwidth constraints. These constraints determine a design space for the
number and size of the repeaters. The minimum power is shown to occur at the edge
of the design space. Closed-form solutions for the minimum power satisfying a delay
constraint are developed. The effects of inductance on the delay, bandwidth, and
power of an RLC' interconnect with repeaters are also analyzed.

As CMOS technology is scaled, the design requirements of delay, power, band-
width, and noise due to the on-chip interconnects have become more stringent. New
design challenges are emerging, such as delay uncertainty induced by process and
environmental variations. It has become increasingly difficult for conventional copper
interconnect to satisfy these design requirements. On-chip optical interconnect has
therefore been considered as a potential substitute for long distance global electrical
interconnect. In Chapter 7, predictions of the performance of CMOS compatible opti-
cal devices are made based on current state-of-the-art optical technologies. Electrical
and optical interconnects are compared for various design criteria based on these
predictions.

In Chapter 8, the research described in the dissertation is summarized. Proposed
future research is presented in Chapter 9, including a delay uncertainty constrained
repeater insertion methodology, a figure of merit to characterize the importance of
frequency dependent effects, methodologies for optical-electrical clock distribution

networks, and 3-D integration via optical interconnects.



Chapter 2

On-Chip Electrical Interconnect

Due to the importance of interconnects in current and future ICs, significant re-
search has been published over the past several decades, covering different areas such
as parasitic extraction, interconnect models, and interconnect design methodologies.
In this chapter, a brief review of the background of on-chip electrical interconnect
is provided. In Section 2.1, a typical design flow for application-specific integrated
circuits (ASIC) is described. Challenges in DSM technologies due to interconnect
dominant behavior are discussed. In Section 2.2, different design criteria that need to
be considered during the interconnect design procedure are described. The impedance
characteristics of interconnect are presented in Section 2.3; specifically, the resistance,
capacitance, and inductance. Interconnect models and design methodologies are re-
viewed in Sections 2.4 and 2.5, respectively. Finally, some conclusions are offered in

Section 2.6.
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2.1 Design Flows for DSM ASICs

A conventional design flow for ASICs is shown in Fig. 2.1 [10]. A typical design
process can be divided into two steps: functional design (front-end) and physical
design (back-end). The functional design phase includes functional specification,
VHDL/Verilog coding in the register transfer level (RTL), and logic synthesis. A
gate level netlist is generated as the result of logic synthesis. Functional design is im-
plemented during the front-end design process. The back-end physical design process
converts a gate level netlist into a layout, including floorplaning, module placement,
and interconnect routing. From the physical layout, parasitic impedances are ex-
tracted. A post-layout timing analysis tool is used to detect any timing violations.
Necessary corrections are made in the physical layout or gate level netlist to fix these
violations. This design flow is successful for those technologies where gate delays
dominate. The timing of the circuits is determined by the gate types and loads. The
effect of the interconnect parasitic impedances typically produces only a few timing
violations in a medium speed application, making the design flow efficient.

With interconnect becoming increasingly important, the interconnect delay needs
to be considered during the functional design process. Due to the lack of place-
ment and routing information, the interconnect delay is approximated with statistical
fanout-based wire load models. The circuit design based on these inaccurate delay

models can produce a large number of timing violations. Design iterations are usually
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Figure 2.1: A conventional ASIC design flow.

11

required to achieve timing closure. A method to alleviate this problem is to intro-

duce physical information earlier into the logic synthesis stage. An initial floorplan

is created before the synthesis procedure to provide an estimate of the location of
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the cells as well as the interconnect lengths. A timing model based on this estima-
tion is significantly more accurate, making the synthesis process more efficient and
resulting in a placed gate level netlist. This synthesis procedure is called physical
synthesis [11]. In the DSM regime, the functional and physical design processes are
no longer separated, requiring tight integration of the front-end and back-end design
processes.

Interconnect plays an important role in both the physical synthesis and timing
verification stages in the design flow. Requirements placed on the interconnect anal-
ysis are different in these two stages. During the synthesis process, since the detailed
routing information is not available, higher efficiency with reasonable accuracy is
preferred, such as closed-form models. In the post-layout verification stage, realis-
tic timing information describing the entire IC is determined, requiring both high

efficiency and high accuracy.

2.2 Interconnect Design Criteria

Since interconnect has become a dominant issue in high performance ICs, the
focus of the circuit design process has shifted from logic optimization to interconnect
optimization. Multiple criteria should be considered during the interconnect design
process, such as delay, power dissipation, noise, bandwidth, and physical area. These

criteria are individually discussed in the following subsections.
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2.2.1 Delay

Interconnect delay is a primary design criterion due to the close relationship to the
speed of a circuit. Early interconnect design methodologies [12, 13] focused primarily
on delay optimization. A typical data path in a synchronous digital circuit is shown

in Fig. 2.2. In the case of zero clock skew, the minimum allowable clock period is [14]

Tp_min = TCfQ + T’int + Eogic_max + Tsetup7 (21)

where T_¢ is the time required for the data to leave the initial register after the clock
signal arrives, T}, is the interconnect delay, Tisgic maz 15 the maximum logic gate delay,
and Tsetyyp is the required setup time of the receiving register. From (2.1), by reducing
Tint, the clock period can be decreased, increasing the overall clock frequency of the

circuit (assuming the data path is a critical path).

Interconnect

o] :

Figure 2.2: A data path in a synchronous digital system.
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In advanced microprocessors, multiple computational cores can be fabricated on
the same die [5]. Communication among these cores and on-chip memories generally

requires multiple clock cycles. Sometimes the computational core enters an idle state
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waiting for the required data or control signals from other regions of the IC. The
computational resource of these cores, therefore, cannot be efficiently utilized due
to the large amount of multi-cycle communication. By reducing the interconnect
delay, the speed of the system, i.e., the computational efficiency of the cores, can be

improved at the architecture level.

2.2.2 Power Dissipation

Due to higher clock frequencies and on-chip integration levels, power dissipation
has significantly increased. The on-chip power dissipation of current state-of-the-
art microprocessors is on the order of hundreds of watts and the power density has
exceeded the power density of a kitchen hot plate [15]. In Fig. 2.3, the components of
dynamic power due to different capacitance sources are shown for a state-of-the-art
microprocessor [16]. The dynamic power due to the interconnect capacitance can
be greater than 50% of the total dynamic power. Furthermore, the repeaters and
pipeline registers inserted in the interconnect introduce additional dynamic, leakage,
and short-circuit power [17]. High power dissipation increases the packaging cost due
to heating problems and shortens the battery life in portable applications. Power

dissipation, therefore, is another important criterion in interconnect design.
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Figure 2.3: Components of dynamic power dissipation due to different capacitance
sources: gate capacitance, diffusion capacitance, and interconnect capacitance.

2.2.3 Noise

With interconnect scaling, coupling capacitance between (and among) intercon-
nects dominates the ground capacitance. Furthermore, inductive coupling has to be
considered due to increasing signal frequencies, making coupling noise more signifi-
cant (and complicated). Interconnect coupling induced noise can be classified into
two categories: voltage level noise and delay uncertainty, as shown in Fig. 2.4. Noise
may cause a malfunction in the circuit if the noise level is greater than a certain
threshold, thereby reducing yield.

In addition to coupling effects, delay uncertainty can also be caused by other

factors, such as process variations (on both interconnects and the inserted repeaters
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Figure 2.4: Interconnect coupling noise.

or pipeline registers), temperature variations, and power/ground noise. Delay un-
certainty is both spatially dependent (due to process variations) and temporally de-
pendent (due to coupling, temperature variations, and power/ground noise). Timing
margins are assigned to manage this delay uncertainty, thereby increasing the clock
period and reducing the overall performance of the circuits. When delay uncertainty

exceeds these margins, setup or hold violations may occur, reducing the yield.

2.2.4 Bandwidth

The concept of bandwidth originates from the telecommunications field [18]. For
on-chip applications, bandwidth is used to measure the data transmitting capacity
for global interconnects, i.e., the number of bits transmitted through an interconnect
per second. A higher bandwidth reduces the total time required to transmit a certain
amount of data, thereby increasing the performance of the system. A bit period

can be divided into two parts. One part is dedicated to the transition time, while
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the other part is the steady state part during which the data can be latched at the
receiving register. Assuming the steady state part occupies at least half of the bit

period, the maximum bandwidth is related to the rise/fall time as

1 .
B = % (bit/s). (2.2)

r

In [19, 20, 21, 22], the bandwidth is assumed to be proportional to the reciprocal
of the delay. This assumption, however, is only valid for RC' lines, where there
is approximately a linear relationship between the 50% delay and the 10% to 90%
transition time.

The bandwidth of an interconnect is also affected by the delay uncertainty. A
timing diagram of a data waveform with delay uncertainty is shown in Fig. 2.5, where
T.n is the delay uncertainty and 7T is the required steady state period. Note that the
delay uncertainty increases the bit period Tj;. By including the delay uncertainty,

(2.2) can be rewritten as

1 1

B pu— = -
Tbit 2tr + Tun ’

(2.3)

where T is assumed to be the same as ¢,.
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Figure 2.5: Timing diagram of a data waveform.

2.2.5 Physical Area

With technology scaling, billions of transistors can now be integrated onto a single
monolithic die. The number of interconnects has therefore also significantly increased.
The die size, however, is expected to remain approximately fixed for future technolo-
gies as predicted in [7]. The number of metal layers, therefore, needs to be increased
to provide sufficient metal resources for interconnect routing. Increasing the num-
ber of metal layers, however, increases the fabrication cost. Furthermore, buffers
and pipeline registers inserted along the interconnects make the constraint on silicon
area more stringent. The area criterion, therefore, should be considered during the

interconnect design processes, such as wire sizing and repeater insertion.

2.3 Interconnect Characteristics

The impedance characteristics of on-chip interconnect include the resistance, ca-
pacitance, and inductance. These parameters can be extracted from the geometry of

the interconnect structures, as illustrated in the following subsections.
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2.3.1 Resistance

For a conductor with a rectangle cross-section, the resistance is described by the

following expression,

l
R=rwm

(2.4)
where p is the material resistivity. [, W, and H are the length, width, and thickness
of the interconnect, respectively. In present DSM CMOS technologies, copper has
been adopted to replace aluminum as the primary interconnect material due to the
lower resistivity of copper as compared to aluminum. At 20°C, the bulk resistivities of
Cu and Al are 1.7 uf2-cm and 2.7 puf2-cm, respectively. Due to specialized processing
and operating conditions of the on-chip copper interconnect, certain non-ideal effects

need to be considered, making the effective resistivity deviate from the idea bulk

resistivity.

a) Diffusion barrier

For on-chip Cu interconnect, a thin and highly resistive barrier layer is built
on three sides of the interconnect to prevent Cu from diffusing into the surrounding
dielectric, as shown in Fig. 2.6. This barrier layer consumes part of the cross sectional

area allocated to the interconnect. The effective resistivity p, due to this barrier



20

induced reduction in the cross sectional area is [23]

P
Py = 40&, (2.5)

WH

where pq is the bulk resistivity at a given temperature, and A, is the cross sectional

area occupied by the barrier layer.

H Copper
Barrier

Figure 2.6: Cross section of an on-chip copper interconnect.

b) Surface and grain boundary scattering

When the dimensions of the interconnect are scaled deep into the DSM regime, the
resistivity of the interconnect increases as the wire dimensions shrink. This behavior
is due to surface and grain boundary scattering [24], as illustrated in Fig. 2.7.

The electron mean-free path A of copper is 42.1 nm at 0°C [24]. When any di-
mension of the wire shrinks to the order of A, the electrons will experience more

collisions at the surface, increasing the effective resistivity. The resistivity of a thin
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Figure 2.7: Scattering of electrons at the interconnect surface and grain boundary.

film structure can be characterized by the following expressions [23, 25],

Po
Ps = _ ) ok ) (2'6>
I - 3(12kp) i (z% - z%)ll—pee*kkz dx
which can be further simplified to [24]
Po
Ps = 13’ k> 1, (2.7)
- 8k

where & = d/)\ is the ratio of the thickness of the thin film to the electron mean-
free path, and p is the fraction of the electrons that are elastically scattered at the
surface. A typical value of p for copper is 0.47 [24]. Note that in (2.6) and (2.7), only
one dimension (thin film structure) surface scattering is considered. For thin wires
with two-dimensional surface scattering effect, the effective resistivity is larger [26].
A reduced k is used in [27] to consider this two-dimensional surface scattering effect.

Grain boundaries in a polycrystalline interconnect act like partially reflecting

planes, as illustrated in Fig. 2.7. Grain sizes are usually scaled linearly with the
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wire dimensions [28]. When the grain size is comparable to the electron mean-free
path, the electrons suffer greater grain boundary scattering, further increasing the

resistivity. The effect of grain-boundary scattering can be characterized as [27]

£o
_ , 2.8
Po 3[5 — 304+ a2 —adIn(1+ a%,)] (2:8)
where
ADyg
Q= ——2——. (2.9)
! dg(l _pg)

d, is the grain diameter, and p, is the grain boundary reflection coefficient with a

value ranging between 0 and 1.

c) Temperature effect

The resistivity of copper increases approximately linearly with temperature [29]
and can be characterized as

pi = pol1 + PAT), (2.10)

where 3 is the temperature coefficient of resistivity (TCR) and AT is the difference in
temperature from a reference temperature. For bulk Cu, 3 is 0.43%/°C at 20°C [29].
Since the electron mean-free path A will decrease with increasing temperature, the k
in (2.6) will be larger, resulting in a smaller ratio of ps/po. The TCR for thin-film

interconnect, therefore, is smaller than that of bulk Cu [25].
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d) High frequency effects

At sufficiently high frequencies, the current density in an interconnect is no longer
uniform, as shown in Fig. 2.8. The current tends to flow near the interconnect surface.
This phenomenon is called the skin effect [30]. The effective cross sectional area of

the interconnect is reduced, thereby increasing the interconnect resistance.

Figure 2.8: Current distribution in the cross section of an interconnect at high fre-
quencies. Darker color indicates higher current density.
The skin depth is the distance below the conductor surface where the current

density drops to 1/e of that at the surface, and is determined as

5(f) = L (2.11)

where 1 is the permeability in the conductor. Expression (2.4) actually characterizes
the DC resistance, and is no longer accurate when ¢ is smaller than the wire cross
sectional dimension. The skin depth of bulk Cu as a function of frequency at 20°C is
shown in Fig. 2.9. As the frequency increases to tens of GHz, the skin depth enters

the DSM region and decreases slowly.
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Figure 2.9: Skin depth of Cu as a function of frequency.

Whether to consider these non-ideal effects depends upon the accuracy require-
ments of the models and the operating regime of the circuits. Often more than one
effect needs to be simultaneously considered. For example, the skin effect and sur-
face scattering effect when simultaneously considered is known as the anomalous skin
effect (ASE) [26, 31]. In the ITRS [7], the requirement for the effective resistivity of

copper interconnect is 2.2 uf2-cm for all of the technology nodes.

2.3.2 Capacitance

Since interconnect delay dominates gate delay in the DSM regime, the requirement
on the accuracy of parasitic extraction of the interconnect impedances increases. 2-D

or 3-D extraction is generally required. A 3-D field solver, such as FastCap [32],
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can provide accurate capacitance results, however, with large timing and memory
requirements. With increasing integration, the number and geometric complexity of
the on-chip interconnects drasticly increases. It is, therefore, not practical to apply a
field solver to an entire IC.

Modern 3-D on-chip capacitance extraction can be divided into three steps [33].
Initially, test patterns are measured or simulated with a 2-D or 3-D field solver.
The generated data are used to derive closed-form formulae [34] or to build look-up
tables. The geometric parameters of the interconnects are extracted next. Finally, the
geometric parameters are matched to the test patterns, and the capacitance values
are obtained through formulae or look-up tables. Due to the short-range nature of
electrostatic interaction, only the nearest neighbors are considered during the process
of capacitance extraction. The capacitance matrices, therefore, are fairly sparse.

Interconnect capacitance is composed of two components, the capacitance between
the interconnect and adjacent metal layers or substrate Cj, and the coupling capac-
itance between neighboring interconnects in the same layer C.. C, is expected to
dominate Cj in the DSM regime due to the increasing aspect ratio and decreasing
wire spacing. In early stage interconnect design and analysis, adjacent layers are
generally treated as a ground plane for capacitance extraction. By numerical fitting,
closed-form capacitance expressions have been derived for parallel lines above one

ground plane or between two ground planes in [35, 36, 37].
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2.3.3 Inductance

As compared with resistance and capacitance, the interconnect inductance is sig-
nificantly more difficult to extract. One reason for this difficulty is due to the loop-

based inductance definition,

L % (2.12)
J

where 1);; is the magnetic flux in loop ¢ induced by the current /; in loop j. To form
a loop, the current return paths need to be identified. The current distribution in a
circuit, however, a priori depends on the interconnect characteristics. The effect of
inductance in wide global interconnects in top metal layers is more significant than
that of local interconnects in lower metal layers. Since the wires in adjacent layers
are generally orthogonal, adjacent layers can no longer be treated as a ground plane
as in capacitance extraction.

Another reason for the difficulty in inductance extraction is due to long range
inductive coupling effects. Artificially restricting the inductance extraction to nearby
geometries not only introduces inaccuracy but may also results in unstable mod-
els [33]. The pattern matching method used for capacitance extraction, therefore,
can not be used for inductance extraction due to the complex geometries surrounding

the wire.
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a) Partial inductance

One way to avoid determining a priori the current return path is to use the concept
of partial inductance [38]. In determining the partial inductance, the flux area extends
from the conductor to infinity. The loop inductance of a closed loop can be uniquely
determined by the partial self-inductance of each segment of the loop and the partial
mutual inductance between any pair of those segments. The partial inductance is
used in partial element equivalent circuit (PEEC) models [39], which can be used
to accurately simulate a circuit. Partial inductance nonlinearly depends upon the
interconnect length. This behavior is the result of inductive coupling among different
segments of the same line [30]. For a loop formed by two closely placed parallel
interconnects (where the length of the loop is more than ten times longer than the
loop width), the loop inductance depends linearly on the length of the loop.

Note that the inductance of a wire not forming a closed loop has no physical
meaning [38]. When applying the concept of partial inductance in circuit models,
all of the wires that form the current loops should be included, e.g., the reference
ground lines. The current return paths are determined from circuit simulation. The
PEEC model generally results in huge and dense inductance matrices, increasing the
computational complexity of the simulation. Various methods have been presented
to sparsify the inductance matrices [40], such as the shell technique [41], the halo

technique [42], and the K matrix technique [43].
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b) Loop-based inductance

As an alternative to the PEEC model, a loop-based inductance model is preferred
in well-designed interconnect structures, such as shielded buses and clock distribution
networks. In early design stages, a good assumption regarding the current return path
is the nearby power/ground networks, since these tracks are generally wide with low
resistive impedance. FastHenry [44] is a commonly used numerical tool for extracting
the partial or loop inductance of simple interconnect structures. By estimating the
distribution of the return current, more accurate loop-based inductance models have

been developed [45, 46, 47, 48].

c) High frequency effects

Inductance is also a function of frequency due to the variation of the current
distribution with frequency. In addition to the skin effect mentioned in Subsec-
tion 2.3.1, the current distribution inside a conductor also changes with frequency
due to the proximity effect [30]. The proximity effect in two parallel interconnects is
illustrated in Fig. 2.10. If the current in these two wires flows in opposite directions,
the currents concentrate towards each other, as shown in Fig. 2.10(a); otherwise, the
two currents shift away from each other, as shown in Fig. 2.10(b). Both the skin effect

and the proximity effect are essentially due to the same mechanism — the current
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tends to concentrate closer to the current return path in order to minimize the induc-
tance [30]. Note that at high frequencies, the resistance of a conductor also depends

on the surrounding signal activities due to the proximity effect.

Ll L L3

(a) Current in opposite directions. (b) Current in same directions.

Figure 2.10: Current distribution in the cross section of two parallel wires at high
frequencies due to the proximity effect.

Another effect of frequency on the inductance is due to multi-path current re-
distribution [49]. In an integrated circuit, there are many possible current return
paths, e.g., the power/ground network, nearby signal lines, and the substrate. The
distribution of the return current among these possible paths is determined by the
impedance of the individual paths. At different frequencies, the relationship among
the impedances of different paths will change, as well as the distribution of the return
current, as shown in Fig. 2.11. The return current is distributed in those paths so as

to minimize the total impedance at a specific frequency [30].



30

sz - NN
|

low freguencies (
\

Dominant current ™~ /\\\ ] -
return paths at L\
high frequencies IRREN | |

\/////////%///é////é/%//%///

Figure 2.11: Return current distribution at different frequencies.
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2.4 Interconnect Models

Interconnect modeling is critical in both the circuit design and verification pro-
cesses. An efficient and accurate interconnect model can significantly enhance these
processes. In Subsections 2.4.1 and 2.4.2, models of single interconnect and cou-
pled interconnects are described, respectively. Model order reduction techniques are

reviewed in Subsection 2.4.3.

2.4.1 Single Interconnect

The single interconnect model is the basis for many interconnect network simu-
lation tools. Various on-chip interconnect models have been presented over the past
several decades, from lumped C'/RC/RLC models to distributed transmission lines.
A tradeoff between efficiency and accuracy is required in selecting the appropriate

model.
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a) Lumped models

For local interconnects with a length of tens of micrometers and below, the circuit
behavior is typically dominated by the capacitance and effective resistance of the
gates. Modeling the interconnect as a lumped capacitance or lumped RC' structure
is generally sufficiently accurate. Commonly used lumped models include L, T, and

7 shaped structures, as depicted in Fig. 2.12.

v <+ < <

L-shaped Teshaped T-shaped

Figure 2.12: Lumped interconnect models.

b) Distributed models

For long intermediate and global interconnects, the signal propagation delay along
the interconnect is larger than the gate delay. In this case, the distributed charac-
teristics of the interconnect should be considered. Distributed interconnect can be

characterized by the Telegrapher’s equations in transmission line theory [50],

g—z — —(R+sL)I, (2.13)
or _ —sCV, (2.14)

ox
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where R, L, and C are the interconnect impedance parameters per unit length, = is
the distance along the interconnect, and s is the complex frequency. The conductance
between the signal line and ground can typically be ignored in on-chip structures. If
the interconnect is non-uniform, these parameters are a function of x. If frequency
dependent effects need to be considered, these interconnect parameters are also a
function of s. Besides the difficulties in inductance extraction, including inductance
in the model also makes circuit analysis more complicated due to inductance induced
signal reflection, ringing, and coupling effects. A figure of merit to characterize the

condition when on-chip inductance should be considered is presented in [51],

b <l<3\/£ (2.15)
2V/LC RV C’ '

where ¢, is the signal transition time and [ is the interconnect length.

Transmission line models are based on transverse electro-magnetic (TEM) mode
or quasi-TEM mode wave propagation. The TEM or quasi-TEM mode assumption is
valid when the line cross-sectional dimension is much smaller than the wavelength [52].
This requirement can be generally satisfied in on-chip structures. For example, the
wavelength of a 100 GHz frequency component is on the order of 1 mm, which is
several orders greater than the cross-sectional dimension of interconnects in DSM
technologies. When using a transmission line model, both the resistance and the

inductance should be extracted from the loop formed by the signal line and the
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ground return path. Since the resistance of the ground return path is generally much
smaller than that of the signal line, the resistance of the ground can be ignored. In a
typical circuit representation of a transmission line, the loop inductance is assigned
to the signal line as shown in Fig. 2.13(b), rather than the original structure as shown
in Fig. 2.13(a). The voltage V in (2.13) is actually the differential voltage between

the signal line and the ground line.

Signal

Ground

(a) Ground line is modeled explicitly.

Signal

e .

(b) Ground line is modeled implicitly.

Figure 2.13: Circuit models of transmission lines.

In the capacitance extraction process, assuming the adjacent orthogonal layers as
ground also implicitly assumes the voltage on the orthogonal layers follows the voltage
on the current return path, which is a reasonable assumption when the voltage on the
current return path is small. A more accurate orthogonal layer capacitance model is

presented in [53]. In this model, the orthogonal layer is treated as a supernode, as
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shown in Fig. 2.14. Both the signal line and the ground line in the same layer expe-
rience capacitances to the supernode, which are denoted as Cj, and Cy, in Fig. 2.14,
respectively. This supernode is assumed to float if the node is sufficiently distant
from the driver and load. By eliminating this supernode, an equivalent capacitance
to ground can be obtained. Applying this method to multiple parallel interconnects,
however, results in coupling capacitances between non-adjacent wires [53]. As shown
in Fig. 2.14, simply treating the orthogonal layer as ground for capacitance extraction

implicitly assumes an infinite Cy,.

Ground Signal Ground Signal Ground Signal
E (:g}_E —> E Cg}_g 9
C
go —|— —|— Cso CQOUw ':(>

Orthogonal layer Supernode

Figure 2.14: Model of orthogonal layer.

c) Lumped representation of distributed interconnects

A transient time domain simulation of a transmission line can be grouped into
two categories: impulse response convolution and lumped equivalent circuits [54]. In
the first method, the transmission line is initially analyzed in the frequency domain.
Next, a time domain impulse response (called a Green’s function [55]) is obtained
based on the frequency domain solution. Finally, the time domain solution is deter-

mined by convolving the Green’s function with the voltages at the line ports [55].
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Accurate results can be provided with the penalty of long simulation times and ex-
cessive memory requirements due to the convolution procedure. Furthermore, this
method is not compatible with general circuit simulators, such as SPICE. The second
method is to partition the transmission line into a number of segments and model
each segment as a lumped structure. Additional segments provide more accurate
results, but consume more computational resources. The key issue in this method,
therefore, is to determine the appropriate number of segments.

Using lumped models to represent a distributed transmission line introduces in-
accuracy when evaluating circuits that operate at high frequencies. The highest fre-
quency of interest, therefore, should be determined in order to evaluate the maximum
error induced by using lumped models. The frequency domain representation of a

normalized saturated ramp signal with rise time ¢, is

Vi(s) = ——(1—e"), (2.16)

Inserting s = jw into (2.16), the amplitude of the frequency spectrum can be obtained,

after some simplification, as

t, | sin x|
T2 2

Vi (w)] (2.17)

where

r = wt, /2. (2.18)
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The normalized amplitude of the frequency spectrum is shown in Fig. 2.15. As shown
in Fig. 2.15, the amplitude of the frequency spectrum is infinite at DC and decreases

rapidly with increasing frequency.

Figure 2.15: Normalized frequency spectrum of a saturated ramp signal.

The normalized integral of the frequency spectrum is defined as

/x|sir;z| &
S(a) = 14—

= %) -
/ | SII;Z| &
0o Z

S(z) is plotted as a function of x in Fig. 2.16. A practical relationship between the

. (2.19)

maximum frequency fy,., and the rise time ¢, is [54, 56, 52]

0.35

fmaaz = t

(2.20)
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From (2.18), this relationship corresponds to x = 1.1. Note in Fig. 2.16 that only
9% of the frequency component of a rising edge is at frequencies higher than f,,...
This percentage increases to about 15% for trapezoidal pulses [53]. Given an error
budget of 2.5% on the characteristic impedance, a frequently used rule of thumb to
determine the number of lumped segments is theoretically derived in [54] based on the
definition of f,,.. given by (2.20): the propagation delay caused by a segment should
be smaller than one fifth of the shortest rise time. This rule can be mathematically

characterized as [54]

5lv LC

n > ,
7

(2.21)

where n is the number of segments.

0.9y —
0.8}

0.6

S(x)
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X

Figure 2.16: Normalized integral of the frequency spectrum of a saturated ramp
signal.
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d) Modeling frequency dependent effects

After partitioning a distributed line into lumped segments, frequency dependent
effects can be modeled in each segment by a ladder structure of frequency indepen-
dent lumped RL elements, as shown in Fig. 2.17. Additional ladder stages provide
higher accuracy when operating at high frequencies. Two stages are used in [45] and
three stages are used in [46, 57]. The value of the circuit elements can be obtained
by matching the impedance of the model to the extracted impedance at different

frequencies.

L(f) R(f)

IO >

Figure 2.17: Modeling a frequency dependent impedance with lumped elements.

e) Closed-form solutions

By approximating the driver as a voltage source followed by a resistance R, and the

load as a single capacitance C,, closed-form formulae for the 50% delay of distributed
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RC and RLC lines are derived in [58] and [59], respectively,

Tu.rc = 0.377TR,C; + 0.693(R,C + R,Cy + R,Cp), (2.22)
e~ 29 4 1 48
Td_RLC’ = C, (223)
Wy,
where
2 \/ L V1+Cr

1

vV L(Cy + CL).

(2.25)

Wp =

Ry = Rq/Ry, and Cr = C/Cy. Ry, Cy, and L are the total resistance, capacitance,
and inductance of the interconnect, respectively. These closed-form expressions play
an important role in the interconnect synthesis and optimization phases of the design

process.

2.4.2 Parallel Coupled Interconnects

Modeling parallel coupled interconnects draws special attention in the circuit de-
sign process due to the commonly used bus structure [60, 61]. A general solution
for coupled multiconductor systems is composed of two steps, decoupling the systems
into independent interconnects, followed by applying single line models to each of

these interconnects. The decoupling procedure is illustrated in Fig. 2.18
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Figure 2.18: Decoupling multiple parallel coupled interconnects.

The Telegrapher’s equation describing a coupled multiple interconnect system

becomes

ov

I
g—$ =—sCV, (2.27)

where V' and I are vectors of voltage and current along N coupled interconnects. R,

L, and C are the matrices characterizing the impedance parameters per unit length.
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The use of (2.26) and (2.27) assumes that the capacitive and inductive coupling among
interconnects is restricted in the direction perpendicular to the direction of the signal
propagation, i.e., forward coupling [62] is ignored. For well designed circuits, this
simplification is often valid [62]. By applying a modal analysis [60, 63|, a coupled
multiconductor system can be decoupled, i.e., the impedance matrices R + sL and
sC in (2.26) and (2.27) can be converted into (much simpler) diagonal matrices. The
modal decoupling method, however, generally is not analytically tractable, except
for certain special cases, such as two identical interconnects [64], multiple lossless
wires [65, 66|, wires in a homogeneous dielectric [61], and wires only coupled to direct
neighbors [67]. In general, the computational complexity required to decouple a large
number of coupled lossy interconnects with a modal analysis is high.

Another commonly used decoupling method is the switch factor based method [68,
69]. Due to the Miller effect, a coupling capacitance C. between two wires can be
modeled as an effective ground capacitance nC\, where 1 depends on the signal switch
patterns on the lines and generally ranges between 0 and 2. In [68], the authors
demonstrate that the effective capacitance also depends on the slew rates and delay
offset of the signals on the two wires, and the range of 7 is changed to (-1, 3).
This switch factor based decoupling method has been extended in [69] to model the
effective loop inductance in parallel coupled interconnects. Although not as accurate

as the modal analysis, this switch factor based decoupling model is significantly more
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computationally efficient and can be used to estimate the delay or delay bounds

during the design of global coupled interconnects.

2.4.3 Model Order Reduction

Due to the large number and complex nature of on-chip interconnects, it is imprac-
tical to run SPICE-like accurate simulations on an entire IC. A practical approach is
to use look-up tables (or fitting parameter based closed-form formulae) to model the
gate delay and use model order reduction techniques to simplify the interconnect net-
works. In the following subsections, generally used model order reduction methods are
reviewed, including Elmore delay [70], moment matching [71], and Krylov-subspace

based techniques [72, 73, 74].

a) Elmore delay

The Elmore delay was first presented in 1948 [70], where the impulse response
is treated as a probability distribution function. As shown in Fig. 2.19, the 50%
delay with a step input is the median of the impulse response, i.e., the integral of
the impulse response (step response) is divided evenly into two parts by the median.

The Elmore delay is the mean of the impulse response and is used to approximate
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the median of the impulse response in [70],

Tistmore — / h(t)t dt. (2.28)
0
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Figure 2.19: Impulse and step responses of RC' trees.
Expanding the transfer function into a Taylor series around zero results in

H(s):/oooh(t)e_“dt:/Oooh(t)(l—st—l—%—---)dt

e’} 2 [e'e)
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0 2! Jo



44

The coefficient of different powers of s are referred to as moments of the transfer
function. By comparing (2.28) with (2.29), it can be observed that the Elmore delay
is the absolute value of the first moment of the transfer function. A derivative form
of the Elmore delay is 0.693Tgymore, which is called the scaled Elmore delay [75].
The scaled Elmore delay can be obtained by approximating the circuit as a one pole
system while matching the first moment. The Elmore delay is shown in [76] to be
the upper bound of the 50% delay of an RC' tree with inputs exhibiting a unimodal
derivative. A function z(t) is called unimodal if and only if there exists at least one
value t,,, such that z(¢) is non-decreasing for ¢ < t,, and non-increasing for ¢ > ¢, [76].

The Elmore delay is widely used in interconnect synthesis due to the simple closed-
form expression, additive property [77], and high fidelity [78], i.e., an optimal solution
obtained based on the Elmore delay is also nearly optimal according to the actual
delay. The primary disadvantage of Elmore delay is the low accuracy. The resistive
shielding effect and effects of inductance can not be captured by the Elmore delay,
making it unsuitable for accurate circuit simulation. In [79], an equivalent Elmore
delay has been developed that includes the effects of inductance, where the first

moment is matched and the second moment is approximated.
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b) Moment matching

The moment matching method is generalized in [71], where a ¢g-pole system is ob-

" moment). This method

tained by matching the first 2¢ moments (including the zero®
is referred to as asymptotic waveform evaluation (AWE). By utilizing additional mo-
ments, AWE is significantly more accurate than the Elmore delay. The moments at
different nodes in an interconnect tree structure can be recursively determined with
closed-form expressions [80, 81].

There are three limiting factors preventing AWE from achieving arbitrary accu-
racy: first, unstable poles may be generated and have to be discarded; second, the
computational process becomes unstable with increasing order number [82]; and third,
since the moments are based on a Taylor series expansion around zero, the accuracy
of the Pade approximation decreases as the frequency increases [52]. Due to these
reasons, the number of poles approximated by AWE is typically less than eight [83].
Significant effort has been made to improve AWE with respect to stability and accu-
racy. In [84], the complex frequency hopping (CFH) method is presented, where the
moments are matched at multiple expansion points. The multinode moment matching
(MMM) method is presented in [82], where the spatial information of the moments
is utilized, and moments at different nodes are simultaneously matched. In [83], the

Direct Truncation of the Transfer function (DTT) method is described, where the

order of an RLC tree is reduced by directly truncating the exact transfer function.
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c) Krylov-subspace techniques

In order to achieve higher order, stable, and passive approximations of an inter-
connect network, another class of model order reduction techniques based on Krylov-
subspace have been developed in the last decade, such as Pade via Lanczos (PVL) [72],
Arnoldi algorithm [73], and passive reduced order interconnect macromodeling algo-
rithm (PRIMA) [74]. In these methods, the moments of the systems are implicitly
matched. The reduced model is based on extracting the leading eigenvalues (those
with the largest magnitude) of the system rather than extracting the dominant poles
in AWE. In [52], it is demonstrated that the poles of a system are the reciprocal of
the eigenvalues of the coefficient matrix in the modified nodal analysis (MNA) equa-
tions [52]. The essential idea in these Krylov-subspace based methods is to construct
a smaller matrix whose eigenvalues are a reasonable approximation of the leading

eigenvalues of the original matrix characterizing the system.

2.5 Design Methodologies for Interconnect

Since interconnect plays an important role in ICs, interconnect design method-
ologies have been developed at different levels to satisfy specific performance re-
quirements. In Subsection 2.5.1, interconnect topology optimization methods are

discussed, where interconnect trees are constructed. Wire geometry optimization
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methods are reviewed in Subsection 2.5.2. Circuit level interconnect design method-
ologies are described in Subsections 2.5.3, 2.5.4, and 2.5.5, including buffer insertion,

shielding techniques, and net-ordering/wire swizzling, respectively.

2.5.1 Constructing an Interconnect Tree

An interconnect tree network is a commonly used structure in ICs. Signals are
transmitted from the root of a tree to each leaf of the tree. When the circuit is
dominated by the gates, the interconnects can be modeled as a lumped capacitance.
A minimum Steiner tree (MST) is generally constructed in this case such that the total
wire length required to connect the source and sinks is minimized. The capacitance of
the tree, therefore, is also minimized, as well as the circuit delay and dynamic power.

With the circuit now dominated by the interconnect, both the interconnect resis-
tance and inductance need to be considered during the tree construction process. In
this case, the delay at different sinks is different. The required arrival time at each

sink is also different. The slack at a node is defined as

Tslack = Trat - Tdelaya (230)

where T4 is the require arrival time at that node and Ty, is the delay from the
source to that node. In a properly designed tree, the slack at the source should

be maximized for high performance while minimizing the area and power overhead.
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Some examples of tree constructions are A-tree [85], P-tree [86], and C-tree [87]. In
an A-tree, the Manhattan distance from the source to each sink is minimized. Subject
to this constraint, the total wire length is also minimized. An example of an A-tree is
illustrated in Fig. 2.20. During constructing of a P-tree, the solution space is limited
to a set of topologies induced by a permutation on the sinks. From this solution
space, the optimal solution is chosen based on the delay or delay-area product. In the
C-tree, the sinks are first clustered according to the spatial, temporal, and polarity
properties. After the clustering procedure, tree structures are built within and among

these clusters.

e Sinks

B T.W

Source

Figure 2.20: An example of an A-tree.

2.5.2 Wire Sizing, Shaping, and Spacing

Given a metal layer in a specified technology, the thickness of the wires and

inter-layer dielectric (ILD) is fixed. The wire width and space, however, can be
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varied to satisfy different design criteria. By explicitly characterizing the relationship
between the interconnect impedance and wire geometries, tradeoffs among the delay;,
bandwidth, and power of the global interconnect can be made [19, 21, 88]. In [89],
the effects of inductance are included during the wire width optimization process to
lower the power dissipation.

It is shown in [90] that the optimal shape of an RC' interconnect that minimizes
the Elmore delay is an exponential taper, as shown in Fig. 2.21. Wire tapering
increases the wire width near the driver and decreases the wire width near the load.
Since the near end resistance sees more downstream capacitance than the far end
resistance, assigning less resistance to the near end than to the far end will reduce
the total RC' delay. In [91], the optimal shape of an RLC interconnect is also shown
to be exponential. Exponential shaping, however, is more difficult to implement than

uniformly sized wires.

P >

Figure 2.21: Shaping interconnect to minimize delay.
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2.5.3 Repeater Insertion

The delay of an RC' interconnect is 0.377RC1? [58], which is proportional to the
square of the wire length [. By splitting the interconnect into k£ segments with re-
peaters, the interconnect delay term is reduced to 0.377RCI?/k. These repeaters,
however, introduce additional gate delay. The optimal number and size of the re-
peaters can be determined to achieve the minimum delay [12, 59]. As signals propa-
gate along the interconnect, sharper transition edges are regenerated by the repeaters,
increasing the bandwidth of the interconnect. By dividing the interconnect into seg-
ments, the coupling between interconnects is also reduced due to the shorter length
of coupling between neighboring lines. Inserting repeaters in long interconnects, how-
ever, introduces an area and power penalty. A tradeoff among different design criteria
is, therefore, required for an efficient repeater insertion methodology. This topic is
discussed in greater detail in Chapter 6.

In [92], a repeater staggering technique is proposed to reduced the worst case delay
and crosstalk noise in bus structures. As shown in Fig. 2.22, the repeaters in adjacent
wires are interleaved. By placing a repeater in the middle of two repeaters in adjacent
wires, a potential worst case capacitive coupling only persists for half the wire length.
For the other half length, the capacitive coupling is the best case. The worst case
delay as well as the delay uncertainty can therefore be reduced. One of the advantages

of this technique is that no additional area overhead is required. By staggering the
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repeaters, the inductive coupling among the wires can also be averaged. As shown in
Fig. 2.22, for two simultaneously switching adjacent wires, the direction of current is
the same for half the wire length and opposite for the other half length. Inductive
coupling due to the current flowing in different directions in the neighboring wire can
be cancelled. In [93], the optimum position of staggered repeaters is determined for

RC interconnect to achieve the minimum worst case delay.

A >
o > >
> > >

Figure 2.22: Staggering repeaters to reduce the worst case delay and crosstalk noise.

Another significant application of repeater insertion is the buffered tree. The re-
peaters inserted in an interconnect tree are also called buffers. Buffer insertion in tree
structures is an important design tool for interconnect optimization. In [13], van Gin-
neken presented a dynamic programming algorithm to insert buffers in a Steiner tree
to minimize the Elmore delay. van Ginneken’s algorithm is composed of two phases.
The first phase is a bottom-up process, where all of the possible buffer insertion can-
didates are determined for each node in the tree. In this process, those suboptimal
candidates are eliminated such that the number of candidates does not increase ex-

ponentially. After the candidates at the root are determined, the candidate with the
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maximum slack is chosen. The second phase traces back the computations in the first
phase from this candidate and places buffers at the appropriate locations. Various
extensions to this algorithm have been presented in the last decade which consider
low power [94], blockage constraints [95], and more accurate delay models [96]. In a
properly designed buffered tree, as shown in Fig. 2.23, the buffers should be inserted

in the following situations:

Splitting long interconnect (buffers 1 and 2);

Isolating large capacitances from the critical path (buffer 3);

Cascading buffers to drive large capacitances (buffers 4, 5, and 6);
e Reversing the signal polarity if necessary (inverter 7).

Note that interconnect tree construction, buffer insertion, and wire sizing can be

performed simultaneously in order to achieve an optimal solution.

Driver
|2 Critica sink
| 1

<~

Sink with large capacitance

;; Sink with negative polarity

Figure 2.23: Buffered interconnect tree.
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2.5.4 Shielding Techniques

Shielding techniques are widely used in ICs to reduce capacitive and inductive
coupling. By inserting a shield line (generally connected to the power or ground grid)
between signal lines, the effective capacitance of the interconnect is almost fixed and
no longer depends upon the signal switching activity. With shielding, the normalized
peak crosstalk noise can be reduced to less than 5% of Vy, for RC' interconnect with
lengths ranging up to 2 mm [97].

Inductive coupling can also be reduced by inserting a shield line, though not as
efficiently as reducing capacitive coupling due to the long range magnetic coupling
property. The shield line provides a nearby current return path, reducing the self and
mutual inductance of the signal lines. Due to the importance of the on-chip clock
signal, the clock distribution network in a high speed circuit is generally shielded on
both sides in the same layer [98]. Additional parallel shielding in the N-2 layer has
been reported in [99] to further prevent inductive coupling from the lower layers. The

primary drawback of the shielding technique is the overhead of the metal resources.

2.5.5 Net-Ordering and Wire Swizzling

Interconnect coupling is closely related to the signal switching activity. For exam-
ple, simultaneously opposite switching on two adjacent RC' lines produces the worst

case delay [100]. By ordering the nets such that the sensitive nets are not placed
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adjacent to each other, the total capacitive coupling among the nets can be mini-
mized [101]. Examples of net-ordering and wire swizzling are shown in Fig. 2.24. The
net-ordering technique, however, is less efficient in reducing long range inductive cou-
pling. In [102], the net-ordering and shield insertion techniques are simultaneously
performed to minimize both capacitive and inductive coupling.

In wire swizzling, the wires are split into several segments, and the wire sequences
in each segment are changed, such that the capacitive coupling among the wires
averages out for each wire, reducing both the worst case delay and the delay uncer-
tainty [103]. For a group of k wires, the number of permutations required to realize
all possible adjacencies is k/2. For the example shown in Fig. 2.24, k = 4 and two
permutations are required: 1234 and 2413. In [104], it is also shown that the mutual

inductance in a bus structure can be reduced by wire swizzling.

2
4
3
1

w B~ DN

1 1
2 2
3 3
4 4

Original Net-ordering Wire swizzling

Figure 2.24: Examples of net-ordering and wire swizzling.
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2.6 Conclusions

A brief review of electrical on-chip interconnect is presented in this chapter. Design
constraints on different criteria have become more stringent in the DSM regime. With
higher operating frequencies and smaller wire dimensions, the interconnect parasitic
extraction process is also more complicated due to various factors. Distributed RLC
interconnect models and model order reduction techniques are necessary to analyze
circuit performance. Design methodologies at different levels are needed to optimize
the interconnect, from wire geometries to layout topologies. Although tremendous
effort has been expended over the past two decades, the analysis and design of on-
chip interconnect remains an increasingly challenging task in present and future IC

technologies.
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Chapter 3

An RLC Interconnect Model Based
on Fourier Analysis

3.1 Introduction

In DSM ICs, interconnect delay dominates gate delay. Furthermore, wire in-
ductance can no longer be ignored due to higher signal frequencies and longer wire
lengths [59]. Accurate and efficient RLC' interconnect models are therefore critical in
the design of high performance ICs.

Based on modified Bessel functions, expressions characterizing the transient re-
sponse of an RLC' interconnect have been rigorously developed in [105] and [106].
These results, however, are highly complicated and not suitable for an exploratory
design process. In order to produce a more efficient solution, the transfer function of
the interconnect is truncated and approximated with a few dominant poles, for ex-

ample, one or two poles in [107], [108], and four poles in [109]. Four pole expressions
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are highly accurate, however, no closed form solution has been developed in [109].
In all of these models, a step or ramp input is assumed and no initial conditions are
considered. For a periodic signal, however, the initial conditions can have a significant
effect on the output waveform.

The performance of a synchronous circuit is heavily dependent on the design of a
clock distribution network. RLC' interconnect trees are common structures in clock
networks. An accurate model of an RLC' interconnect tree, therefore, is critical in
modern digital circuit design. In [79] and [107], second order models are used to
analyze RLC trees. The accuracy of these models, however, is limited. In order to
obtain a more accurate result, model order reduction techniques can be adopted at
the expense of additional computational complexity, as described in Chapter 2.

With the scaling of semiconductor technologies, interconnect crosstalk has become
another important issue. Crosstalk can be caused by either (or both) capacitive
coupling and inductive coupling. Capacitive coupling is a short range effect, where
typically only adjacent lines need be considered. On the contrary, inductive coupling
is a long range effect and is significantly more difficult to analyze. For multiconductor
transmission lines, modal analysis [66], [60] is a widely used decoupling method. This
decoupling method is extended to drivers and loads in [64] and [61] for two and more
interconnects. The extensions, however, are only valid for identical lines with identical

drivers and loads.
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In this chapter, a new interconnect timing model is presented. The model is based
on a Fourier series analysis of a periodic input signal. No approximation is made to
the transfer function of the interconnect. The far end response is approximated by the
summation of several sinusoids. Since the solution is the steady state response to a
periodic signal, the initial conditions are considered. The model is verified by SPICE
simulations and successfully extended to RLC' trees and multiple transmission lines.
The rest of this chapter is organized as follows. In Section 3.2, the Fourier series
based interconnect model for a single line is described. In Section 3.3, the model
is applied to RLC' trees, and a tree model with linear computational complexity is
obtained. Combined with the modal analysis, the proposed model is extended to
multiple interconnect lines in Section 3.4 to analyze crosstalk noise. Finally, some

conclusions are offered in Section 3.5.

3.2 Single Interconnect Model

The exact transfer function of a widely used interconnect circuit model is described
in Subsection 3.2.1, and compared with the transfer functions of some approximate
models. A Fourier series analysis of a typical on-chip signal is presented in Subsec-
tion 3.2.2. Based on this analysis, an expression for the time domain response at the
far end of an interconnect is presented in Subsection 3.2.3. Closed form solutions

for the 50% delay and overshoot/undershoots are presented in Subsection 3.2.4. In
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Subsection 3.2.5, results from this model are compared with SPICE. A maximum

error of about 11% is exhibited.

3.2.1 Interconnect Transfer Function

A classical interconnect circuit model is shown in Fig. 3.1. The interconnect
is represented by a distributed RLC' transmission line, where [ is the interconnect
length, and R, L, C' are the resistance, inductance, and capacitance per unit length,
respectively. The driver is linearized as a voltage source Vj, serially connected with

a driver resistance Ry. The load of the interconnect is modeled as a capacitor C;.

Ry R L C
l

§
i
Q

Figure 3.1: Equivalent circuit model of a distributed RLC' interconnect.

This equivalent circuit is a linear time-invariant (LTT) system. For LTT systems,
the time domain response can be solved by an inverse Laplace transform. From the
ABCD parameters [50] of a transmission line, the transfer function from the input

to the far end of a line is

1
(1+ RyCys) cosh(yl) + (Ra/Z. + Z.Cys) sinh(y1)’

H(s) = (3.1)
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where v = /(R + sL)sC and Z. = /(R + sL)/sC are the propagation coefficient

and characteristic impedance, respectively. Since (3.1) includes hyperbolic functions
of the complex frequency s, the inverse Laplace transform is difficult to derive directly.
In order to simplify the problem, the denominator of the transfer function is expanded
into an infinite series. By truncating this series, the transfer function is approximated
by a few dominant poles [107], [109]. A distributed RLC line can also be modeled by
lumped elements through moment matching [110].

In Fig. 3.2, the transfer function of some existing models [107], [109], [110] are
compared with the exact transfer function described in (3.1). In this example, the
interconnect parameters are [ = 2mm, R = 8.829mQ/um, L = 1.538 pH/um, and
C' = 0.18fF/um. The per unit length parameters are calculated with FastHenry
[44] and FastCap [32] for the top layer metal interconnect in a standard 0.18 ym
CMOS technology. The interconnect has a width w = 2 um and a height A = 1 pm.
Partial inductance is used here to emphasize the inductive effect, where the current
return path is assumed at infinity. As described in Subsection 2.3.3, the partial
inductance overestimate the inductive effect, since nearby current return paths reduce
the effective inductance. The driver resistance and load capacitance are Ry = 30 €2
and C; = b50fF, respectively. The interconnect parameters from this example are
used in the rest of this chapter. As illustrated in Fig. 3.2, for this example, a simple

L—type lumped model produces the poorest approximation. The two pole model can
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be accurate up to 5 GHz. A non-uniform two stage L—type lumped model is a fourth
order approximation and has a similar accuracy range as the four pole model, which
is accurate up to 9 GHz; however, no closed form solutions for these two models have

been reported.

3.5
—— Exact
Two pole
3 — - Four pole 1

— L-type lumped
— - Non-uniform 2L lumped

25}

IHGo)l

Frequency (GHz)

Figure 3.2: The amplitude transfer function of different models of an RLC' intercon-
nect.

The resonance frequencies (where the peaks occur in the exact transfer function)
of the system are related to the poles of the transfer function. A non-uniform 2L
model and a four pole model can track the first peak of the exact transfer function,
which means these two models can accurately model two poles of the system (the
other pole is in the negative frequency domain). The resonance frequencies are due

to the reflection of the signal at the terminals, therefore, the resonance frequencies are
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approximately multiples of 1/4t;, where t; = IV/LC is the time-of-flight. The high
peaks in the transfer function indicate strong inductive effects. If the interconnect
is RC' dominant, the amplitude transfer function has no overshoots and decreases
quickly with increasing frequency. In Fig. 3.3, the transfer functions with different
inductive effects are shown. The inductance effects are characterized by a parameter
¢ [59], and in this example, ( is varied by changing R;. A small  implies signifi-
cant inductive effects. As shown in Fig. 3.3, when ( = 0.59 which corresponds to
Ry = \/L/_C (the character impedance of the interconnect at high frequencies), the
reflection coefficient 'y at the source is zero, thus no resonance effects occur. When
Ry is greater than \/L/ic, ( is greater than 0.59, I' is positive, and the basic reso-
nance frequency is about 1/2t. Alternatively, when R, is less than m, ( is less

than 0.59, I'y is negative, and the basic resonance frequency is about 1/4¢.

3.2.2 Fourier Series Representation of Input Signal

In previous analytical timing models, the excitation signal is modeled as a step
or ramp function, and most of the effort is focused on the transfer function. In this

chapter, however, a different approach is presented which focuses on the input signal.
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Figure 3.3: The amplitude transfer functions of an RLC' interconnect with different
inductive effects.

The input signal is approximated by a periodic ramp signal [111],

(

t_TnTVdd nT§t<TLT+T,
Vid nT+T§t<(n+%)T,
Vin(t) = (3:2)
(1—%+%)Vdd (n+HT <t<@n+HT+7,
0 (n+ )T +7<t<(n+1)T,

where T is the period of Vj,(t), n is an integer, and 7 is the transition time. As is

well known, a periodic signal can be represented as a summation of a Fourier series.
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The Fourier series representation of V;,(t) is

Vaa .
Vin(t) = -+ m;g Ay sin(mwot + ¢), (3.3)
mwoT
¢m - - 20 ) (34)
QTVdd .
Am - Tm27r2 |Sln ¢m| ) (35)

where wy = 27 /T is the basis angular frequency, and A, and ¢, are the amplitude
and phase of the m' order harmonic, respectively. From (3.3), V;,(t) is composed of
the DC component and odd order harmonics. Since A,, decreases quadratically with
m, Vin(t) can be approximated by the first several harmonics [111]. The normalized
amplitude of the odd order harmonics is shown in Fig. 3.4 for different 7/7T. Note
in Fig. 3.4 that the decrease in A,, slows with decreasing 7/7. In the limiting case,

7/T =0, and A,, = 2Vy4/(mn), which is reciprocally proportional to m.

3.2.3 Far End Time Domain Response

Since the circuit shown in Fig. 3.1 is linear and the input signal can be represented
by a summation of harmonics, the superposition rule can be used to determine the
output signal. The transfer function at each angular frequency w can be represented

as

H(jw) = H(s)|s=jo = Alw)e?™. (3.6)
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Figure 3.4: Normalized amplitude of odd order harmonics.

From (3.1), the gain of the DC component is H(0) = 1. The output, therefore, is

Vout () = % + Z A’ sin(mwot + ¢),,), (3.7)
m=1,3,...

A= A A(mwy), (3.8)

Grp = Om + B(muwo). (3.9)

Vout(t) can also be approximated by the first several lower order harmonics. In this
chapter, the Fourier series based models are referred to as Fb3 and Fb5, with the
largest harmonic order number of three and five, respectively. The results from Fb3
and Fb5 are compared with SPICE in Fig. 3.5. The input signal parameters are

T =500ps, 7/T = 0.1, and Vg = 1.5 volts. In the SPICE simulation, the interconnect
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line is divided into 200 segments and each segment is represented by an L-type lumped

model. As shown in Fig. 3.5, two harmonics (Fb3) are sufficient to provide a good

approximation of the output voltage waveform for this example.

25 ‘
— SPICE
.. overshoot — - Fb3
2t % Fb5
/ \
/ \
/ \ il
N
C 7
)
©
2
3]
2 undershoot
o
>
_05 L
_l L L L
0 100 200 400

Time (ps)

Figure 3.5: Comparison of the time domain response of Fb3 and Fb5 with SPICE.

3.2.4 The 50% Delay and Overshoots/Undershoots

The 50% delay and overshoots/undershoots can be solved numerically from (3.7).

In this chapter, the 50% delay is assumed to be less than 7'/2 — 7/2 (valid in most

practical cases), and the overshoots/undershoots caused by the rising edge are mea-

sured between the waveform and ground, as shown in Fig. 3.5. For Fb3, since only
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two harmonics are considered, a closed form solution is available. In this case,

v
Vour(t) = % + Al sin(wot 4 @) 4+ Al sin(3wot + @). (3.10)

To determine the 50% delay, (3.10) is set to Vy/2. By applying the multiple-angle

formulae [112], a third order trigonometric expression can be obtained,

asz® + asx? + a1z 4+ ag = 0, (3.11)
where = = tan(wpt) and

ag = A sin ¢ + A5 sin ¢, (3.12)

a; = Al cos ¢ + 34} cos ¢, (3.13)

az = A sin ¢ — 345 sin ¢y, (3.14)

az = Al cos ¢ — Aj cos ¢5. (3.15)

A third order expression has either one or three real roots, and a closed form solution
exists [64]. If (3.11) has only one real root xy, the output waveform crosses V;/2

only once from low-to-high during the first half of a period, therefore the undershoot
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is greater than Vg, /2. From this real root, the 50% delay can be expressed as

arctanxg T
tg=——— —. 3.16
d wWo 2 ( )

The value of arctan z is in the range of [0, 71]. If (3.11) has three real roots, the output
waveform crosses Vyy/2 three times during the first half of the period, therefore the
undershoot is less than Vy,;/2. In this case, the output waveform is not shaped like a
square wave and can no longer represent logic values.

The process for determining the overshoots/undershoots is similar to that of the

delay. From (3.10), the derivative of Vj,, is

d‘/out
dt

~ Alwg cos(wot + @) + 3A5wg cos(3wot + ¢5). (3.17)

Setting (3.17) to zero and applying the multiple-angle formulae, the following third

order trigonometric expression is obtained,

bsy® + bay® + b1y + by = 0, (3.18)
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where y = tan(wgt) and

by = Ajwy cos ¢} + 3A5wq cos ¢, (3.19)
by = —Ajwo sin ¢ — 9Awg sin ¢, (3.20)
by = Ajwy cos ¢y — 9A5wg cos ¢, (3.21)
by = — Ajwo sin ¢ + 3A%wg sin 5. (3.22)

The time when the extremum occurs can be obtained from the real roots of (3.18).
Note that the time obtained can be less than ¢;. This behavior occurs because the
voltage response described by (3.7) is a steady state response. The extremum which
occurs before t; is the response to the previous period of the input signal. For the

response to the current period, the time when the extremum occurs should be

arctan g arctanyo > ty,
t, = (3.23)

arctan yg + % arctanyo < ty,

where yo is a real root of (3.18). The corresponding extremum can be determined by

inserting ¢, into (3.10),

v,
Vi % + A sin(woty, + @) + Ay sin(3wot, + ). (3.24)
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The overshoot and undershoot are chosen as the maximum and minimum of the
results obtained in (3.24), respectively.

If higher accuracy is required, more harmonics should be included in the model,
and higher order (fifth, seventh,...) equations should be solved. Since only real
roots are of interest, some efficient root-finding algorithms can be used, such as the
Newton-Raphson method. The complexity, however, increases.

Since the output waveform is approximated by a summation of sinusoids, some
of the undershoots obtained are not real undershoots (called pseudo-undershoots in
this chapter) and should be discarded. By comparing the waveforms obtained by the

model with SPICE simulations, three such cases are found:

1. There is only one extremum;

2. The last extremum (according to the time index) is the largest;

3. All extremum values are greater than V.

In these cases, either the output is overdamped or the period is too short for the
waveform to achieve the undershoot within half a period. Examples of different cases

are shown in Fig. 3.6.
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Figure 3.6: Examples of pseudo-undershoots. The input signal parameters are 7' =
500ps, 7/T = 0.1, and Vg = 1.5volts. The driver and load parameters are (a)
R; = 1009 and C; = 500fF, (b) R; = 100Q and C; = 50fF, (¢) Ry = 609 and
C, = 5001F, and (d) Rq = 608 and C; = 500 {F.

3.2.5 Model Verification and Discussion

Table 3.1. The interconnect parameters for w =

The 50% delay calculated with the proposed model is compared with SPICE in

6 pum are R = 3.35mQ/um, L =
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1.36 pH/pum, and C' = 0.33fF/um. The interconnect parameters for w = 10 ym are
R=22mQ/pum, L = 1.26 pH/pum, and C' = 0.49fF/um. Results from a single pole
model with a ramp input [108] are also listed. As expected, the single pole model is
accurate only when the circuit is dominated by the RC' impedance. When the circuit
is dominated by the LC' impedance, the error is large. However, the proposed Fourier
series based method provides accurate delay estimates for both RC-dominated and
LC-dominated circuits. The average error of Fb5 is only 0.6% over a wide range of
circuit parameters (the parameters are selected so that the bandwidth requirement
is satisfied). The overshoots/undershoots for underdamped responses resulting from
Fb3 and Fb5 are compared with SPICE in Table 3.2. As listed in Tables 3.1 and 3.2,
the model becomes more accurate with additional harmonics.

In Tables 3.1 and 3.2, the delay and overshoots/undershoots obtained from Fb3,
Fb5, and SPICE characterize the steady state response. If the response to a rising
edge (or falling edge) cannot converge to Vg (or 0) within half a period, the charge
and current at the end of a period become the initial conditions of the following
period. These initial conditions, however, can have a significant effect on propagating
high frequency signals along long interconnects. The far end response to a single ramp
input and a periodic ramp input are compared in Fig. 3.7. As shown in Fig. 3.7, the
position and value of the overshoot are quite different for the two responses. For

periodic signals, the method presented here is more suitable than other models.
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Table 3.1: Comparison of the 50% delay of Fb3 and Fb5 with SPICE and a single pole
model. The input signal parameters are 7' = 500 ps, 7 = 50 ps, and Vy; = 1.5 volts.
The interconnect parameters are [ = 2mm and h = 1um.

w R, C, SPICE 1-pole Fb3 Fbb
(pm) | () | (IF) (ps) (ps) (ps) (ps)
2 20 50 28.9 11.5 25.9 29.0
2 60 100 40.1 25.7 39.1 40.0
2 100 500 73.5 69.0 77.0 74.2
6 20 50 41.8 14.8 40.7 42.0
6 40 100 45.4 26.1 44.4 45.4
6 60 500 68.6 53.5 71.3 69.5
10 20 50 47.2 19.0 45.9 46.9
10 40 100 53.1 34.0 52.6 52.9
10 60 500 74.5 65.7 771 75.3
Maximum Error 64.6% 10.4% 1.3%
Average Error 37.7% 3.7% 0.6%

Table 3.2: Comparison of overshoots/undershoots of Fb3 and Fb5 with SPICE sim-
ulations. The input signal parameters are 7' = 500 ps, 7 = 50 ps, and V3 = 1.5 volts.
The interconnect parameters are [ = 2mm and h = 1um.

w | Ry | C Overshoot (volts) Undershoot (volts)
(pm) | (Q) | (fF) | SPICE | Fb3 | Fb5 | SPICE | Fb3 | Fb5
2 20 | 10 2.30 2.11 | 2.29 1.08 1.08 | 1.08
2 30 | 50 2.14 2.10 | 2.19 1.24 1.15 | 1.26
2 60 | 100 | 1.71 1.77 | 1.75 1.47 1.40 | 1.44
6 20 | 10 2.29 2.35 | 2.40 1.13 1.00 | 1.12
6
6

30 | 50 2.00 2.08 | 2.08 1.34 1.25 | 1.31
40 | 100 1.80 1.89 | 1.85 1.44 1.38 | 1.40
10 20 10 2.11 2.21 | 2.17 1.26 1.21 1.19
10 30 | 50 1.85 1.96 | 1.91 1.42 1.38 | 1.36
10 40 | 100 1.65 1.75 | 1.69 1.49 144 | 1.44
Maximum Error 8.3% | 4.8% — 11.5% | 5.6%
Average Error 4.7% | 2.8% - 4.9% | 2.5%
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Figure 3.7: The effect of initial conditions on the periodic signals. [ = 5 mm.

In Fig. 3.8, the delay model is examined for various interconnect lengths. The
interconnect inductance is determined for each interconnect length, since the partial
inductance does not increase linearly with line length. Another advantage of the
proposed model is that frequency dependent effects of the interconnect can be directly
included, since the transfer function is calculated at each individual frequency.

The accuracy of the proposed model depends upon the frequency spectrum of the
far end response. If most of the signal energy is allocated in the lower order harmon-
ics, neglecting those higher order harmonics will cause little error and the model is
accurate; otherwise, the accuracy of the model will decrease. From Figs. 3.3 and 3.4,
it can be concluded that the accuracy becomes worse for signals with small 7/T" prop-

agating along highly inductive interconnects. The 50% delay with different 7/7" is
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Figure 3.8: The 50% delay versus interconnect length. w = 2 pum, T" = 500 ps, and
7 = 50 ps.

shown in Fig 3.9. Note that the accuracy of the model increases when 7/7 increases
from zero. From (3.5), when m is large, A,, no longer decreases monotonically with
7/T, as shown in Fig. 3.10, since the term |sin ¢,,| also depends on 7/T. This effect
is demonstrated in Fig. 3.9. Note that when 7/T is greater than 0.2, the results from
Fb3 and Fbb start to deviate from the SPICE simulations and the best accuracy of
Fb3 and Fb5 occurs when 7/7 is between 0.1 and 0.2.

For highly LC dominant interconnects, the accuracy of the model also depends
on the frequency of the signal. The 50% delay and overshoots for different signal
frequencies are shown in Fig. 3.11. For a fixed 7/T, changing the frequency of the

input signal corresponds to stretching the Fourier series in the frequency domain.
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Figure 3.9: The 50% delay for different 7/7. w = 2pum, [ = 2mm, T = 500 ps,
Vdd =1.5 VOltS, Rd =30 Q, and Cl = 501F.
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Figure 3.10: Normalized amplitude of harmonics with different 7/7.
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When the signal frequency is much less than the resonance frequencies, all of the
primary harmonics are located in the flat region of the transfer function curve. Those
harmonics which are close to the resonance frequencies are sufficiently small that they
can be safely neglected. The interconnect line behaves as a pure delay segment and the
proposed model exhibits good accuracy. With the frequency increasing, the first two
or three harmonics remain in the flat region in the amplitude transfer function. The
other harmonics, however, approach those resonance frequencies and are amplified.
Neglecting these harmonics will produce significant error. As shown in Fig. 3.11(a),
the maximum error of the 50% delay for this example occurs at 500 MHz. With the
signal frequency continuously increasing, the first several harmonics also approach the
resonance frequencies and are amplified, therefore, the ratio between the harmonics
which are included in the model and the harmonics which are neglected increases,
making the proposed model more accurate. Since the resonance frequency is related
to t¢, when the interconnect length increases, the resonance frequency decreases. With
technology scaling, the global interconnect becomes longer and the clock frequency
becomes higher. The proposed model is expected to become more accurate with

higher speed circuits.
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Figure 3.11: The effects of signal frequency on the accuracy of the proposed model.
w=2pum, [ =2mm, 7/T = 0.1, Vg = 1.5volts, Ry = 302, and C; = 50{F. (a) the
50% delay, (b) Overshoot.
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3.3 Distributed RLC Trees

Interconnect trees are widely used in clock distribution networks. In this section,
the proposed Fourier series based model is extended to tree structures. Arbitrar-
ily accurate results can be obtained by including a different number of harmonics.
The computational complexity is linear with the size of the tree and the number of
harmonics. In Subsection 3.3.1, the transfer function of a distributed RLC tree is
developed. In Subsection 3.3.2, a tree example is analyzed with the Fourier series

based model.

3.3.1 Transfer Function of Distributed RLC Trees

An example of a distributed RLC' tree is shown in Fig. 3.12. In this example, a
driver with an output resistance R, is connected to the root of the tree Ny. All of
the output nodes (N5 --- Ng) are called leaves and connected with load buffers which
can be used to drive the RLC trees in the next level. The load buffers are modeled
by capacitors. All of the branches in the tree are represented by distributed RLC
lines. The tree can be balanced or unbalanced; however, unbalanced trees exhibit
more complex characteristics than balanced trees [79].

The transfer function from Ny to a certain node NN; is the product of the transfer
function of all of the branches along the unique path from Ny to /V;. For a transmission

line of length [ with load Zj at the far end, the input impedance seen from the near
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Figure 3.12: A distributed RLC tree.

end is

Zr, + Z. tanh(yl)
Tin = 7 , 3.25
Ze + Zp, tanh (1) (3:25)

where v and Z. are defined in Subsection 3.2.1. For a node with multiple fanout, the
load impedance seen at this node is the parallel combination of the input impedance
of the downstream branches which are connected to this node. The computational
complexity of computing the input impedance at the nodes in the tree is O(ny,),
where ny,. is the number of branches in the entire tree. The transfer function of a

single branch can be obtained by replacing R4 by 0 and Cjs by 1/Z, in (3.1),

1

H(s) = cosh(yl) + (Z./Zy,) sinh(~1)

(3.26)
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The transfer function from the voltage source to a certain node N;, therefore, is

21,0 1
Hz' S) = : N 5 3.27
(5) Ri+Zp1p 1;[ cosh(Vili) + (Zeg/Z 1 1) sinh (ygly) ( )

where Zp o is the input impedance seen from Ny, and k is the index covering each
branch in the path from Ny to N;. From (3.27), the computational complexity of
computing the transfer function at node N; for one frequency is O(n;), where n; is
the number of branches along the path from Ny to NNV;. Upon obtaining H;(s), the
Fourier series based model can be applied. The total computation complexity to

determine the time domain response at node N; is
O(ns, ny,n;) = ny - O(ng) +nyp - O(ny), (3.28)

where ny is the number of harmonics included in the model. Note that the first item
in (3.28) is related to calculating the input impedances of the branches, which are
calculated only once for a specific tree. To determine the response at another node,

the additional computational complexity is the second term in (3.28).

3.3.2 Examples

The tree structure shown in Fig. 3.12 is evaluated in this section. The branches

in the tree can have different parasitic interconnect impedances. For simplicity, the
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branches are assumed to have the same width of 6 ym. In high speed clock networks,
ground wires are often placed at each side of the signal line as shields [98, 113], as

shown in Fig 3.13.

Ground

Ground

Figure 3.13: An example of a shielded clock wire structure.

Since these ground wires provide a nearby current return path, the effective induc-
tance of the signal wire is greatly reduced. The width of the shield wire is assumed
to be 10 ym and the space between the shield and the clock line is 6 pum. The inter-
connect parameters of such a structure are R = 3.9m/um, L = 0.43pH/um, and
C = 0.36fF/um. An effective conductivity of 2.2 u2-cm is used to determine the
resistance and inductance. The normalized wire length and load capacitance shown
in Fig. 3.12 are listed in Tables 3.3 and 3.4, where [, and C, are normalized reference

length and capacitance, respectively.

Table 3.3: Interconnect lengths shown in Fig. 3.12 normalized to (.

Index ll l2 l3 l4 l5 l6 l7 lg lg
Length | 0.5 | 1 2 10511105 2 1 1

A 2 GHz clock signal with 7 = 50 ps is applied at the input of the tree. The 50%
delay at node N5 and N7 are listed in Table 3.5 for a range of circuit parameters.

Results from the two pole model [107] and the equivalent Elmore delay model [79] are



Table 3.4: Load capacitances shown in Fig. 3.12 normalized to C,.

Index

Cs Cs

Cr

Cs

Cy

Capacitance

2 0.5
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Table 3.5: The 50% delays at nodes N5 and N7 as shown in Fig. 3.12 with different
circuit parameters.

I, | Rs | C, [node | SPICE | [107] | [79] | Fb3 | Fb5
(mm) | (©2) | (fF) (ps) | (ps) | (ps) | (ps) | (ps)
0.2 10 20 N5 13.1 10.3 10.2 9.0 10.3
0.2 10 20 N7 11.6 14.0 13.8 10.6 11.2
0.2 10 | 500 | N5 35.5 50.0 49.1 49.0 37.1
0.2 10 | 500 | N7 59.9 60.8 58.6 60.1 60.0
0.2 30 20 N5 23.9 23.6 23.5 25.1 24.1
0.2 30 20 N7 23.5 25.6 254 25.7 24.5
0.2 30 | 100 | N5 42.7 40.0 39.8 43.2 42.1
0.2 30 | 100 | N7 39.4 43.1 42.5 44.1 41.2
1 10 20 N5 41.3 54.3 52.2 37.0 40.8

1 10 20 NT 75.8 79.7 75.1 77.5 75.3

1 10 | 100 | N5 51.3 63.3 60.4 49.9 52.4

1 10 | 100 | N7 89.6 93.0 86.9 89.6 89.2

1 20 20 N5 49.2 71.3 68.6 48.4 48.3

1 20 20 NT 86.4 96.1 89.4 90.6 88.1

1 20 | 100 | N5 57.4 85.1 81.7 57.7 58.8

1 20 | 100 | N7 104.1 114.0 | 1054 | 103.4 | 102.9
Maximum Error 48.3% | 42.3% | 38.0% | 21.4%
Average Error 18.0% | 15.0% | 7.6% | 3.3%
Standard Deviation of Error 15.8% | 14.7% | 10.3% | 5.0%

also listed for comparison. Since no closed form solution for a ramp input signal is

available with these methods, the values listed in Table 3.5 are obtained through curve

measurement. The branches in the tree are represented by lumped L-type models in

[79] and [107].
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The methods presented in [79] and [107] have similar accuracy and complexity,
since both of these models are based on second order approximations. For a response
which is low frequency dominant, such as the response at node N7, these second
order methods can produce accurate delay estimates. For a response which exhibits
more high frequency effects, such as the response at node N5, the error caused by
these second order methods becomes large. These high frequency effects originate
not only from the complexity of the tree structure, but also from the distributed
properties of the interconnect, which cannot be modeled by lumped elements. As
listed in Table 3.5, Fb3 and Fb5 produce higher accuracy than those second order
approximations, particularly for node N5. The average error of Fb5 is only 3.3%.
The time domain response obtained by different models at nodes N5 and N7 are
compared with SPICE simulations in Fig. 3.14. As shown in Fig. 3.14, although the
equivalent Elmore delay model provides satisfactory estimation of the 50% delay at
node N7, other information characterizing the waveform is lost, such as the overshoots
and transition times.

The 10% to 90% transition times from different models are compared with SPICE
in Table 3.6. As listed in Table 3.6, all of the models exhibit worse accuracy for
the transition time as compared with the 50% delay, since additional high frequency
harmonics are required to characterize the signal transition times. Among the models,

Fb5 is the most accurate with an average error of 5.8%.
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Figure 3.14: Time domain response at the leaves of the tree shown in Fig. 3.12.
l, = 1mm, 7 = 50ps, T = 500 ps, Vyy = 1.5volts, Ry = 102, and C, = 20fF. (a)

Node N5, (b) Node NT.
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Table 3.6: The transition times at nodes as N5 and N7 shown in Fig. 3.12 with
different circuit parameters.

lo | Ra| C, [Node |SPICE| [107] | [79] | Fb3 | Fbs
() | (@) | () o) | o) | (bs) | (bs) | (o)
0.2 10 20 N5 40.0 38.9 39.0 60.4 46.3
0.2 10 20 N7 32.1 36.3 36.4 56.5 39.6
0.2 10 | 500 N5 130.5 127.2 130.4 159.3 | 132.8
0.2 10 | 500 | N7 97.7 119.8 124.9 98.9 99.9
0.2 30 20 N5 69.3 68.3 68.9 75.8 68.9
0.2 30 20 N7 60.1 63.2 64.3 71.3 61.0
0.2 30 | 100 N5 132.9 118.5 1194 126.8 | 124.2
0.2 30 | 100 N7 106.3 113.7 1159 111.6 | 117.0
1 10 20 N5 39.1 81.4 81.3 53.8 39.7

1 10 20 N7 60.5 107.1 104.9 65.6 58.8

1 10 | 100 | N5 45.2 97.1 97.6 52.1 52.4

1 10 | 100 N7 79.2 128.2 126.2 81.7 80.5

1 20 20 N5 157.9 149.5 156.9 176.0 | 156.1

1 20 20 N7 90.6 158.4 165.4 88.4 88.0

1 20 | 100 N5 188.3 188.5 198.6 195.3 | 193.3

1 20 | 100 N7 135.3 198.6 212.3 138.7 | 139.1
Maximum Error 114.8% | 115.9% | 76.0% | 23.4%
Average Error 34.6% | 35.8% | 17.0% | 5.8%
Standard Deviation of Error 40.1% | 40.6% | 21.0% | 6.8%

The accuracy of the Fourier series based model can be enhanced to capture the

fine details of the waveform by including additional harmonics. As shown in (3.28),

the complexity of higher order Fourier series based models is linear with the number

of harmonics. Furthermore, there are no stability and numerical problems such as

suffered by AWE [71]. In Fig. 3.15, the Fourier series based model with a different

number of harmonics is compared with SPICE simulations. 7 is reduced to 5 ps to

emphasize the high frequency effects. As shown in Fig. 3.15, results from the tenth
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order Fourier series based model are sufficiently close to the SPICE simulations. These
experiments are performed on a SunBlade1000 workstation. In SPICE simulations,
each branch is represented by 100 lumped elements. The time required by SPICE to
simulate one clock period (500 ps) is 9.6 seconds. The run time of the tenth order
model (implemented by Matlab) is about 6.6 ms.

Clock distribution networks are typically hierarchically structured. A high level
interconnect tree distributes the clock signal to several buffers which drive the lower
level interconnect trees. The buffers in the clock distribution networks are nonlinear
devices, and the clock signal is reshaped by these buffers. The proposed model,
therefore, is limited to a single tree structure. By combining the signal waveform at
the output node of a tree and the buffer model, the effective input signal for the tree
of the next level can be obtained. The proposed model, therefore, can be applied
to each individual tree in a specific clock network and the entire network can be

analyzed.

3.4 Multiple Coupled Interconnect Lines

The solution for a single distributed RLC' line can also be extended to multiple
coupled transmission lines. In Subsection 3.4.1, the modal analysis based decoupling
method is reviewed. A general solution for multiple transmission lines is presented in

Subsection 3.4.2. The model is verified by SPICE in Subsection 3.4.3.
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Figure 3.15: Time domain response at node N7 in Fig. 3.12 evaluated by the Fourier
series based model with different n; as compared with SPICE simulations. [, = 1mm,
7 =>5ps, T =500ps, Vgg = 1.5volts, R; = 10€2, and C, = 20fF.

3.4.1 Decoupling Multiconductor Systems

For multiple transmission lines, the interconnect parameters per unit length are
the resistance matrix R, inductance matrix L, and capacitance matrix C. All of these

matrices are symmetric with the dimension of N x N, where N is the number of lines.
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From the Telegrapher equations of N coupled transmission lines, the voltage vector

V and current vector I have the following relationship in the frequency domain,

= =— : (3.29)
I vo)\I

where Z = R+ sL and Y = sC.
Decoupling (3.29) can be achieved by applying a modal analysis [66], [60]. The

matrix ZY for a practical system is always diagonalizable [60],

ZY = MQM ™', (3.30)

where @Q is a diagonal matrix with eigenvalues of ZY as the diagonal elements, and
matrix M has the corresponding eigenvectors of ZY as the columns. Performing a

linear transformation of V' and I,

V=MV, (3.31)

I=(M")"'1, (3.32)
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and substituting (3.31) and (3.32) into (3.29), (3.29) becomes

o |V 0Z\| [V
— =— : (3.33)

h<
o
~

where Z = M 'Z(M")" and Y = MTY M. Since Z and Y are symmetric,
Z and Y are both diagonal [66]. The N coupled interconnect lines are, therefore,
decoupled into N independent lines. The characteristic impedance matrix Z. and

the propagation coefficient matrix 4 of the decoupled system are

Zc =V ZA?il = diag<Zc,1a Zc,?a SO ZC,N)a (334)

4 =VZY =/Q = diag(51,%2. .., 4w)- (3.35)

This decoupling method has been extended to drivers and loads in [64] and [61] for
two and more interconnects. These extensions, however, are only suitable for identical
lines with identical drivers and loads. Furthermore, the inductance matrix in [61] is
obtained as L = C~'/v?, where v is the speed of light in a dielectric. This expression
is only valid for a homogeneous dielectric environment with an ideal ground for the
current return path. Due to these constraints, the practical generality of these models

is greatly limited.
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3.4.2 Far End Response

Applying the ABC' D parameter concept to (3.33), the voltage and current vectors
at the boundary have the following relationship,

Vv, A, B, v,
— , (3.36)

where the subscript d and r represent the driver side (or near end) and receiver side
(or far end), respectively. The ABCD [50] matrices of the decoupled transmission

lines are

A, = diag (cosh(%]), k=1,2,...,N), (3.37)
B, = diag (Z, sinh(%]), k=1,2,...,N), (3.38)
R inh (4!
G, = diag (MWD 5N, (3.39)
Zc,k
D, = diag (cosh(%l), k=1,2,...,N). (3.40)

The boundary conditions of the N coupled interconnects are

Vi=Vi,— Ryl (3.41)

I,=sC,\V,, (3.42)
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where R; and C'; are the driver resistance matrix and load capacitance matrix, re-
spectively. Both of these matrices are diagonal. Combining (3.36) with (3.31), (3.32),

(3.41), and (3.42), the voltage vector at the far end of the interconnects is

V,=HV,, (3.43)

H = (Rde + SRdeCl + Ap + SBpCl)il, (344)

where H is the transfer function matrix. The ABC'D matrices of the coupled trans-

mission lines are

A,=MAM™, (3.45)
B,=MB,M" (3.46)
C,=(M"C,M™, (3.47)
D,=(M")tA,M". (3.48)

In general, M is a matrix function of s and cannot be expressed in closed form [60].
Furthermore, the matrix inverse operation in (3.44) does not permit an analytic
expression (or an analytic low order approximation) of the transfer function to be
obtained. Conventional inverse Laplace transform based methods [105]-[109], which
assume a step or ramp input, can no longer be used. The proposed model, which

assumes a periodic input signal, remains valid, since the solution of (3.44) is only
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required at certain discrete frequencies (e.g., the harmonic frequencies of the input
signal), and can be solved numerically at each frequency. When N is less than five,
closed form solutions exist [61] to calculate M and Q. For a larger N, numerical
methods have to be used, and the computing complexity increases. When s = 0, H
becomes an identity matrix. Since no approximation is made in this derivation, (3.44)
is the exact transfer function of a coupled multiconductor system. For the structure
shown in Fig. 3.16, the accuracy of (3.44) is illustrated in Fig. 3.17. The interconnect
parameters are

R = diag (11.6,19.9,11.0,19.9, 11.6) mQ/pm, (3.49)

052 0.32 021 0.14 0.08
0.32 0.70 0.38 0.25 0.14
L=1|021 038 065 038 021 |pH/um, (3.50)
0.14 025 0.38 0.70 0.32

0.08 0.14 0.21 0.32 0.52

232 =57 0 0 0
57 187 —56 0 0
C= 0 —56 231 —56 0 |aF/pm (3.51)

0 0 —56 187 —57

0 0 0 =57 232
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For simplicity, capacitive coupling is assumed to exist only between adjacent lines.
The other circuit parameters are [ = 2mm, Ry = diag(50, 30, 40, 50, 30) 2, and C; =
diag(50, 100, 80, 80, 50) {F. In Fig. 3.17, H; ;, represents the amplitude transfer function
from the input of line k to the far end of line 7. Upon obtaining the transfer coefficient
at each harmonic frequency, the output signal can be determined in the same manner
as in (3.7). The time-of-flight ¢; of a multiconductor system is the minimum ¢; of
all of the wave modes. In this multiconductor model, no constraints are made on
the interconnect parameters, making the solution of general use. With a periodic
ramp signal applied to line 1, the far end response from Fb3 and Fbb are compared
with SPICE in Fig. 3.18. The model is implemented by Matlab and the run time for
this example is about 17 ms on a SunBlade1000 workstation. The time required by

SPICE to simulate one clock period (500 ps) is 7.7 seconds.

4pm 2pum L;iril
1 ,umi [ Ground | [ 1T ] [2] 3 | 5 | | Ground |
lpm] lum

Orthogonal Layer

Figure 3.16: Geometric characteristics of five parallel interconnect lines
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Figure 3.17: Amplitude transfer functions of a five line system.

3.4.3 Model Verification and Discussion

For simplicity, only one aggressor is considered in the following examples. Multi-
aggressor circuits can be solved by applying superposition. The maximum crosstalk
noise determined by the Fourier series-based model is compared with SPICE in Ta-
ble 3.7. In the experiments, line 1 is the aggressor, and all of the other lines are quiet
victims (represented as V2 to V5 in Table 3.7). As shown in Table 3.7, Fb3 provides
limited accuracy in multiconductor systems. Note that the error reaches 40.7% as
compared with SPICE. This result is not surprising since, as shown in Fig. 3.17, the
magnitude of the transfer function of the victims is small at low frequencies (zero at
DC). Thus, the high frequency components are comparable or greater than the low

frequency components at the output, and are therefore not negligible. By including
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Figure 3.18: Comparison of the far end response from Fb3 and Fb5 with SPICE in a
five line coupled system. The input signal parameters are T' = 500 ps, 7 = 50 ps, and
Vdd = 1.5 volts.
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Table 3.7: Comparison of the maximum crosstalk noise of Fb3 and Fb5 with SPICE
simulations. The input signal parameters are 7" = 500ps, 7 = 50ps, and Vy =
1.5 volts.

[ Victim | SPICE Fb3 Fbb
(mm) (mV) | (mV) | % Error | (mV) | % Error
V2 155.9 131.4 15.7 151.9 2.6
2 V3 67.6 48.9 27.7 69.8 3.3
V4 54.6 39.3 28.0 57.5 5.3
V5 40.6 26.8 34.0 40.9 0.7
V2 190.5 197.0 3.4 195.2 2.5
4 V3 68.8 73.4 6.7 62.0 9.9
V4 60.3 54.4 9.8 54.0 10.4
Vb5 48.2 38.4 20.3 34.7 28.0
V2 188.8 201.8 6.9 192.4 1.9
6 V3 110.6 79.6 28.0 99.0 10.5
V4 95.0 66.7 29.8 87.4 8.0
V5 74.0 43.9 40.7 60.9 17.7
Maximum Error — 40.7% — 28.0%
Average Error — 20.9% — 8.4%

one more frequency component, Fb) is significantly more accurate with an average
error of 8.4%. Also note that, for the nearby victim 2 which suffers larger crosstalk
noise, the analytical model has higher accuracy than for the far victims.

In integrated circuits, since logic gates have a low pass filtering property [114],
the sharp spikes in the time domain waveforms normally cannot cause a circuit to
fail. The Fourier series based model, which ignores these high frequency effects, is

therefore an effective method to analyze crosstalk noise.
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3.5 Conclusions

By exploiting a Fourier series representation of a typical on-chip signal, an an-
alytic time-domain solution for an RLC' interconnect is shown to be an effective
modeling strategy which can be used in early circuit level design stages to estimate
the time characteristics of periodic signals. Expressions for the 50% delay and the
overshoots /undershoots are also provided and are within 11% of SPICE over a wide
range of circuit parameters. The single line model is applied to tree structures and
a tree model with linear computational complexity is obtained, which is shown to be
an effective analysis tool for clock distribution networks. Combined with the modal
analysis based decoupling method, the proposed model is also extended to coupled in-
terconnect systems to analyze crosstalk noise. For three harmonic frequencies (Fb5),

the average error is 8.4%.
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Chapter 4

Transient Response of a
Distributed RLC Interconnect
Based on Direct Pole Extraction

4.1 Introduction

On-chip global interconnects exhibit significant transmission line behavior. An
efficient solution to analyze transmission lines is therefore highly desirable. Sakurai
presented in [58, 115] an accurate closed-form solution for distributed RC' interconnect
based on a single pole approximation. By truncating the transfer function, multi-pole
models have been proposed in the last decade to capture the effect of inductance [107,
109]. In [105], the solution for an open-ended interconnect with a step input signal is
rigorously developed. This solution however is highly complicated and not suitable for

an exploratory design process. In [116], a traveling wave analysis (TWA) model has
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been presented, where the key points of the waveform are determined with a three-
pole model and linear or RC' approximations are used to connect those key points to
construct the waveform. This method is improved in [117], where the key points and
slopes are more accurately determined with the model described in [105], and straight
lines are used to construct the signal waveforms in different time regions. In both
of these papers, the output response is divided into a number of time regions where
the waveform expressions for each of the regions are different, making the models
less compact. Furthermore, none of these aforementioned papers consider frequency
dependent effects. With higher on-chip frequencies, frequency dependent effects in
wider interconnect can no longer be ignored. In Chapter 3, a Fourier analysis based
interconnect model is proposed, where the far end response is approximated by the
first several harmonics. Frequency dependent effects can be included in this model;
however, the model is only suitable for periodic signals.

In this chapter, a novel method for computing the far end response of a transmis-
sion line is proposed. The proposed model is based on a direct pole extraction of the
exact transfer function of a transmission line, rather than approximating the poles by
truncating the transfer function [107, 109] or matching moments [71]. Closed-form
waveform expressions are developed, permitting flexible tradeoffs between accuracy
and efficiency. The rest of the chapter is organized as follows. In Section 4.2, the exact

poles of two special case interconnect systems are determined. Based on these poles,
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the step and ramp responses are developed. In Section 4.3, an interconnect system
with general circuit parameters is solved. The Newton-Raphson method is used to
determine the exact poles of the system. Frequency dependent effects are successfully

included in Section 4.4. Finally, some conclusions are offered in Section 4.5.

4.2 Special Cases of a Single Interconnect System

For a distributed RLC' interconnect driven by a voltage source with a driver
resistance Ry and loaded with a lumped capacitance Cp, as shown in Fig. 4.1, the

transfer function is [107, 118]

1

H(s) = (1+ R4Cyrs)cosh(9) + (Ry/Z. + Z.Crs)sinh()’

(4.1)

where 6 = /(R + Ls)Cs and Z. = \/(R+ Ls)/Cs = 0/Cs. R, L, and C are the
resistance, inductance, and capacitance of the interconnect. The poles of (4.1) are
difficult to solve directly except for two special cases: an RC' interconnect and an
RLC interconnect with a zero driver resistance. In Section 4.2.1, the poles of an RC'
interconnect system are solved. In Section 4.2.2, the poles of an RLC interconnect

with a zero driver resistance are solved. Step and ramp responses are developed in

Section 4.2.3.



102

Ry RL,C

Figure 4.1: Distributed interconnect with a lumped capacitive load and driver resis-
tance.

4.2.1 RC interconnect

For RC interconnect, L = 0. The transfer function (4.1) can be rewritten as

1
(1 + A6?) cosh(f) + Bfsinh(6)’

H(s) = (4.2)

where A = RyCr, B = Ry + Cp, Ry = Ry/R, Cr = Cr/C, and 0 = vV RCs. Let
F(s) = 1/H(s). The poles of H(s) are zeros of F(s) and satisfy F'(s) = 0. Observe
that 6 needs to be an imaginary number to make F(s) zero. Assume 6 = jx, where

x is a real number. Expression F(s) = 0 can be transformed to

(1 — Az*)cosz — Bxsinz = 0, (4.3)
or
1 — Az?
t = . 4.4
an x By (4.4)

The roots of (4.4) are the crossing points of the functions of y = tanx and y =

(1 — Az?)/(Bx), as shown in Fig. 4.2.
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Figure 4.2: Graphic view of the roots of (4.4), Ry = Cr = 1.

Applying Taylor series expansions of cosz ~ 1 —x?/2+z1/24 and sinx ~ z—23/6
to (4.3), and ignoring those terms with an order higher than z* results in the following

expression,

1 1 1 1
“A+-B+ )t —(=+A+Bz*+1=0. 4.
% +6 +%W (2+ + B)z® + 0 (4.5)

Solving (4.5) for the smaller z? yields

%+A+B—\/(A+B)2—A+§B+ﬁ
A+ 3B+ 4 '

(4.6)

2 _
Ty =

When Ry = Cr = 0, the exact value of z2 is 72/4. In order to capture this trend,
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(4.7) is revised to

; %+A+B—\/(A+B)2—A+§B+Tl54
Ty = : i . (4.7)
A+iB+ L

Note that if the term z* in (4.5) is ignored, the solution simplifies to

1 1
2_ p—
T 05+ A+ B 0.5+ Ry + Cr + RyCyp’

which is similar to the solution provided in [58].

Since the Taylor series approximations used in (4.5) are expanded around zero, the
solution shown in (4.6) corresponds to the root xo which is most close to zero, as show
in Fig. 4.2. In order to obtain other high order solutions, Taylor series approximations
expanded at nm (n = 1,2,---) are used. Since the negative roots of (4.3) have the
same absolute value as the positive roots, only positive roots are considered in this
chapter. Let Az = z — nm, cosz =~ (—1)"[1 — (Az)?/2], and sinz ~ (—1)"Ax.
Substituting these Taylor series approximations into (4.3) and ignoring those terms

with an order higher than (Az)? results in

1
<A + B — §E) (Az)* + (2A + B)ntAz + E = 0, (4.9)
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where E = An’n? — 1. Solving (4.9) for z,, results in

_ —(2A+ B)nr 4 /(nmwB)? + 4(A + B) + 2E?
Ty = A+ D) —E + nm. (4.10)

The accuracy of (4.6) and (4.10) is illustrated in Fig. 4.3 for different values of
Ry and Cp. As shown in Fig. 4.3, the error of the higher order solutions is larger for
greater values of Ry and Cr. In these cases, the effect of the higher order solutions

however is negligible.

Analytic
© Exact

Figure 4.3: Analytic solution of (4.3) as compared with the exact solution for different
values of Ry and Cr.

After solving x,, the poles of an RC interconnect system can be obtained,

@2 —JJQ
pn:ﬁ:RéL,n:O,l,Z,m. (4.11)
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The residue of the corresponding poles is

— 1 2
b= lim 2L 20/ (HC) @)
s—pn F(s) F'(p,) (1+B— Ax2)sinz, + (2A+ B)x, cosz,

where F'(p,) is the derivative of F(s) at p,.
4.2.2 RLC interconnect with a zero Ry

If Ry is zero, (4.1) simplifies to

1
H(s) (4.13)

~ cosh(6) + Crfsinh(6)’

Note that 6 also needs to be an imaginary number to make F'(s) zero. Similar to the
approach for the RC' case, assume ¢ = jx, where x is a real number. The poles of

the transfer function should satisfy

cosx — Cpxsinz = 0, (4.14)
or
cotx
= 4.15
o= (4.19
The roots of (4.15) are the crossing point of the curves of functions y = x and

y = cotx/Cr, as shown in Fig. 4.4.



Figure 4.4: Graphic view of the roots of (4.15), Cr = 1.

By applying Taylor series approximations, x can be solved as

.

\

L+Cr—/Ch+1Cr+ %

T T ) n=20
ECT+E
(14 Cr)nm + /(Cynm)2 + 2 + 4Cy .
1—|—20T ’ -
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(4.16)

Note that when Cp approaches zero, (4.14) becomes cosz = 0, and the solution z,,

approaches (n + 1/2)7, where n = 0,1,2,---. In order to capture this trend, (4.16)

is revised as

Tpn =

(

§+CT—\/C%+§CT+ﬁ
%CT—l-l—lQ
(1+ Cr)nm + \/(C’Tmr)2 + %2 +4Cr

, n=>0

1+2Cr

(4.17)
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The accuracy of (4.17) is illustrated in Fig. 4.5 for different values of Cr. As shown
in Fig. 4.5, when C7 increases from zero to infinity, =, decreases from (n + 1/2)7 to

nw.

12

X © Analytic
Exact
10t 1

Figure 4.5: Analytic solution of (4.14) as compared with the exact solution for dif-
ferent values of Crp.

The poles of the transfer function can be obtained from the following expression,

LCs* + RCs =0 = —22,n=0,1,2,---. (4.18)

Each z,, corresponds to a pair of poles,

_ —RC+\/R*C? —4LCa?
P = 2LC '

(4.19)
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The residue of the corresponding poles k,, + can be solved as

. S — Pn,+ 1 :i:2£L‘n
kpte= 1 — = = - , 4.20
T s F(s) F'(pp+) D[(1+ Cr)sinz, + Crz, cos x,] (4.20)

where D = \/R?>C? — 4LCx2.

4.2.3 Step and Ramp Response

From the poles and corresponding residues, the transfer function can be repre-

sented as

k.
H(s) = -, 4.21
G- (4.21)
where ¢ is the index covering all of the poles. Consider a wire structure exam-
ple as shown in Fig. 4.6. The interconnect parameters per unit length are R;,; =

12.24mQ/pm, Ly = 0.74pH/pm, and Cj,y = 0.266 fF/pum, which are extracted

from FastHenry [44] and FastCap [32] with a signal frequency of 2 GHz.

| Orthogonal layer |

10um 10um  2um  10pm [ 1pm
T T aum
Signdl line 1pm

[ Orthogonal layer |

Figure 4.6: Wire geometry of an example circuit, where the signal wire is shielded by
two ground lines.

The amplitude of the transfer function obtained from (4.21) is compared with

the exact transfer function for the RC case in 4.7(a) and RLC' case with a zero Ry
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in 4.7(b), respectively. In Fig. 4.7(a), m is the number of poles considered in the
model. In Fig. 4.7(b), m is the number of pole pairs, since the poles in this case are
in pairs. As shown in the figure, the analytic transfer function converges to the exact
transfer function with increasing m. As compared with the RC' case, more poles are
required for the RLC' case to obtain an accurate result.

From (4.21), the normalized step response V(t)/Vyqs and ramp response V,.(t)/Via

are, respectively,

V9<t) ki Dit

S u(t) |1+ Z (Ee )] : (4.22)
V(/“) —Vi(t) = Vit —t,), (4.23)
Vi(t) = “t(t) t+my + Z (]%epit)] , (4.24)

where u(t) is the step function. The following moment information is used,

_Zﬁzmo _1 (4.25)

. Di
k;
— — =mj. 4.26
2 e
For an RC interconnect, the first moment m; = —R,(C + Cp) — R(0.5C + C}),

and for an RLC interconnect with a zero driver resistance, the first moment m; =

—R(0.5C +C1).
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(b) RLC interconnect with Ry =0

Figure 4.7: Comparison between the analytic expression (4.21) and the exact transfer
function. The wire length is 5 mm and the load capacitance is C, = 50fF. a) RC

interconnect case, R; = 30€2. b) RLC interconnect with a zero Ry.
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Figure 4.8: Step and ramp response obtained analytically as compared with Spectre
simulations. (a) Step response, RC', (b) Ramp response, RC, (c) Step response, RLC,

and (d) Ramp response, RLC.

The step and ramp responses obtained from (4.22) and (4.23) are compared with

Spectre simulations in Fig. 4.8. In the Spectre simulation, the transmission line is

modeled as a series of w-shaped RC or RLC segments. Each segment is 10 um long.

Good agreement between the analytic solution and Spectre simulations is observed.
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The accuracy of the ramp response is much higher than that of the step response

since a ramp signal consists of fewer high frequency components.

4.3 Distributed RLC Interconnect with Driver Re-

sistance

For an interconnect driven by a gate, there are primarily two kinds of approaches
for timing analysis. In the first approach, the driver and the interconnect are sepa-
rated. The voltage waveform at the gate output is obtained through pre-characterized
delay and transition time information characterizing the gate [119]. This waveform
is applied at the input of the interconnect to obtain the far end response. With
increasing inductive effects, more complicated driver output models are required to
characterize the reflection behavior of the propagating signals, such as the two-ramp
model described in [120] and the three-piece model in [121]. Recently, several current
source models (CSM) have been developed [122, 123, 124], where the nonlinear be-
havior of the gate is characterized, making the driver output response more accurate.
In the second approach, the driver and interconnect are analyzed as a single system,
where the Thevenin model is generally used [107, 105, 118, 59, 125], as shown in
Fig. 4.1. In this approach, the interaction between the driver and the interconnect is

modeled as a single system.
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For the first approach, the analytic solution proposed in Section 4.2.2 can be ap-
plied directly by representing the driver output voltage response as a piecewise-linear
waveform. For the second voltage-approach, the method proposed in Section 4.2.2
needs to be improved to include the effect of the driver resistance. With a system
transform, the poles of a general RLC' interconnect system are solved in Section 4.3.1.
The accuracy of the poles are further improved with the Newton-Raphson method
as described in Section 4.3.2. The accuracy and efficiency of the proposed model are

discussed in Section 4.3.3.

4.3.1 System Transform

In [117], the circuit model as shown in Fig. 4.1 is mapped into an open-ended
interconnect system by matching the moments. Similarly, the interconnect system
with a driver resistance can also be mapped into a system without a driver resistance.
Consider a step signal at the input of the circuit shown in Fig. 4.1. The height
of the initial step at the driver output is ViuZo/(Ra + Zo), where Zy = /L/C is
the characteristic impedance of a lossless line. As described in [51], the attenuation
coefficient of a transmission line saturates with increasing frequency to the asymptotic
value R/(2Z;). Assume the total interconnect resistance of the new system (without

a driver resistance) is R’ and the load capacitance is C. By matching the amplitude



of the initial propagating wave,

Zo __R _R_
e 2% = Ve 22y

R’ can be obtained as

R
R = R+ 2Zylog(1 + =2).
Zo

By matching the first moments of the two systems,

—imy = Ry(Cp + C) + R(0.5C + Cp) = R'(0.5C + %),

('} can be obtained as

O}, =~ —0.5C.
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(4.27)

(4.28)

(4.29)

(4.30)

After this conversion, the method proposed in Section 4.2.2 can be applied. In

Fig. 4.9, the waveform obtained from the proposed model is compared with Spectre

simulations and another four-pole model described in [109]. This four-pole model is

obtained by truncating the denominator of the transfer function to the fourth order;

however, no closed-form solution is available for solving the four poles.

Note that although both the proposed model and the four-pole model are based on

an approximation of the four poles of the system, the proposed model is much more

accurate than the four-pole model when inductive effects are important (a system with
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Figure 4.9: Transient response of a transmission line obtained with the proposed
model, four-pole model, and Spectre simulations. t, = 50ps and C = 50{F. (a)
Ry =20Q. (b) Ry = 300.
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a small driver resistance), as shown in Fig. 4.9(a). When the system is dominated
by the driver resistance, the proposed model is less accurate, particularly at the

beginning period of the waveform, as shown in Fig. 4.9(b).

4.3.2 Improve the Accuracy of the Poles

The location of the low order poles obtained analytically is compared with the
location of the exact poles in Fig. 4.10. From the figure, note that there is a one-
to-one mapping between the approximated poles and the exact poles. The real pole
without an arrow in Fig. 4.10 should be mapped to a real pole which is out of the
range of the figure. From these approximated poles, the exact poles can be obtained
through the Newton-Raphson method, permitting the accuracy of the model to be
significantly improved. In general, the number of iterations required for convergence
is less than five.

Special attention needs to be paid to those real poles when applying the Newton-
Raphson method. For example, the Newton-Raphson process starting from the ap-
proximated pole —3.892 x 10'° (the left real pole as shown in Fig. 4.10) incorrectly
converges to the exact pole —6.396 x 10° rather than converges to the exact pole
outside the range of the figure. In order to distinguish this case from the double real

pole case, the following condition needs to be evaluated. If p is a double real pole of
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Figure 4.10: Mapping between the approximated poles and the exact poles, Ry =
100 2.

the system, p satisfies the following expression,

F
lim ()
sS—p § — p

= F'(p) = 0. (4.31)

For systems with multiple real poles, the system is dominated by the real pole
with the smallest magnitude and the effect of the other real poles can be ignored,
unless these poles are close to the dominant pole. The distance between the other
real poles and the dominant real pole is related to the value of F’(p,), where p, is the
dominant pole. If there is another pole p, which is close to pg, F’'(pq) should be small.
When p, approaches py, the value of F'(py) approaches zero. In the limit, p, = py,

pa is a double pole, and F'(py) = 0, as expressed in (4.31).
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Input: R,L,C, R4,CL
Output: m pairs of low-order poles
Find_poles(R, L, C, Rq,CL)
{
Calculate R’ and C7,
Calculate m pairs of approximated poles py,, +

over_damped=0
forn=0:m-1
{
Pn,+=Newton_Raphson(pn,+)
if py, + is real
if over_damped==1
Discard poles pp,+
else
over_damped=1
if F'(pn,+) < Fin
pn,—=Newton_Raphson(2p,,+)
if pn,— == pn,+
output message: double-pole case
return
end
else
pn,—=Newton_Raphson(5p,,+)
if pr,— == pn,+ Or pn,— does not converge
Discard pn,—
end
end
end
end

}

return p,,+,n=0:m —1

}

Figure 4.11: Pseudo-code for computing the exact poles. Function Newton_Raphson( )
is the Newton-Raphson converging process starting with the input argument.

Pseudo-code for generating the exact poles of a single interconnect system is shown
in Fig. 4.11. In Fig. 4.11, the variable over_damped is used to indicate whether the
system is overdamped or not. For overdamped systems, the higher order real poles
(with n > 0) are ignored. A threshold value Fj, is set for F”(p), which is used to

indicate the distance between other high order real poles and the dominant real pole.
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After the dominant real pole (if the system has real poles, the dominant real pole is

always pg 1) is found, F'(po ) is evaluated. F'(s) can be represented by the poles as

Fle) = f[() (1 N pns,+> (1 N pns,) ' (432)

From (4.32),

-1 > -1
F'(pos) = — (1 - p“—’*) I1 (1 - p“—’*) (1 - p“—’*) < (1 - %) . (4.33)
Po.+ Po,— Pn,+ Pn,— Po,+ Po,—

n=1

If |po—| > 2|po+|, F'(po+) < —0.5/pp+. With some overhead, F}y, is determined
as —0.3/po+. If F'(po+) < Fin, which means pole py_ is close to pg, a New-
ton_Raphson process is launched from point 2pg 4 to determine py . Otherwise, the
Newton_Raphson process is launched from point 5pg 4 to find py_. If the process
does not converge or incorrectly converges to pp i, which means the true value of
|po—| is greater than 5|pg 1|, the effect of py_ can be ignored. For the double pole
case, the process of solving the residue requires the second order derivative of F'(s),
which is complicated. The code produces an output message if a double pole occurs.
In this case, a small change in the circuit parameters can avoid a double pole, while
the effect on the output signal waveform caused by this parameter change cannot
be distinguished. After the exact poles are extracted, a step or ramp response is

constructed from (4.22) or (4.23). In order to eliminate the artificial discontinuity of
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the waveform at the end of the input rising edge, the first moment m; in (4.24) is
calculated from the truncated summation, as shown in the left side of (4.26), rather
than the exact value of 0.5R'C' + R'C',.

For the same circuit examples used in Fig. 4.9, the waveform obtained from the
improved method is re-plotted in Fig. 4.12. From Fig. 4.12, the difference between
the analytic waveforms and Spectre simulations is difficult to distinguish except for

the period of the initial time-of-flight.

4.3.3 Model Accuracy and Efficiency

The 50% delay, 10%-t0-90% rise time, and the normalized overshoot obtained
from the proposed model are compared in Fig. 4.13 with Spectre simulations for
different input rise times (the input rise time is determined from 0 to Vg,). Since the
signal delay is generally determined by the low frequency components, two pairs of
poles provide a sufficiently accurate delay estimation. The average error is 1% for
different input rise times. For the output rise time and overshoot, the error is larger
for smaller input rise times. The error decreases with increasing input rise time,
since the output rise time and overshoot are closely related to the high frequency
components (a signal with a shorter rise time consists of additional high frequency
components). The average error with two pairs of poles is 9.5% for the output rise

time and 5.5% for the overshoot. When the number of pole pairs increases to ten,
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Figure 4.12: Transient response of transmission line obtained with the improved
analytic method as compared with Spectre simulations. m = 2. (a) Ry = 20 Q. (b)
Ry =300 €.
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these two average errors decrease to 2.0% and 1.9%, respectively. The computational
complexity of the proposed method is approximately proportional to the number of
pole pairs. These experiments have been performed on a SunBlade1500 workstation.
The time required for Spectre to perform a 700 ps transient simulation (250 time
steps) is 1.8 s. The proposed model is implemented with Matlab. The run time is
3.1 ms for m = 2 and 10.9 ms for m = 10. To achieve a similar accuracy of the
proposed model (m = 2), more than 12 poles are required in the traditional moment
matching method. Since there are no closed-form solutions for solving the poles
from the moments, the computational complexity of the moment matching method
is high as compared with the proposed method. Specifically, the run time for the
moment matching method with 12 poles is 13.5 ms as compared to 3.1 ms for the
proposed method with m = 2. Furthermore, the moment matching method suffers
the numerical stable problem for high order approximations. The accuracy of the

proposed model is also verified for different interconnect lengths and is illustrated in

Fig. 4.14.

4.4 Frequency Dependent Effects

Both interconnect inductance and resistance are a function of frequency. This
frequency dependent interconnect impedance affects the signal waveform, particularly

for those signals containing a greater number of high frequency components.
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Figure 4.13: Comparison of the 50% delay, 10%-t0-90% output rise time, and the
normalized overshoot obtained from the proposed model and Spectre simulations.
R; =20Q, C;, = 501fF, and [ = 5mm. (a) Delay and rise time. (b) Overshoot.
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From (4.28), the contribution of the driver resistance to the effective intercon-
nect resistance is Ry .rr = 2Zplog(1l + R4/Zy), which is frequency independent (the
frequency dependence due to Zj is ignored, and the Z, used here is determined at
DC). The effective load capacitance is also determined at DC, as shown in (4.30).
Considering the effect of the driver resistance and the frequency dependence of R and

L of the interconnect, the effective propagation coefficient § becomes

0 = \/[Racss + R(s) + L(5)s|Cs. (4.34)

For different functional forms of R(s) and L(s), the poles of the transfer function of
an interconnect can be obtained by solving (4.34). Closed-form solutions may also be
available depending upon the expressions of R(s) and L(s).

The frequency dependent impedance can be modeled by ladder structures of
frequency-independent elements [45, 57]. These ladder structures are particularly
suitable to capture the skin effects. A two stage ladder structure [45] is adopted in

this chapter for simplicity, as shown in Fig 4.15.

LAl

Riaidl/l LA REAI Raadll  LoAlll

$CAI/(2I) CAI/(2I)$ ::> $CAI/(2I) CA|/(2|)$

Figure 4.15: A segment of interconnect with length Al.
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Since the frequency dependent effect is naturally more significant at high fre-
quencies, a wider interconnect is adopted here as an example so that additional high
frequency components can propagate across the interconnect, making the frequency
dependent effect distinguishable. The signal wire width is 10 um, the space between
the signal line and ground is 5 um, and the remaining geometric parameters are the
same as depicted in Fig. 4.6. The parameters in the ladder structure are calculated
by matching the DC and high frequency resistance and inductance of the ladder
structure with the extracted values. Since the resistance of the interconnect does not
saturate at high frequencies, a value of 40 () is assumed as the high frequency resis-
tance in this example, resulting in the following parameters: Ry =402, Ry = 28.1 (),
Ly =1.9nH, and L; = 1.12nH. The DC impedance is Rg. = 16.5€, Lg. = 2.287nH,
and C' = 4.18 pF. The resistance and inductance of the ladder approximation are
compared with the extracted values in Fig. 4.16.

With this ladder approximation, the expression used to solve the poles of the
system becomes

Bo(Ba + Lns) | oo _go _ 2 (4.35)

Ryerr+ Los + .
a-eff 0 Ry+ Ry + Lis

The poles can be analytically solved as

X 3
Pnt = _% - 5 + gi\/ X2+ 4@, (436)
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where
3 42
Q= Lg % (4.37)
9aray — 27ag — 2a§
P = 4.
e (439)
X:€/P+ Q3+P2+§/P—\/Q3+P2, (4.39)
and

_ LoRo+ LoR1 + RolLy + L1 Rycpy

4.4
[25) LOLI ( O)
R()Rlc + (Ro + Rl)Rd_effC + SC2L1
= L 4.41
“ LoL,C ’ (441)
(Ro + Rl).Z'Q
=7 4.42
=TT L C (442)

From (4.36), the Newton-Raphson method can be applied to solve the exact poles
as illustrated in Section 4.3.2. In Fig. 4.17, the output signal waveforms are com-
pared for the DC impedance case and the frequency dependent (FD) impedance case.
As shown in Fig. 4.17, by considering the FD effect, additional high frequency com-
ponents are suppressed, making the waveform smoother since the high frequency
components experience much greater attenuation due to the increasing interconnect
resistance, as shown in Fig. 4.18. For the high frequency related waveform proper-
ties, such as the rise time and overshoot, the FD effect should be considered. For low

frequency related waveform properties, such as delay, the FD effect can be neglected.
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Similar results are also described in [126]. The run time of the Spectre simulation

(700 ps, 225 time steps) is 2.45 s and the run time for the proposed analytic method

(m = 2) is 3.8 ms (a three orders of magnitude improvement in computational time).
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Figure 4.17: Comparison of the output signal waveforms with and without the fre-
quency dependent effect, R; = 10€2, C, = 50 pF, and ¢, = 50 ps.

4.5 Conclusions

By extracting the exact poles, an efficient method has been proposed in this chap-

ter for determining the transient output response of a distributed RLC' interconnect.

As demonstrated in this chapter, two pairs of poles can provide an accurate delay

estimate exhibiting an average error of 1% as compared with Spectre simulations. For
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Figure 4.18: Comparison of transfer functions with and without the frequency depen-
dent effect, Ry = 102 and C'p, = 50 pF.

high frequency related waveform properties, such as the rise time and overshoot, an
average error of less than 2% can be obtained with ten pairs of poles. The computa-
tional complexity of the proposed method is proportional to the number of pole pairs.
By using a ladder structure, frequency dependent effects can also be included in the

method. Excellent agreement is observed between the proposed model and Spectre

simulations.
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Chapter 5

Effective Capacitance of RLC
Loads for Estimating Short-Circuit
Power

5.1 Introduction

Since power has become an important design criterion in integrated circuits, ac-
curate and efficient power estimation is required in the circuit design process. As
compared with dynamic power which is well characterized, short-circuit power is
more difficult to model due to the complicated transient behavior of the short-circuit
current. In [127], Veendrick developed a closed form expression for short-circuit power
dissipation in an unloaded CMOS inverter. More accurate analyses have been pre-
sented recently by including short-channel effects [128, 129] and output overshoot
effects [130, 131]. In these analyses, a lumped capacitor is assumed as the load. An

L shaped RC model is used in [132] and a 7 shaped RC model is used in [133] and



133

[134] to characterize the shielding effect of the interconnect resistance. An effective
capacitance of the RC 7 structure for short-circuit power estimation is described
in [125] and [135] to maintain compatibility with popular look-up table or k-factor
based power models. With increasing on-chip frequencies and longer interconnects,
the interconnect inductance also needs to be considered. As described in [136], the
interconnect inductance also exhibits a shielding effect on the load capacitance, in-
creasing the short-circuit power dissipated by the driver.

In this chapter, an effective capacitance of an RLC load is developed to accurately
estimate short-circuit power. Both resistive and inductive shielding effects are con-
sidered. The rest of this chapter is organized as follows. In Section 5.2, a distributed
RLC network is reduced into a m model. From this 7 model, the effective capacitance
is determined. In Section 5.3, the proposed effective capacitance model is verified by

Cadence Spectre simulations. Finally, some conclusions are offered in Section 5.4.

5.2 Effective Capacitance of an RL(C Load

Model order reduction techniques are commonly used to analyze the timing and
power of interconnects to improve simulation efficiency. In Section 5.2.1, a ™ model is
generated from a distributed RLC' tree through moment matching. In Section 5.2.2,

this m model is further reduced into an effective capacitance.
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5.2.1 mw-Model Representation of RLC' Interconnects

By matching the first three moments (y;, y2, and y3) of the admittance at the
driving point, an RC network can be reduced into an RC' m model [137]. In the same
way, an RLC' network can be reduced into an RLC 7 model by matching the first
four moments, as shown in Fig. 5.1. This reduction, however, can be unrealizable (the
value of the circuit element is not positive real). In order to obtain a realizable RLC'
7w model, a coefficient 3 is introduced in [138], which is the third order admittance
moment (without considering inductance). By matching yi, y2, ys, and i, the 7

model parameters can be obtained as [138]

Cr=v3/v3, (5.1)
Co =y, — Cy, (5.2)
R, = —/C", (5.3)
L = (y5 — y3)/C}, (5.4)

where C,, and C denote the near end and far end capacitance, respectively.
The input admittance of a distributed RLC' interconnect with a load admittance

Y, is [118]

Z.Y; + tanh 6
Z.(1+ Z.Y,tanh §)’

Y(s) = (5.5)

where 0 = \/(R; + sLy)sCy and Z. = 0/(Cys). Ry, Cy, and L, are the total resistance,
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Figure 5.1: Reduction of an RLC' interconnect network.

capacitance, and inductance of the interconnect, respectively. By expanding Y (s) into
a Taylor series of s around zero, the moments at the input of the RLC' interconnect

can be obtained as

y1=u1 + Ci, (5.6)
2 L
Y2 =2 — Re(ypy + vaCr + gCt ), (5.7)
2,3 4 2 2 2 2 3
Ys =z — Re(2u1412 + 412Ct) + By (yy + gyl,lct + gyulct + Ect)
2 1 2
—Le(yi1 + yiaCe + gct ), (5.8)
X 203 4o 2 2, 2 3
Y5 = Yis — Re(yaynz + 9200 + Bi(ypy + g9iaCe + gyl + 26/). - (5.9)

The input admittance moments of a distributed RLC' tree can be determined by re-
cursively applying (5.6)-(5.9). From these moments and (5.1)-(5.4), the corresponding
7 structure can be obtained. If the RLC' network includes resistance loops, the gen-
eralized Y-A transformation technique [139, 140] can be used to eliminate all of the

nodes except the driver so as to determine the admittance moments.
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5.2.2 Effective Capacitance for Short-Circuit Power

Although a m model is highly accurate, four coefficients are required in this model,
making it incompatible with k-factor expressions or look-up table based power models.
An effective capacitance greatly simplifies the model with little penalty in accuracy,
as shown in Fig. 5.1.

The shielding effect of the interconnect resistance is well known and the effective
capacitance of RC' interconnects has been developed for estimating delay and short-
circuit power in [125, 119]. The interconnect inductance however also has a shielding
effect [136]. This inductive shielding effect is illustrated with an example (shown
in Fig. 5.2). In Fig. 5.2, a distributed RLC' tree is driven by a 0.18 ym CMOS
inverter. The size of the transistors in the inverter is W,, = 10 pm and W), = 25 ypm.
The impedance parameters of the interconnect are R;,; = 12.23m2/um and Cy,, =
0.245fF /pm. The load capacitance is C, = 100fF. The short-circuit current of the
inverter is illustrated in Fig. 5.3 for different values of interconnect inductance. When
the interconnect inductance becomes larger, greater far end capacitance is shielded.
Less effective capacitance is therefore seen at the inverter output, permitting the
output voltage to change faster at the beginning of the signal transition, thereby
producing a larger short-circuit current. The currents are measured at the source of
the PMOS transistor with a rising edge input as shown in Fig. 5.4. The discontinuity

of the waveform is due to the discontinuity of the transistor capacitance model used
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Figure 5.2: An example of a distributed RLC' tree.
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Figure 5.3: Effect of inductance on short-circuit current. ¢, = 0.5ns.

in the simulation. Strictly speaking, the currents shown in Fig. 5.3 include two non-
short-circuit current components. The first component is the current flowing through
the capacitance Cy,, as shown in Fig. 5.4. This component can be determined as
I,s = CysVaa/t, and is independent of the load. The second component is the current
1, flowing from the output to V; due to the overshoot at the output at the beginning
of the signal transition. I,, returns a small amount of charge stored in the output

node back to Vg, slightly reducing the dynamic power.
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Figure 5.4: Current components in a CMOS inverter.

In [119], the output waveform of a CMOS gate is approximated by a quadratic
function followed by a linear function. In this chapter, the output waveform of a gate
is modeled as a quadratic function during the input transition. Assuming the output
waveform is v(t) = at? for a rising edge, the current drawn from the gate by an RLC

7 structure is

2a Cys
I:(s) = —= Cps | . 5.10
(s) 53 (1+R,,C'f8+LTrC'f$2 + 8) ( )

Applying an inverse Laplace transformation on (5.10), the current in the time domain
1s

ir = 2aC 1 (—R:Cy + t + k€™ + kge®") + 2aC,t, (5.11)
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where

B , AL,
R+ /R o

= 5.12
51,2 2L ) ( )
by — ! (5.13)

YT 3 (sy — s9) LaCy '

1
ko = . 5.14
2 $3(s2 — s1)L.Cy (5.14)
The current drawn from the gate by an effective capacitance is

iceff = QGCefft. (515)

Equating the average of i, and i..rs during a period from 0 to an evaluation time 2.,

Ceys can be obtained as

2R Cy 2k . 2k .
eff — Ln 1-— Sttev 1 —(e®?' —1)]. 1
Cepr =Ch + Cf{ - + s (e )+ 75 (e ) (5.16)
Similarly, Cess for an RC' 7 structure is
2R7'I'Cf 2R72rC]20 _Rteg
Cery=Cn+Cy|1— T (1—e M%), (5.17)

As expected, Cess is between C,, and C, + C;. From (5.16), Ccss is a function

of t., as shown in Fig. 5.5. The m model parameters are obtained from the tree
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structure as shown in Fig. 5.2 with an inductance per unit length L;,, = 0.74 pH/pm.
With increasing t.,, Ces increases from C), and approaches C, + C;. In [119], t.,
is the time when the driver output achieves 50% of V;, which is the objective and
is not known a priori. Several iterations are therefore required to determine Clyy.
In [125], t., is determined as the end point of the short-circuit period. Since the short-
circuit current exists when the input is between V;p,, and Vgq + Vi, the appropriate
evaluation time ¢, is in the range from 0 to t,(1 — W‘j—::l - ‘{/%ZL) Note that t = 0
corresponds to the time when the input reaches Vi, for a rising edge (Vg + Vipyp for
a falling edge). As shown in Fig. 5.5, for the time period 0 < ¢ < t,, the effective
capacitance is overestimated and the short-circuit current is underestimated. For the
period t, <t <t.(1— % — ‘{j—ﬁ), the effective capacitance is underestimated and the
short-circuit current is overestimated. By properly adjusting t,, the estimation error

of the short-circuit current in different time regions can be canceled. By comparing

Spectre simulations, a fitting parameter is adopted to determine ¢,

|‘/thp| ‘/thn
t, = 0.46t.(1 —- —— — —). 5.18
( Vo Vdd) (5.18)

The short-circuit current waveforms in an inverter with different load models are
compared in Fig. 5.6. For this inverter, Vi, = 0.5V and Vj, = —0.5V. As shown
in Fig. 5.6, the m model can accurately characterize a tree structure. The waveform

obtained with a m model is indistinguishable from the waveform with the original
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Figure 5.5: Effective capacitance as a function of t.,. C, = 120.1{F, Cy = 965.91{F,
R, =15.9Q, and L, = 0.96 nH.

RLC tree (shown in Fig. 5.2). Using the total capacitance Ci,y = C,, + C as the load
significantly underestimates the short-circuit current. As previously mentioned, the
short-circuit current with the effective capacitance is first underestimated and then
overestimated. No iterations are required to determine Css. Since an RLC' m model is
commonly required in timing analysis, the additional computational expense required
to determine C,fy is small. Note that unlike C, s for estimating the delay [119], C.yy

for short-circuit power estimation is independent of the transistor size.
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Figure 5.6: Short-circuit current with different output loads.

5.3 Model Verification

For the circuit shown in Fig. 5.2, the short-circuit energy dissipated over a full
signal transition with different loads is compared in Fig. 5.7. As shown in Fig. 5.7, the
total capacitance always underestimates the short-circuit energy as compared with a
distributed RLC' tree. For example, the error for ¢, = 0.5ns is 28.1%. More accurate
estimations can be obtained with Cers pc (only considering the resistive shielding
effect) and C.ss (considering both resistive and inductive shielding effects).

The inductive shielding effect is most important in the range from ¢, = 0.2ns
to t, = 0.8ns for this example. The inductive shielding effect can be evaluated by

the ratio of Cefy to Cerr pe. In Fig. 5.8, this ratio is plotted with different input



143

0.4 ;
O RLCtree
0.35F ____ Ceff Y
- 03+ Ceff_RC ///_
@ - - Ctot e
3 0.25f ’
2
S 0.2}
3 015}
?
‘g 0.1t
e
? 0.05}
0¢
-0.05 : : : :
0 0.2 0.4 0.6 0.8 1

Input transition time (ns)

Figure 5.7: Short-circuit energy with different loads. L;,; = 0.74 pH/pm.

transition times and wire inductance values for the example circuit shown in Fig. 5.2.
As shown in Fig. 5.8, C.¢y decreases with increasing interconnect inductance. The
ratio of Cets to Cers_pe can be smaller than 0.3. When ¢, approaches zero, the driver
only sees the near-end capacitance, both C.ss and C.ss rc approach C),, and the ratio
Cesr/Cesf.ro approaches one. When ¢, is sufficiently large, the driver has sufficient
time to charge and discharge the far end capacitance, both C¢f¢ and Ce s rc approach
Ciot, and the ratio also approaches one.

Since the dynamic power is usually determined as afV7Cioq (Where a is the
switching factor), the reduction P,..; in dynamic power due to I,, is considered part
of the short-circuit power such that the summation of the two power components

(dynamic and short-circuit) can represent the total transient power. With fast inputs,
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Figure 5.8: Effect of inductance on the effective capacitance.

P,.q can dominate the short-circuit power, producing a negative short-circuit power,
as shown in Fig. 5.7. Since P4 cannot be characterized by C.ys, the error of the
power estimation is greater for fast inputs.

The effective capacitance concept can also be applied to other logic gates, such
as NAND and NOR gates. The short-circuit energy consumed by an inverter and a
two input NAND gate during a full signal transition is listed in Table 5.1 for different
inputs and loads. The two inputs of the NAND gate are denoted as the upper
input and the lower input according to the relative location of the input terminal.
Three switching patterns are considered: only the upper input is switched (the lower

input is tied to Vyg), only the lower input is switched, and both of the two inputs are
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Table 5.1: Short-circuit energy dissipation during a full signal switch.

Short-circuit energy (pJ)

Inverter |[NAND (upper) NAND (lower) NAND(both)
™ ‘Oeff‘ctot ™ ‘Ceff‘ C’tot m ‘Oeff‘ Cvtot ™ ‘Ceff‘ctot
0.5]100/2/200/600(369.4/0.16{0.16|0.11]0.12{0.12| 0.08 [0.11]0.10|0.07|0.06]0.05|0.02

1 1100/2/200/600/517.3]0.45[0.44]0.38]0.35(0.35|0.30 [0.36]0.35]0.29|0.30(0.29 |0.24
100/2/200/600(641.3(1.13|1.13{1.06|0.93]0.93| 0.87 [0.98(0.97|0.91|0.88]0.86 |0.81
0.5]200/3/100/800[205.2/0.20/0.20|0.10(0.15[0.15] 0.08 |0.14/0.13|0.06 [0.09(0.07|0.02

1 1200/3/100/800|322.6|0.51]0.51/0.36]0.41|0.41|0.28 |0.41]0.41|0.28|0.35|0.34(0.23
200/3/100/800|483.3|1.21{1.20(1.01(0.99|1.00| 0.83 |1.05|1.05]0.87|0.94/0.93|0.78
0.5[300/4/100/300(167.9/0.21|0.21|0.15|0.16{0.16| 0.12 |0.15/0.14|0.10(0.09(0.08|0.05

1 (300/4,/100/300|228.8(0.56]0.56|0.48|0.45/0.45| 0.38 |0.45|0.45{0.38|0.38|0.37/0.32

2 1300/4/100/300|292.7|1.34|1.33(1.25(1.11|1.11| 1.04 |1.16]1.16|1.09 |1.03|1.02|0.96

Average % Error | 09221 [1.2]222] [1.6(244] [72335

tr |Re/Lx/Cy/Cy|Cepy
(ns)| (2/nH/fF /F) | (fF)

connected and simultaneously switched. The size of the transistors in the NAND gate
is W,, = 10 pm and W, = 25 pm. As listed in Table 5.1, the effective capacitance can
accurately capture the shielding effect of the resistance and inductance in determining
the short-circuit power. For a single switching input, the average error of the short-
circuit power is less than 2% as compared with the 7 model. The average error with
the total capacitance, however, is more than 20% for these examples. As compared
to the single switching input, the error with C.¢s for the connected inputs is greater,
exhibiting an average error of 7.2%. With very slow inputs, although the output
voltage waveform deviates from a quadratic behavior, the proposed method remains
accurate as listed in Table 5.1. In these cases, the shielding effects are small, and the

effective capacitance approaches Cy,. This behavior is well captured by (5.16).
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Figure 5.9: Short-circuit energy with multiple switching inputs. C,, = 100{F, C; =

800fF, R, = 20012, and L, = 3nH.

For multiple switching inputs with offsets in delay (non-simultaneous input sig-

nals), an equivalent input signal has been developed in [141] for estimating the short-

circuit power. From this equivalent input signal, an effective capacitance can be

obtained from (5.16) and (5.18). The short-circuit energy dissipated in a NAND gate

is shown in Fig. 5.9 for different skew between the two inputs. The transition time of

the upper input and lower input are 1 ns and 2 ns, respectively. The skew is deter-

mined as typper — tiower, Where typper and t,per are the starting time of the transitions

at the upper input and lower input, respectively. From Fig. 5.9, it can be seen that

the effective capacitance model is also valid for multiple switching inputs with delay

offsets.
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Look-up tables or k-factor expressions are commonly used to model short-circuit
power as a function of ¢, and C'p. The total transient power in a CMOS gate driving

an interconnect network, therefore, can be represented as

Ptotal = Psc<tr7 Ceff) + OéfCload‘/jda (519)

where Cj,qq includes the total interconnect capacitance and the parasitic capacitance
of the transistors. If glitches occur at the output, both dynamic power and short-
circuit power depend upon the transient voltage waveform at the output. Expression

(5.19) is no longer valid in this case and a more complicated analysis is required.

5.4 Conclusions

In deep submicrometer integrated circuits, interconnects not only dominate the
gate delay, but also greatly affect the power dissipation. In this chapter, an effective
capacitance of a distributed RLC' load is described to accurately estimate the short-
circuit power. For a single switching input, the average error of the short-circuit
power obtained with C.yy is less than 2% as compared with an RLC' m model. This
effective capacitance can be used in look-up tables or k-factor expressions to estimate
short-circuit power as well as in analytic models to simplify the interconnect analysis

process.



148

Chapter 6

Low Power Repeaters Driving RC
and RLC Interconnects with Delay
and Bandwidth Constraints

6.1 Introduction

Repeater insertion is an efficient method for driving long interconnects in inte-
grated circuits as described in Subsection 2.5.3. The size of a delay-optimal repeater
is typically much larger than a minimum sized repeater. Since millions of repeaters
will be inserted to drive global interconnects in future high complexity circuits [142],
significant power will be consumed by these repeaters, particularly if delay-optimal
repeaters are used. A power-delay tradeoff is, therefore, necessary to support efficient
repeater insertion design methodologies [143].

The number and size of the repeaters to minimize the dynamic power and area

of an interconnect while satisfying a target delay constraint have been described by
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Nalamalpu and Burleson in [144]. Burleson et al. further compared repeaters with
boosters in [145]. The input transition time of a repeater is generally greater than
the output transition time. In this case, the short-circuit power can be comparable
or even greater than the dynamic power [146]. With CMOS technology scaling,
leakage power is increasing rapidly, and is expected in future technologies to reach
the same magnitude as the dynamic power [7]. By including both short-circuit and
leakage power, a low power repeater design methodology is presented in [147]. The
power is minimized with a 5% delay penalty. Closed form solutions, however, are not
provided. In these papers, inductance effects are also not included. In upper metal
layers, wide interconnects are frequently used, which have low resistance, making
inductance effects non-negligible in high speed circuits.

With on-chip signal frequencies continuously increasing, bandwidth requirement
also needs to be considered during the repeater insertion procedure. In this chapter,
a new repeater insertion methodology is proposed for achieving the minimum power
while satisfying delay and bandwidth constraints. The rest of this chapter is organized
as follows. In Section 6.2, the timing and power models of RC' interconnects are
reviewed. Based on these models, analytic methods are presented for achieving the
minimum power while satisfying delay and bandwidth constraints. In Section 6.3,
the effects of inductance on this repeater design methodology are analyzed. Finally,

some conclusions are offered in Section 6.4.
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6.2 Power Dissipation in an RC Interconnect with

Delay and Bandwidth Constraints

By including the effects of the input transition time, a new timing model of an RC'
interconnect with repeaters is presented in Subsection 6.2.1. The three primary power
dissipation sources in interconnects are reviewed in Subsection 6.2.2. Given a delay
or a bandwidth constraint, a design space for a repeater system can be determined.
The minimum achievable power in the design space is described in Subsections 6.2.3
and 6.2.4 for delay and bandwidth constraints, respectively. Multiple constraints are

analyzed in Subsection 6.2.5.

6.2.1 Delay and Transition Time Model of RC' Interconnects

As shown in Fig. 6.1, a distributed RC' interconnect is evenly divided into k seg-
ments by repeaters. R; and C; are the total resistance and capacitance, respectively,
of the interconnect. The repeaters are h times as large as a minimum sized repeater,
with the output resistance Ry/h, output capacitance hCyy, and input capacitance
hCgo, where Ry, Cq, and Cyo are the output resistance, output capacitance, and

input capacitance, respectively, of a minimum sized repeater.

h Rk, C/k D h Rk, C/k D

Figure 6.1: Repeater insertion in a long RC' interconnect line.



Table 6.1: Device parameters of BPTM 45 nm model. Vy; = 1.1 volts.

Device

Temp Idsat/W [sub/W |‘/t| H/dsat| Q
(°C) | (uA/pm) | (nA/pm) | (volts) | (volts)
NMOS 25 1064 42.7 0.330 | 0.468 | 0.91
NMOS | 100 1035 712.0 0.257 | 0.516 | 0.88
PMOS 25 534 25.3 0.325 | 0.600 | 1.05
PMOS | 100 014 374.1 0.243 | 0.672 | 0.97
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The repeater is assumed, in this chapter, to be implemented as a CMOS in-
verter. The inverter is also assumed to be symmetric such that the effective output
resistance is the same for both rising and falling signal transitions. The Berkeley
predictive technology model (BPTM) [148, 149] for a 45 nm printed channel length is
used, corresponding to the 80 nm technology node described in the ITRS [7]. Some
model parameters are modified to capture the trends of the saturated drain current
and subthreshold current predicted by the ITRS. The device parameters used in this
chapter are listed in Table 6.1, where « is the velocity saturation index and is deter-
mined with the method described in [150]. The PMOS transistor is 2.2 times as large
as the NMOS transistor in the inverter, and the minimum gate width is assumed to
be 45 nm.

Cgo and Cgy can be obtained with SPICE by measuring the charge stored on the

input and output of the minimum sized repeater during signal transitions. In this
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chapter, Cyo = 0.4551F and Cyy = 0.413fF. Ry can be approximated as

Vaa

Ry o=K ,
o ]an

(6.1)

where K is a fitting parameter, and I, is the saturated drain current of a minimum
sized NMOS transistor with both V, and Vy, equal to V4. K can be determined by
matching the 50% delay or transition time of the step response of an RC' equivalent
circuit to SPICE simulations. Note that the K obtained by matching the 50% delay
and the K obtained by matching the transition time are different and are denoted as
K and K, respectively. In this chapter, K;is 0.78 and K, is 0.55. The corresponding
output resistances are Ry and R,q.

The delay t4s and transition time ¢, of a single interconnect stage for a step input

can be obtained from [58],

R,Cy RiCy R Cyoh
tas = 0.377—5 +0.693(R4Cy + o+ kg ), (6.2)
toow —tiow  ,  BeCy R oCy  RiCypoh
trs = 03 =1.1 12 + 2.75(R0Co + A ), (6.3)

where Cy = Cyp + Cyo. With a finite input slew rate, both the repeater delay [150]
and repeater output transition time [151] depend linearly on the input transition time

t,_in- The contribution of ¢, ;, to the repeater delay can be represented by ¢, ;,. For
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a rising input, 7y is determined as [150]

1 1_Utn
2 14a,’

Tr = (6.4)

where vy, = Vi, /Viaa. By changing the suffix n to p in (6.4), the coefficient ~; for a
falling input can be obtained. An average of 7, and ¢ is used as v in the rest of this
chapter to determine the interconnect delay.

The linear dependence of the repeater output transition time on ¢, ;, is only valid
for slow input signals with small load capacitances [151]. Furthermore, the signal is
degraded by the interconnect impedance before reaching the far end, decreasing the
sensitivity of the far end transition time to the input slew rate. The effect of the
input slew rate on the far end transition time is, therefore, ignored in this chapter.
The signal transition times determine the highest switching speed an on-chip signal

can achieve, i.e., the bandwidth of the circuit. The total delay of the interconnect is

RyCy

Rt Ct

Ttotal == k(tds + 'ytrs) = a1 + a?(ROCDk: + + Rthoh)> (65)
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where

a; =0.377 + 1.1, (6.6)
a5 = 0.693 + 2.757, (6.7)
: 2. r
g, 693Rd0;r Gy 65)
2

The total delay obtained from (6.5) as well as the model neglecting input transition

time effects are compared with SPICE in Fig. 6.2 for different numbers of repeaters.

1400 :
—8- SPICE
—— Analytic, with input slew effects
1200+ —+— Analytic, without input slew effects
g
— 1000
>
©
[}
=]
I L
5 800
l_
600 -
400 : : :
0 5 10 15

Number of repeaters

Figure 6.2: Total delay for an RC' interconnect driven by repeaters. R = 0.31Q/um,
C = 0.223fF /pm, | = 5mm, and h = 50.

In the SPICE simulation, the first driver and the far end load are assumed to be
implemented by the same sized repeater. The input signal slew of the first driver

is assumed to be the same as the signal slew at the end of the interconnect. The
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interconnect parameters are extracted for a minimum sized global interconnect at the
80 nm technology node [7].

As shown in Fig. 6.2, neglecting the effects of the input transition time significantly
underestimates the total delay. When the number of repeaters is small, each repeater
drives a long interconnect. The signal transition time at the input of each repeater
(the output of the previous stage) is sufficiently large; therefore, the assumption made
in [150] (¢,.in < 3t,_ou) is no longer valid. The gate delay does not increase linearly
with the input transition time and (6.5) becomes less accurate. This situation will
normally not occur in practical circuits due to the slow transition time. In this
example, when more than four repeaters are inserted, the error of (6.5) is within 7%
of SPICE.

By setting 0Tiota1/0k and 0Tippa1/O0h to zero, the optimal k& and h to minimize

Tiotar can be obtained,

. / alRtC’t
kopt - GQROCO ) (69)

h’opt = . (610)

The corresponding minimum delay is

[asC
Tmm = 2\/&1&2RtCtR000 <1 + M) . (611)
a1Cy
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This delay-minimal repeater design methodology is not necessarily an appropri-
ate strategy in practical circuits. First, the delay is not sensitive to the size of the
repeaters near the optimal point, therefore, significant power and area are wasted
to achieve only a small improvement in speed when approaching the optimal point
(for minimum delay). Second, with increasing on-chip signal frequencies, it is possi-
ble that a delay-minimal design methodology will not satisfy the specific bandwidth

requirement.

6.2.2 Power Dissipation Components in Interconnects with
Repeaters

Power dissipation is a primary criterion in VLSI circuits due to high integration
densities and high speeds. There are three significant power dissipation mechanisms

in digital CMOS circuits: dynamic power, short-circuit power, and leakage power.

a) Dynamic power

Dynamic power is the power consumption due to charging and discharging the
load capacitance. Dynamic power has been well studied and is characterized by the

following well known expression,

Py = a,fCLV}, (6.12)
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where f is the clock frequency and «y is the switching factor (assumed here as
0.15 [147]). For an RC interconnect with repeaters, the load capacitance C', includes
both the interconnect capacitance and the parasitic capacitance of the repeaters. The

total dynamic power in a RC' line with repeaters is

Py = a,fCLVE = af(Cy + khCo) V2, (6.13)

b) Short-circuit power

If the signal applied at the input of a CMOS inverter has a finite slew rate, a
direct current path exists between Vy; and ground when the input signal switches
between V;, and Vyq 4+ Vi,. The power consumed in this way is called short-circuit
power [127]. The short-circuit power is a function of the input transition time, output
load capacitance, and the size of the transistor. A closed form model of the short-
circuit power [129] is adopted here because the model provides a clear relationship
between the short-circuit power and related circuit parameters. From this model,
the short-circuit energy dissipated in a CMOS inverter during a full signal switch

(0 — 1 — 0) can be approximated as

4]c%sattz V:id

E, = :
‘/dsatGCout + 2-[—-[]dsatt'r

(6.14)
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In this expression, C,,; is the output load capacitance. Visar = (Visatn + Visatp)/2 and
Lisat = (Lasatn + Lasatp)/2- G = (G, + Gy)/2 and H = (H, + Hy)/2. G, and H, are

the coefficients associated with rising inputs, and can be determined as [129]

(o + 1)(1 —vy,) (1 — Utp)ap/z

G, = , 6.15
Fr(l — Vg — Utp)ap/2+an+2 ( )
29 (i + 1) (1 — )2
H, = P P 6.16
(1 — VUtn — ’Utp)ap""l ’ ( )
where
1 a ay(a,/2 —1)
F, = — P PP ) 6.17
ay, + 2 2(an—|—3)+ o, +4 (6.17)

G and Hy can be obtained by exchanging n and p suffixes in (6.15)-(6.17). The total
capacitance in a single interconnect stage includes the output parasitic capacitance of
the repeater, the interconnect capacitance, and the input capacitance of the following
repeater,

C

Cstage == C(]h -+ ? (618)

Due to the shielding effect of the interconnect resistance, the load capacitance seen
by the repeater is less than Cgyge during an input signal transition. An effective
capacitance Ceys, therefore, is determined with the method described in Chapter 4

to estimate the short-circuit power. The total short-circuit power of the inserted
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repeaters, therefore, is

. 4ast§0t$Vddkh2
B V;isatGCeff + 2]¥[d0trh,

P, (6.19)

where Iy is the average saturated drain current of the NMOS and PMOS transistors
in a minimum sized repeater, and C.s is the effective capacitance of each interconnect

stage.

c) Leakage power

In deep submicrometer CMOS technologies, the dominant leakage current source
is composed of subthreshold current and gate leakage current [152]. The total leakage

power dissipated in the repeaters is

Py = hkVaa(Lsuo + Ly0), (6.20)

where [0 is the average subthreshold current of the NMOS and PMOS transistors
in a minimum sized repeater. Iy, is the average gate leakage current of a minimum
sized repeater with low and high inputs. The leakage power is expected to dominate
dynamic power and short-circuit power in future technologies. Since the subthreshold
current increases rapidly with increasing temperature, a worst case temperature of
100 °C is assumed in this chapter to emphasize the leakage power. In this case,

Toupo = 34.5nA and [, = 1.4nA.
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6.2.3 Power Dissipation with Delay Constraints

For a delay constraint 7)., greater than 7),,,, the design space of the repeaters is

the area inside the closed curves shown in Fig. 6.3.

35

301
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15}

Number of repeaters, k

10}

5 1 1 1 1 1
50 100 150 200 250 300 350
Repeater size, h

Figure 6.3: Repeater design space with delay constraint. R = 0.31Q/um, C' =
0.223 fF/pum, and | = 10 mm.
An expression characterizing the edge of the design space is

Rt Ct RO Ct

Treq = @ + az(RoCok + + RiCyoh). (6.21)

With T,., approaching 7},;,, the design space converges to the minimum delay point
(hoptskopt). The minimum h that can satisfy the delay requirement occurs when k =

Fopt, and the minimum k that can satisfy the delay requirement occurs when h = hyp.
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The total power dissipated by an RC' interconnect with repeaters is the summation

of the three primary power dissipation components,

Ptotal:Pd+Ps+Pl- (622)

In Fig. 6.4, P,,q is plotted as a function of k£ and h. For each h, an optimal k exists
to achieve the minimum power. If k is too small, the signal transition time will be
large, and the total power is dominated by the short-circuit power. If £ is too large,
the total power is dominated by the dynamic power and leakage power. P, and B

increase linearly with increasing h for a fixed k. Py, however, is more complicated.
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Repeater size, h
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Figure 6.4: Total power dissipation in an interconnect with repeaters as a function of
hand k. f =1GHz, R=0.31Q/um, C' = 0.223fF/um, and [ = 10 mm.
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In order to obtain an analytic solution, some approximations are made to the C.ys
in (6.19). The effective capacitance C.ss in one stage is a function of h and k. The
ratio between Cerr and Ciqqe is plotted in Fig. 6.5. In most cases, this ratio is varied
in the range from 0.5 to 1. An average ratio of 0.75 is used in (6.19) to evaluate
the short-circuit power. With this approximation, 0P,/0h is always positive, which
means that P, increases monotonically with increasing h for a fixed k. The total
power Pj.q, therefore, also increases monotonically with increasing h for a fixed k.
This behavior is illustrated in Fig. 6.4. For the design space determined by the delay
constraint as shown in Fig. 6.3, the minimum power can only be reached on the left

edge of the design space.
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Figure 6.5: The ratio of Cerp to Cyrage. R = 0.31Q/pm, C = 0.223fF/pum, and
= 10 mm.
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The power dissipation at the edge of the design space is plotted as a function of
h in Fig. 6.6(a). The dynamic and leakage power is plotted together since both of
these power components depend linearly on kh. The minimum total power with delay
constraints P, geiqy can be obtained by solving d Py /dh = 0. Note that at the edge
of the design space, k is a function of h.

In order to provide a closed form solution for P, geiay, the curve of P; + P,
around the power-optimal point is approximated by a part of an ellipse, as shown
in Fig. 6.6(b). The optimal design parameters (hg, ko) for minimizing P, + P, with a

delay constraint 7T,., can be solved by the Lagrange method [144],

e —b— \/b2 — T2 alagROCORtCt
0 pum—

il 6.23
Treqa2ROCO ’ ( )
Tre kO - 26Ll-RtC(t
hyg = —4 6.24
0 ZCLQRth()k() ’ ( )
T2
b= CLQRORtCt(a2CgO — (1100) — Ziq. (625)

In Fig. 6.6(b), h; is the minimum repeater size that can satisfy a target delay con-
straint, which can be obtained by inserting k; = k,,; into (6.21). P, and P, are the
corresponding values of P;+ P, at (hg, ko) and (hq, k1), respectively. The curve of P;

is approximated by a linear function. With these approximations, the power-optimal
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repeater size h, with a delay constraint is

hy = ho — Zo(ho — In)” (6.26)
! Va3 (ho — hi)? + (P — By)?

where

Ao f15,Vaak§tZy [1.5VasaG(Cohoko + Cy)ho + 2H Igokot,oh)]
[0.75Vasat G(Cohoko + Cy) 4+ 2H Ligkotoho)?

trO = tr(h07 kO) (628)

. (6.27)

Zo

A detailed derivation is provided in Appendix A. The corresponding k, can be solved
by inserting h, into (6.21). Upon obtaining h, and k,, P, deay can be obtained
directly from (6.22). If k, is not an integer, the nearest two integers are used to
determine the minimum power (h, will need to be re-calculated).

For different interconnect loads and delay constraints, results from the proposed
method are compared with SPICE simulations as listed in Table 6.2. The average
error of the analytically obtained minimum power is 7%. In these experiments, the
total power does not include the power consumed by the load buffer.

In Table 6.3, different power components from the analytic model are listed sep-
arately for delay-optimal circuits and power-optimal circuits with delay constraints.
The dynamic power listed in the table is only due to the parasitic capacitance of the

repeaters, since the dynamic power due to the interconnect capacitance is a constant
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Figure 6.6: Power dissipation with constant delay. f = 1GHz, T}, = 1ns, R =
0.31Q/pm, C = 0.223fF/pm, and [ = 10 mm.
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Table 6.2: Minimum power with delay constraints obtained analytically as compared
with SPICE simulations. f = 1 GHz.

R, C | Ty SPIC]EDm — Analyt;:m —
kQ) | (PF) | (ps) | kp | Iy (,LLW)y kp hy (W) ‘ % %rror
1 1 400 | 4 | 90 315.3 4 | 88.9 | 335.2 6.3
1 1 500 | 3 | 59 267.8 4 | 54.6 | 283.0 5.7
2 2 800 | 8 | 90 624.5 9 | 8.1 | 669.7 7.2
2 2 900 | 7 | 69 558.5 8 | 67.1 | 602.8 7.9
2 2 1000 | 7 | 56.5 | 528.3 7 | 56.7 | 565.8 7.1
3 1 700 | 7 | 47.5 | 300.6 7 | 49.7 | 331.1 10.1
3 1 800 | 7 | 36 274.9 7 | 36.6 | 296.2 7.7
3 1 900 | 6 | 30.5 | 260.7 6 | 30.6 | 277.5 6.4
2 3 1000 | 9 | 112 | 935.2 | 10| 102.2 | 982.3 5.0
2 3 1200 | 9 | 71.5 | 801.6 9 | 71.1 | 8574 7.0
2 3 1400 | 9 | 55 753.7 8 | 55.9 | 799.2 6.0

for a specific interconnect. As compared with the power dissipation in a delay-optimal
circuit, significant power savings is achieved by adopting a power-optimal circuit with
delay constraints. For a power-optimal circuit, all of the three power components
decrease with increasing delay targets. Note that for a delay-optimal circuit, the
short-circuit power is slightly less than the dynamic power of the repeaters. For a
power-optimal circuit with delay constraints, the short-circuit power, however, can
be greater than the dynamic power of the repeaters. The short-circuit power grows
in significance with increasing delay targets as compared with other power compo-
nents. The leakage power is less than a quarter of the repeater dynamic power for

the examples listed in Table 6.3.
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Table 6.3: Different power components dissipated in the repeaters. f = 1GHz.

Delay-optimal Power-optimal

B | Ci | Treg |5 P P | P P P,

(kQ) (pF) (pS) d_rep s l d_rep s l
(W) | (W) | (eW) | (W) | (#W) | (W)

1 1 400 | 182.2 | 171.7 | 45.7 | 56.0 | 73.8 | 13.6
1 1 500 | 182.2 | 171.7 | 45.7 | 34.4 | 50.8 8.4
2 2 800 | 364.3 | 343.3 | 91.3 | 111.9 | 147.5 | 27.2
2 2 900 | 364.3 | 343.3 | 91.3 | 84.5 | 117.2 | 20.6
2 2 1000 | 364.3 | 343.3 | 91.3 | 62.5 | 108.8 | 15.2
3 1 700 | 175.3 | 172.9 | 439 | 54.7 | 714 | 13.2
3 1 800 | 175.3 | 172.9 | 43.9 | 40.3 | 56.1 9.8
3 1 900 | 175.3 | 172.9 | 439 | 28.9 | 52.2 7.0
2 3 1000 | 520.6 | 519.6 | 130.5 | 160.9 | 208.0 | 39.1
2 3 1200 | 520.6 | 519.6 | 130.5 | 100.8 | 163.1 | 24.5
2 3 1400 | 520.6 | 519.6 | 130.5 | 70.4 | 145.5 | 17.1

The effect of switching factor o on the solution of the power-optimal design is
illustrated in Fig. 6.7. The curve is step like since the corresponding £, is an integer.
As shown in Fig. 6.7, under a delay constraint, h, decreases with increasing a. At

the limiting case, as, = 0, only leakage power exists, and the optimal repeater size is

As shown in Fig. 6.6, the short-circuit power at the edge of the design space in-
creases with increasing repeater size, while dynamic power and leakage power decrease
with increasing repeater size around the power optimal solution. A larger repeater
size with fewer number of repeaters is, therefore, preferable for dynamic and leakage

power dominant cases, and a smaller repeater size with a greater number of repeaters
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Figure 6.7: The effect of o, on the optimal repeater size h,. R = 0.31Q/um, C =
0.223fF/pm, | = 10 mm, f = 1GHz, and T,., = 1l ns.

is preferable for short-circuit power dominant cases. For circuits with low power sup-
plies, the threshold voltage is normally reduced to maintain performance. The leakage
power, therefore, is a more dominant component of the total power consumption. In

this case, the optimal repeater size h,, is closer to hy.

6.2.4 Power Dissipation with Bandwidth Constraints

The bandwidth of an interconnect is assumed in this chapter to be limited solely
by the output signal transition time. Faster signal transition times support a shorter
signal bit period, therefore, a higher bandwidth. For a bandwidth constraint B,.,,

the signal transition time is assumed to be less than or equal to half the bit period,
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i.e., t, < 1/2B,¢,. The design space for different bandwidth constraints is shown in

Fig. 6.8. The design space is the area in the upper-right side of the curve.
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Figure 6.8: Repeater design space with bandwidth constraints. R = 0.31Q/um,

C' = 0.223fF/pm, and [ = 10 mm.

An expression for the design space edge is

From (6.29), k can be solved as a function of h,

k(h)

. \/T22 — 4-47—1th1‘, + 7

—27'1

Y

(6.29)

(6.30)
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where

1

ﬁ;:275Rme——2BmJ (6.31)
R,C

5 = 2.75( 2t+R£@m. (6.32)

In order for k to be a positive real number, 7y should be negative. An upper limit,

therefore, is placed on the bandwidth by the process technology,

1

Bre S - >
= 55RO,

(6.33)

Similar to the delay-constraint case, the minimum power with a bandwidth con-
straint can only be reached at the edge of the design space. Ps in (6.19) can be

rewritten as

. 4ast§0t$Vddkh
0.75VasuG(Co + &) + 2H Lyt

s

(6.34)

For a fixed t,., P, increases monotonically with increasing kh. This relationship is also
valid for P, and P,. At the edge of the design space, t, = 1/2B,.,; therefore, kh can

be obtained from (6.30),

Lh — \/(TQh)2 — 4.4T1thth2 -+ Tgh. (635)

—27'1
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From (6.35), kh increases monotonically with & (note that 7, is negative). The to-
tal power at the edge of the design space, therefore, increases monotonically with
increasing h, as shown in Fig. 6.9(a). The minimum power satisfying the band-
width constraint can be achieved with minimum sized repeaters. For minimum sized
repeaters, the corresponding £ and total delay, however, are unpractically large as
shown in Figs. 6.8 and 6.9(b). In order to produce an effective repeater system, delay

and area constraints should also be considered.

6.2.5 Power Dissipation with both Delay and Bandwidth Con-
straints

The design space under both delay and bandwidth constraints is the intersection
of the design spaces described in Sections 6.2.3 and 6.2.4, as shown in Fig. 6.10(a).
The minimum power is also achieved at the edge of the design space. As described in
Section 6.2.3, the minimum power satisfying the delay constraint occurs at (h,, k).
If these design parameters satisfy the bandwidth requirement, (h,, k,) is the optimal
design point for minimizing power while satisfying both the delay and bandwidth
constraints. If (h,, k,) can not satisfy the bandwidth requirement, the minimum
power occurs at the left intersection of the two design space edges, as shown in
Figs. 6.10(a) and 6.10(b). The coordinates of the intersection are obtained by solving

(6.21) and (6.29). If no intersection exists between the two design spaces, the two
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constraints cannot be simultaneously satisfied, and one or both of the constraints
have to be released. Other constraints, such as the number and size of the repeaters,

can be handled similarly.

6.3 Effects of Inductance on the Repeater Insertion

Methodology

For wide global interconnects, the inductance is not negligible and has to be
considered in repeater design methodologies. In Section 6.3.1, a timing model of
an RLC interconnect is reviewed. In Section 6.3.2, the effects of inductance on the
repeater design space are analyzed. The minimum power consumption while satisfying

delay and bandwidth constraints is described in Section 6.3.3.

6.3.1 Timing Model of RLC Interconnects

In [59], a variable ( is introduced to characterize the effects of inductance. By

including the repeater output capacitance, ( becomes

: (6.36)

(R0 RrCr(1+g) + Or + Rr + 0.5
Ve

T2k VvV1+Cr

where Ry = kRy0/(hRl) and Cr = hkCyy/(Cl). The corresponding ¢ with R4y and

R, is denoted as (4 and (., respectively. The delay model of an RLC' interconnect is
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Figure 6.10: The design space and power dissipation at the edge of the design space
with both delay and bandwidth constraints.
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an extension of the result from [59] where the repeater output capacitance and input
slew effects are included. The delay of a single stage interconnect for a step input can

be obtained by curve fitting,

e™2367 4 1.48(,

Wn

tds -

(6.37)

where w, = k/\/LI(Cl+ Cyphk). The coefficients in (6.37) are slightly different
from those in [59] due to the effects of the repeater output capacitance. In [153], an
accurate estimate of the rise time in an RLC' interconnect is also obtained by curve
fitting. The expressions, however, are analytically complicated. In this chapter, a
simplified piecewise approximation of the rise time is used,

4.4¢ — 1.8

_ too% — t10% _ 0.8w,,
0.8

¢ > 0.41,

t (6.38)

0 otherwise.

When ¢, < 0.5, the interconnect is highly inductance dominant, and (6.38) can in-
troduce a large error. In Fig. 6.11, (. is plotted for different repeater sizes and
interconnect lengths. The driver size is normalized to the size of a minimum inverter.
The size of the load gate is the same as the driver. W,,;, is the minimum wire width
specified in the ITRS [7]. The space between adjacent interconnects is assumed equal

to the interconnect width. As shown in Fig. 6.11, inductance effects become more
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significant with larger drivers. Note that for a fixed driver size, a minimum ¢, can be
achieved in this example when the interconnect length is approximately 1 mm. When
the wire length is too short or too long, the interconnect is dominated either by the
repeater resistance or the wire resistance, respectively. In Fig. 6.12, the inductance
per unit length is plotted as a function of the space between the signal line and the
current return path. The wire thickness is 0.4 um. Three wire widths are examined,
0.36 um, 1.8 um, and 9 um. The width of the reference line for the current return
path is assumed to be the same as the signal line width. The inductance values are
obtained with FastHenry [44] for a wire length of 10 mm. As shown in Fig. 6.12, the
interconnect inductance increases slowly with increasing space between the signal line
and the current return path. With the same line space, wider wires exhibit smaller
inductance. When the return paths are within 10 um, the inductance ranges from

0.5 pH/pum to 1.5 pH/pm.

6.3.2 Effects of Inductance on the Repeater Design Space

By including interconnect inductance, both the delay and signal transition time
of an interconnect are affected. The repeater design space satisfying delay or band-
width constraints is also changed, which is described in the following two subsections,

respectively.
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a) Bandwidth constraints

The signal transition time at the far end of an RLC' interconnect decreases with in-
creasing inductance effects [146]. The inductance, therefore, increases the bandwidth
of an interconnect. The repeater design space satisfying a bandwidth constraint is
plotted in Fig. 6.13 for different values of inductance. With increasing inductance, the
number and size of the repeaters can be reduced while maintaining the same signal

transition time.

20
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N b~ O
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Repeater size, h

Figure 6.13: Effects of inductance on the repeater design space satisfying bandwidth
constraints. By, = 2Gb/s, | = 10mm, and W = 10W,;,.
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b) Delay constraints

The delay of an interconnect with repeaters can be affected by inductance in
three ways. First, the propagation delay along the interconnect can increase with
increasing inductance [136]. Second, the inductance reduces the signal transition
time, decreasing the gate delay due to the input slew effect. Third, due to the
inductive shielding effect (described by El-Moursy and Friedman in [136]), both the
effective capacitance seen by the driver and the equivalent output resistance of the
driver are reduced. The gate delay is, therefore, further reduced. (Since the delay
model used in this chapter is based on curve fitting, and a constant driver resistance
is assumed, the third inductance effect is not considered in this model.)

As presented above, the interconnect inductance has competing effects on the total
delay. The total delay of an interconnect with repeaters is plotted in Fig. 6.14. As
shown in Fig. 6.14, with increasing line inductance, the total delay decreases until a
minimum delay is achieved. The analytic model overestimates the inductance effects
when the inductance is low; however, the trend of the inductance effect is captured.
In Fig. 6.15, the repeater design space satisfying a delay constraint is plotted for
different values of inductance. Only the portion of the design space with fewer and
smaller repeaters is of interest. As shown in Fig. 6.15, the design space first expands
and then shrinks with increasing inductance. Larger inductance does not necessarily

result in smaller repeaters. When the inductance changes from 2 pH/um to 4 pH/pm,



180

the number and/or size of the repeaters need to be increased to satisfy the same delay

constraint.
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Figure 6.14: FEffects of inductance on the interconnect delay with repeaters. [ =
10mm, k£ =10, A = 100, and W = 10W ;..

6.3.3 Power Dissipation with Delay and Bandwidth Con-

straints

The inductance affects the minimum power with delay and bandwidth constraints
in two ways. First, the design space is changed as discussed in Section 6.3.2. Sec-
ond, the short-circuit power consumed by the repeaters may also be affected by the
inductance for a fixed interconnect configuration. As presented in Section 6.3.2, the

inductance can produce faster signal transition times, reducing the time during which
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Figure 6.15: Effects of inductance on repeater design space satisfying delay con-
straints. Ty., = 700 ps, [ = 10 mm, and W = 10W,,;,.

the short-circuit current can flow [146]. The inductance also shields part of the far
end capacitance [136], resulting in a smaller effective load capacitance and increasing
the peak short-circuit current. The effective capacitance of an RLC' interconnect is
also determined with the method decribed in Chapter 4.

In Fig. 6.16, the short-circuit current of a repeater in an interconnect system is
illustrated for different inductance values. The short-circuit energy consumed in one
signal transition is depicted in Fig. 6.17.

When A = 100, the effect of the inductance on the transition time cancels the
inductive shielding effect on the load, making the short-circuit power less sensitive

to inductance. From this result, it can be seen that the common assumption that
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Figure 6.16: Effects of inductance on short-circuit current in repeaters. [ = 10 mm,
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Figure 6.17: Effects of inductance on the short-circuit power in repeaters. [ = 10 mm,
k=10, and W = 10W,,;,,.
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inductance can reduce short-circuit power is not always true. Actually, the short-
circuit energy increases slightly with increasing inductance until a maximum energy
is achieved. With larger repeater size, the effect of inductance on the transition
time increases and starts to dominate the inductive shielding effect on the load for
large inductances, decreasing the short-circuit power. For h = 150, the short-circuit
energy is almost constant when L < 2pH/um, however, both the period and peak
value of the short-circuit current vary over this range of inductance, as shown in
Fig. 6.16. When h = 200, the effect of inductance on the transition time dominates
the inductive shielding effect for any value of inductance and the short-circuit power
always decreases with increasing inductance.

As described in Section 6.2, the minimum power of an RC interconnect with
repeaters can be achieved at the edge of the design space. For practical RLC' inter-
connect structures, this behavior is also valid. Given a design space, the minimum
power can be solved numerically by applying the Lagrange method. In Fig. 6.18, the
minimum achievable power of an interconnect with inserted repeaters while satisfying
a delay constraint is plotted for different values of inductance. The clock frequency
is 1 GHz. As shown in Fig. 6.18, by including inductance, the minimum interconnect
power under a delay constraint is slightly reduced. This reduction is partially due to
the extension of the design space (for low values of inductance) and partially due to

the reduction in short-circuit power (for large values of inductance).
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a delay constraint. [ = 15mm, W = 10W,,;,,, and T}..; = 1ns.

As described in Section 6.2, the minimum power of an RC' interconnect with
bandwidth constraints can be achieved by using the minimum sized repeater in the
design space. This statement, however, is not correct for RLC' interconnect. The
optimal k for an RLC' line to achieve the minimum power is normally unpractically
large for samll values of inductance. In Fig. 6.19, the minimum achievable power
of an RLC' interconnect satisfying a bandwidth constraint is plotted for different
values of inductance. In this example, k is limited up to 10. As shown in Fig. 6.19,
the inductance reduces the minimum power under a bandwidth constraint. Note in
Figs. 6.18 and 6.19 that the analytic model overestimates the inductance effect for
small values of inductance. The error of the analytic method is less than 11% in

Fig. 6.18 and less than 4% in Fig. 6.19.
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Figure 6.19: Effects of inductance on the minimum interconnect power while satisfying
a bandwidth constraint. [ = 15mm, W = 10W,,;,, and B,., =2 Gb/s.

6.4 Conclusions

In this chapter, a repeater insertion design methodology is presented to achieve
the minimum power with delay and bandwidth constraints. Input slew effects are
considered in the delay model. The minimum power is achieved at the edge of the
design space. Closed form solutions for the minimum power in an RC' interconnect
are developed with delay constraints, where the average error of the model is 7%
as compared with SPICE simulations. Satisfying a bandwidth constraint, the mini-
mum power dissipated in an RC' interconnect can be achieved with minimum sized

repeaters. The effects of inductance on the repeater insertion methodology are also
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analyzed. It is shown that the effect of inductance on the interconnect delay (includ-
ing the delay of the repeaters) and on the short-circuit power is non-monotonic. The
overall effects of inductance reduce the minimum achievable power under a delay or

bandwidth constraint.
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Chapter 7

Predictions of CMOS Compatible
On-Chip Optical Interconnect

7.1 Introduction

In deep submicrometer VLSI technologies, multiple design criteria are considered
in the interconnect design process, such as delay, power, bandwidth, and noise. With
technology scaling, the device dimensions and clock period continuously decrease.
The delay uncertainty caused by process and environmental variations consumes a
significant part of the clock period, reducing both performance and yield. It has
become increasingly difficult for conventional copper based electrical interconnect to
satisfy these requirements. Omne promising candidate to solve this problem is the
optical interconnect.

Optical devices are widely used in the telecommunication area, and have been

applied as board level interconnects. The concept of on-chip optical interconnect
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was first introduced by Goodman in 1984 [154]. Since electrical/optical and opti-
cal /electrical conversion is required, optical interconnect is particularly attractive for
global interconnects, such as data buses and clock distribution networks, where the
required signal conversions can be more easily justified. Recently, several comparisons
between on-chip electrical and optical interconnects have been described in [155, 156].
In these papers, the inductive effects of electrical interconnect are ignored, and highly
approximate parameters characterizing the optical devices are assumed. The suc-
cessful realization of on-chip optical interconnect, however, greatly depends upon
the development of enhanced CMOS compatible optical devices. Without a reason-
able prediction of trends in optical device development, the conclusions presented
in [155, 156] are less definitive. Furthermore, delay uncertainty is not addressed in
these papers.

Based on a reasonable prediction of optical device development, a more com-
prehensive comparison between optical and electrical interconnects is performed in
this chapter for different technology nodes, considering the design criteria of delay
uncertainty, latency, power dissipation, and bandwidth density. This comparison
is particularly challenging since optical interconnect is a fast developing technology
while electrical interconnect is relatively mature. The rest of this chapter is organized

as follows. In Section 7.2, a delay-optimal design of RLC' interconnect is presented.
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In Section 7.3, an on-chip optical data path is introduced. Predictions of the perfor-
mance characteristics of next generation optical devices are made based on current
technology trends. In Section 7.4, electrical and optical interconnects are evaluated
for different design criteria. Potential challenges in the development of on-chip optical

interconnect are discussed in Section 7.5. Some conclusions are offered in Section 7.6.

7.2 Electrical Interconnect

Repeaters are widely used in global interconnects to reduce interconnect delay,
transition times, and crosstalk noise. In Subsection 7.2.1, an RLC interconnect with
optimal repeaters to achieve the minimum delay is determined for different technology

nodes [7]. A model of delay uncertainty is discussed in Subsection 7.2.2.

7.2.1 Delay Optimal Design

A distributed RLC' interconnect with evenly inserted repeaters is evaluated in this
section, as shown in Fig. 7.1. The capacitance and resistance per unit length of the
interconnect can be obtained directly from the physical geometry, where the space
between adjacent interconnects is assumed to be equal to the minimum interconnect
width. The interconnect inductance, however, depends upon the distribution of the
current return paths, which are difficult to estimate before the physical design of the

circuit is completed. The sensitivity of a signal waveform to errors in the on-chip
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Figure 7.1: Repeater insertion in an RLC' interconnect.

inductance, however, is low, and the magnitude of the on-chip inductance is a slowly
varying function of the wire geometry [157]. Based on these two characteristics, a
fixed value of 0.5 pH/um [157] is assumed for all of the technology nodes.

In this analysis, repeaters are implemented as CMOS inverters, and the PMOS
transistor is assumed to be twice as large as the NMOS transistor in the inverters.
The repeater output capacitance is assumed to be approximately the same as the
input gate capacitance [158]. The sensitivity of the timing model to this assump-
tion is relatively low. The delay model used here is the same model as described in
Section 6.3.1. The optimal number and size of repeaters along an RLC' interconnect
can be determined to achieve the minimum delay [59]. This minimum delay can be
further decreased by increasing the wire width [159]. Three degrees of freedom are,
therefore, explored in electrical interconnect design: the wire width, and the num-
ber and size of the repeaters. Various combinations are examined to determine a
delay optimal interconnect design. The minimum delay per unit length for different
wire widths is illustrated in Fig. 7.2. The interconnect widths are normalized to the
minimum wire width W,,;, as predicted in the ITRS [7]. The achievable minimum

delay of an RC' interconnect at the 90 nm technology node is also plotted in Fig. 7.2
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Figure 7.2: Minimum delay per unit length as a function of interconnect width.

to illustrate the effect of inductance on the delay. As shown in Fig. 7.2, at smaller
interconnect widths (Wi, to 4W,.:,), the interconnect is dominated by the intercon-
nect resistance, making the effect of inductance negligible. For wider interconnects,
the effect of inductance on the delay can be significant. It can also be seen from the
figure that scaling has only a small effect on the delay of interconnects with repeaters,
consistent with the conclusions from [20]. The decrease in delay with increasing wire
width slows when the wire width exceeds 3W,,;,. The minimum achievable delay per
unit length is approximately in the range of 20 ps to 22 ps/mm for all technology
nodes of interest. Further increasing the wire width greater than 7W,,;, only pro-
duces small delay differences; the optimal wire width, therefore, is chosen as Wi,

for each technology node.
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7.2.2 Delay Uncertainty Model

Once the delay optimal design is determined, the delay uncertainty caused by
process and environmental variations is analyzed through the Monte Carlo method.
Since the signal delay is directly related to the power and ground voltage levels, a
specific model [160] is used to analyze the effect of power/ground noise on the delay.
In this chapter, the 50% delay is based on the effective power/ground voltage levels
(rather than the ideal power/ground), which corresponds to the second delay defini-
tion among the four types of buffer delays described in [160]. The delay uncertainty
caused by power/ground noise consists of two components, one component ¢4 is due
to the differential mode noise (i.e., AVyy — AVy,), which affects the delay by changing
the effective driver resistance; the other component t.,,, is due to the common mode
noise (i.e., AVyy + AVyy), which affects the delay by changing the effective switching
threshold [160]. Changing the variable V4 in the delay expressions as described in
Chapter 5 only addresses the differential mode noise, the effect of the common mode

noise, however, needs to be considered explicitly as described in [160],

at,
2(1 + @) Vad_ideal

(AVyq + AVy), (7.1)

teom = —

where « is the velocity saturation index of a MOS transistor [150].
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7.3 On-Chip Optical Data Path

Introducing optical interconnects into VLSI architectures requires compatibility
with CMOS technology. This requirement significantly limits the choice of materials
and processes available for fabricating optical components. One of the most significant
issues in optical interconnect is the absence of an efficient silicon-based laser that can
be monolithically integrated. Only configurations that utilize an external laser as a
light source are considered. This type of architecture, however, suffers from increased
optical losses due to the coupling of light from the laser to the input waveguide.

A diagram of an optical interconnect system is shown in Fig. 7.3. The system
consists of four primary optical elements: an off-chip laser, an optical modulator, a
waveguide, and an optical detector. Because the optical modulator and detector in
each data path operate at the same wavelength, there is an inherent conflict in the re-
quirements of the optical material. In contrast to a modulator, which requires negligi-
ble optical loss, a detector relies on the absorption of light. Considering compatibility
with CMOS technology, a practical solution is a 1.5 um wavelength light source with
a silicon modulator and a SiGe or Ge photo-detector [161]. Unlike electrical devices,
optical devices are not readily scalable due to the light wavelength constraint [161].
The performance and integration ability of optical devices, however, can be further
improved by technological inventions and structural optimizations. Although various

device models exist for these optical elements, a specific design is selected to satisfy
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Figure 7.3: An on-chip optical interconnect data path.

the on-chip requirements. Based on this specific design, trends in the development of
optical transmitters, waveguides, and optical receivers are described, respectively, in

the following subsections.

7.3.1 Transmitters

A transmitter is composed of an electro-optical modulator and a driver circuit.
The design of a fast and cost efficient CMOS compatible electro-optical modulator
is one of the most challenging tasks on the path towards realizing on-chip optical
interconnects. In a modulator, conversion between electrical and optical signals is
performed in two steps. First, certain optical properties of the medium, e.g., the re-
fractive index or absorption coefficient, are changed by the electrical signals. Second,
the optical signals are modulated, either in amplitude or in phase, by varying the

optical properties.



195

Unstrained bulk crystalline silicon, unfortunately, does not exhibit a linear Pockels
effect, and refractive index changes due to the Kerr effect are very weak [162]. One of
the few suitable mechanisms for varying the refractive index in pure silicon is the free
carrier plasma dispersion effect [162]. There are primarily two electrical structures for
changing the carrier concentration in silicon devices. One technique is to inject and
extract carriers in the intrinsic region of a p-i-n diode. This structure is described
in [163]. With this approach, a substantial change in the carrier concentration can
be obtained over a large volume. The speed of this structure, however, is limited
by the carrier extraction process. To enhance the speed, a high voltage is needed to
extract carriers. An alternative electrical structure is a MOS capacitor. The change
in the carrier concentration is achieved by redistribution rather than injection and
extraction of carriers, causing a higher modulation speed. The first MOS capacitor
based electro-optical modulator was demonstrated by Liu et al. [164] and operates
at frequencies up to ten gigahertz [165]. By design optimization and technology
improvements, such as thinning the gate oxide and using an epitaxial over-growth
technique, the bandwidth of the modulator is expected to increase to 30 GHz to 40
GHz by the year 2016.

Because the device structure used in [165] is a Mach-Zehnder interferometer, the
modulator has a large footprint (~ 10 mm long), resulting in an excessive capacitance;

hence, increasing the delay and power consumption of the driver circuits. Simulations
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Table 7.1: Predictive model of future silicon based electro-optical modulators.

Electrical structure
p-i-n diode MOS capacitor
Reference [165]
Mach- High speed (up to 10 GHz)
Zehnder — CMOS compatible
Large size (10 mm)
Optical High power consumption
Structure Reference [163] Predictive closed-form model [167]
High speed
Resonator| CMOS compatible CMOS compatible
Small size (38 pm) Small size
Low power consumption|Low power consumption

and early experiments performed by Barrios et al. [166] show that an optical resonator-
based structure can drastically decrease the modulator size down to 10 pm to 30 pum
while maintaining the same operating principle and speed. Further reductions in the
modulator size are possible by using photonic bandgap structures.

In this chapter, a predictive modulator model is used that combines the advantages
of the structures used in [163] and [165], as listed in Table 7.1. The performance of a
modulator significantly depends on the dimensions and related physical parameters.
For example, an increase in extinction coefficient can degrade the modulator band-
width. To optimize the performance of a modulator, a comprehensive closed-form
model [167] is used to choose a proper tradeoff among all of the physical parameters

characterizing a MOS modulator.
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A series of tapered inverters [168] is used to drive the modulator. If the inverter
output capacitance is equal to the input gate capacitance, the optimal size ratio
between two neighboring inverters is 3.6 [169]. A minimum sized inverter is used as
the first stage. The number of stages can be obtained as N = log g—;‘; /log 3.6, where

C'y is the modulator capacitance. The delay model of each stage is described in [150].

7.3.2 Waveguides

The performance of optical waveguides is primarily limited by the wavelength of
the utilized light and the choice of optical material. Given the operating wavelength
of on-chip optical interconnect, there are primarily two candidates for the waveguide
material [170]. For applications requiring dense and short waveguide arrays, a silicon-
on-insulator (SOI) structure is more beneficial due to the smaller waveguide pitch.
For longer paths, optimized for signal propagation delays and smaller losses [171], low-
loss polymer waveguides are better suited [172]. Although polymer waveguides require
more area than SOI waveguides, polymer waveguides are fabricated on an additional
layer and therefore do not consume on-chip silicon resources. In this chapter, a
low-refractive index strip polymer waveguide is assumed with a core cross section of
1.5 pmx1.5 um. The core index and cladding index are 1.6 and 1.1, respectively. The

mode effective index of this waveguide is 1.48 for a wavelength of 1.5 yum.
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7.3.3 Receivers

The receiver has two components: a photo-detector that converts light into current
followed by an amplifier that converts the analog current signal into a digital voltage

signal. A simplified equivalent circuit model is shown in Fig. 7.4.

‘/bias retTTTTT T 1
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|
]bias L e _:

Figure 7.4: Circuit model of an optical receiver.

In this chapter, interdigitated SiGe p-i-n or metal semiconductor metal (MSM)
detectors are considered due to the fast response and reasonable quantum efficiency
of these structures. The signal rise time (response time) of the detector can be
expressed as T}, = \/m, where T}, is the time required for the photo-generated
carriers to drift to the electrical contact, and T is the RC' response time of the
detector [173]. The 3 dB bandwidth of a detector is A fg.. = 0.35/T,.. Based on a one
pole approximation, the delay of the photo-detector is related to the rise time as t 4. =
0.3157;.. In 2002, an interdigitated Ge p-i-n detector fabricated on a Si substrate with
a 3 dB bandwidth of 3.8 GHz was demonstrated [174]. Several other papers have been

published on SiGe detectors [175, 176]. These detectors exhibit similar performance
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levels. The bandwidth and delay of most of these detectors are limited by the carrier
transit time, which can be improved through device optimization.

Based on a model proposed by Averine et al. [173], the trend in the performance of
future detectors is projected. In Fig. 7.5, the MSM detector response time is plotted
as a function of electrode width for different detector sizes and compared with some
experimental results. Designs A and B are described in [173]. Designs C and D
are described in [177] and [175], respectively. The spacing between the electrodes
is assumed to be equal to the electrode width. As shown in Fig. 7.5, an optimal
electrode width exists that produces a minimum response time. When the electrode
is too narrow, the response time is dominated by Trc. When the electrode is too
wide, the response time is dominated by 7T5,.

In this chapter, the electrode width is assumed to be optimized for minimum re-
sponse time. The minimum response time of a detector decreases with decreasing
detector area. This response time is expected in the near future to drop significantly,
from tens of ps to a few ps. The reason for this decrease is that present detectors are
generally bulky, and a longer time is required for carriers to transit. Effort has been
placed on making smaller detectors. Once efficient coupling between the waveguides
and detectors is realized, the size of the detector can be significantly reduced, de-
creasing the response time. This trend, however, is expected to slow and eventually

saturate due to fundamental limitations in material properties [178].
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Figure 7.5: Detector response time versus electrode width. A (100 gmx100 gm),
B (50 pum x50 pm), C (20 pmx20 pm), and D (10 pmx 10 pm).

The photo-current /,;, from the photo-detector is amplified by a transimpedance
amplifier (TIA). The TIA consists of an inverter and a feedback resistor, implemented
as a PMOS transistor. Additional minimum sized inverters are used to amplify the
signal to a digital level. A current source [, is used to bias the input DC current
to zero. All of the inverters are assumed to be biased at Vyy/2. The size of the
inverter and feedback transistor in the TIA is determined by bandwidth and noise
constraints [158]. The bandwidth requirement of the receiver is assumed to be 0.7

times the bit rate, and the bit error rate (BER) is assumed to be 107° [158]. For the
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receiver circuits, the static power dominates and is

Prec - WTIA]dsatOVZid + (Ibiasv;hi + Iph‘/ln'as)/2 + Ninv]dsatovlim (72)

where I .40 1s the saturation drain current of a minimum sized inverter biased at
Vaa/2. Wrra is the size of the TTA normalized to a minimum sized inverter. Ny,
is the number of additional inverter stages determined by the output swing require-
ments [158]. The delay of the receiver amplifier ¢, is obtained by approximating
the circuit as a one pole system, tum, = 0.7/(27Af,e,), where Af,., is the band-
width requirement. The input optical power is assumed to be 200 pW [179] with a

responsivity of 0.32 A/W.

7.4 Comparison between Electrical and Optical

Interconnects

In this section, different criteria used in the design of the two interconnect systems
described in Sections 7.2 and 7.3 are compared. The interconnect length is 10 mm. In
Subsection 7.4.1, the delay uncertainty of the two kinds of interconnects is analyzed.
Delay uncertainty can significantly affect the actual circuit delay due to the pipeline
nature of synchronous systems, which is discussed in Subsection 7.4.2. The power

and bandwidth density are compared in Subsections 7.4.3 and 7.4.4, respectively.
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The critical length above which optical interconnect is beneficial is determined in

Subsection 7.4.5.

7.4.1 Delay Uncertainty

Delay uncertainty is caused by process and environmental variations. Variations in
the environment include power/ground noise, temperature fluctuations, and crosstalk
coupling. In this chapter, all of the variations are assumed to be random with a normal
distribution and independent unless explicitly indicated.

Process variations include both die-to-die and within-die variations. Temperature
variations also exhibit a similar behavior. The average on-chip temperature is differ-
ent from die to die due to the ambient environment and local circuit activity. Since
different on-chip blocks typically dissipate different amounts of power, the temper-
ature is also non-uniform within a die [180]. The within-die variations at different
locations are generally correlated according to the separation distances. Since the
focus of this chapter is on comparing electrical and optical global interconnects which
cross different regions of an IC, within-die spatial correlation effects need to be con-
sidered. The spatial correlation coefficient is modeled as [181]

1—XLL(1—/)B) ZESXL,

paor(x) = (73)
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where x is the separation distance between the variations, pg is the correlation coef-
ficient of the die-to-die variations, and X, is related to the gradient of the systematic
within-die variations. In this chapter, pp is assumed to be 0.5 for process and tem-
perature variations, which means the variations are caused equally by die-to-die and
within-die variations. X is assumed to be 10 mm for MOS device variations, tem-
perature variations, and power/ground noise, 2 mm for the interconnect height and
ILD thickness, and 5 mm for the interconnect width and spacing [182].

The process variations considered in the MOS transistors are: Legr, Top, Nen,
and Rsq. By using the analytic models of Vi, [183, 184], u [185], and I4s,: [186], the
variation of the transistor performance can be analyzed. A detailed discription of
MOS transistor modeling is provided in Appendix B.

For electrical interconnects, process variations occur in the following primary ge-
ometric parameters: wire width W, wire height H, space between wires in the same
level S, and thickness of the interlevel dielectric oxide T7;p. The variation in resis-
tance R is primarily determined by geometric parameters and the temperature of the

interconnect,

__pol
R_WH

1+ B(T - Ty)), (7.4)

where [ is the temperature coefficient of resistivity, and is 0.0036/°C at 20°C [29]. The
interconnect capacitance can be expressed as Cy,q + 2nC;, where Cy,q is the ground

capacitance and C. is the coupling capacitance to the neighboring wires. C,,,q and C.
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can be determined from the closed-form expressions provided in [37]. The switching
factor 7 is used to model the Miller effect due to switching activities on neighbor-
ing wires [68]. Although the switching patterns are discrete, the signal skews and
transition times are continuous and also significantly affect the switching factor. Fur-
thermore, by staggering the repeaters [92], the coupling effect inside a bus structure
can be significantly reduced. Based on these considerations, 7 is assumed to exhibit
a continuous normal distribution with 30 = 1 rather than a discrete distribution,
where o is the standard deviation. Since the sensitivity of the inductance L on the
wire geometry is low [187], the effect of process variations on the inductance is ig-
nored. The variation of L is primarily due to neighboring coupling effects, which
change the current return paths. In [69], it is shown that, for multiple interconnect

systems, the effective wire inductance can be described as

L = Ly + ZfiMi, (7.5)

where Lge¢ is the self partial inductance and M; is the mutual partial inductance
between wire ¢ and the wire of interest. &; is a coefficient which depends upon the
signal switching patterns and wire capacitances [69]. To simply the problem, the
inductance is modeled in this chapter as L = Lo(1 + &), where Ly is the typical
inductance value 0.5 pH/um [157] and & is used to model the coupling effect on the

effective inductance.
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The interconnect is decomposed into a number of segments by repeaters. In
each segment, process, temperature, and power/ground variations are assumed to be
uniformly distributed, i.e., the p.,. inside a segment is 1. The p.,. between different
segments is determined by (7.3). n and £, however, are assumed to be uniform along
the total length of the interconnect, since in a bus structure wires often experience
the same neighboring coupling environment over the total length of the line.

Those parameters considered to vary and the corresponding 30 values are listed
in Table 7.2, which are extracted from [7, 188, 189]. Among these parameters, three
kinds of correlations are considered. First, power and ground are inversely correlated
with a correlation coefficient of —0.5, since the load current generally causes oppo-
site voltage variations on the power and ground due to the parasitic impedance of
power/ground networks. The 3o value of Vg and Vi, is 5.8% of the nominal Vg
such that Vg — Vi, has a 30 value of 10%. Second, assuming a fixed wire pitch, the
interconnect width and space are inversely correlated with a coefficient of —1. This
behavior is also true for the electrode finger width W and space Sy in an interdigi-
tated photo-detector. H and T;.p are assumed to be correlated with a coefficient of
—0.5 [188]. Third, ¢ is assumed to be correlated to n with a correlation coefficient of
—0.3. This assumption is based on the observation that oppositely switching neigh-
bors result in a greater effective capacitance (i.e., a greater 1), and a smaller effective

inductance (i.e., a smaller &), since neighboring wires provide nearby current return
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Year 2004 2007 2010 2013 2016
Technology node 90 nm 65 nm 45 nm 32 nm 22 nm
L (nm) 37+10% | 25+10% | 18 +10% | 134+ 10% | 9+ 10%
MOS [T, (nm) 20+4% | 1.3£4% | 1.1+£4% | 1.0+4% | 09+4%
Trans. [Ny, (10%¥ecm=3)| 1.55 £5% | 2.74 £ 5% | 4.00 + 5% | 5.85 +5% | 10.0 + 5%
Req (Q-pm) [ 180 £10% | 162 £ 10% | 135 + 10% | 107 £ 10% | 79 &+ 10%
H (um) 0.431 & 15%]|0.319 & 15%|0.236 + 15%]0.168 + 15%|0.125 + 15%
Trrp (um) 0.431 £ 15%]|0.319 & 15%]|0.236 £ 15%]0.168 + 15%|0.125 + 15%
Electr. W (um) 1.44+3% [ 1.02+3% [ 0.72+3% | 0.49+3% | 0.35+3%
Int. [S (um) 0.205 & 20%]|0.145 & 20%|0.103 £ 20%] 0.07 + 20% [ 0.05 + 20%
n 1+1 1+1 1+1 1+1 1+1
¢ 0+0.5 0+0.5 0+0.5 0405 0+0.5
Winod(pm) 0.89 + 3% [0.89 £ 2.1%[0.89 + 1.5%[0.89 + 1.0%0.89 + 0.7%
Hpoa(im) 014+36% | 0.1£26% | 0.1 £20% | 0.1 +14% | 0.1+ 10%
OpticallNg (10Bem™3) | 74+5% | 74+5% | 74+5% | 74+5% | 7.4+5%
Mod. [N, (10®¥cm=3) | 54+5% | 544+5% | 54+5% | 54+5% | 5.4+5%
Towmoa (mm) | 1.01 £8% [ 1.01 £ 5% |[1.01 +4.3%[1.01 & 4.0%]1.01 £ 3.6%
Viias (V) 1.2+10% [12492% [1.2+83% [ 1.2+7.5% | 1.2+ 6.7%
Wave- |H gy (pm) 15+4% | 15+£3% | 1.5£2% | 1.5£2% | 1.5+1%
guide [Wyqy (pm) 1.543% | 1.5+2% | 1.5+1% | 1.5+1% | 1.5+1%
Detect W4 (1) 0.505 4 8% [0.105 =+ 28%]0.105 + 20%|0.095 + 15%|0.085 + 12%
St (um) 0.505 4 8% [0.105 =+ 28%]0.105 + 20%|0.095 + 15%|0.085 + 12%
Vaa (V) 1.24£0.07 [1.14+0.064| 1.0+ 0.058 [ 0.9 £ 0.052 | 0.8 + 0.046
Env.  [Vss (V) 0+0.07 | 0+£0.064 | 04+0.058 | 0£0.052 | 0+0.046
T (°C) 100£50 | 100£50 | 1004+50 | 100+50 | 100 £ 50

paths. Unlike the effective capacitance, which is only related to the immediate neigh-
bors, the effective inductance depends on the neighboring wires over a long distance,
making the correlation between n and ¢ fairly weak.

For an optical interconnect system, although the waveguide crosses a long dis-
tance, geometric variations are assumed to be uniform across the total length. This

assumption overestimates the delay uncertainty, since those independent components
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of variations in different parts of the waveguide can average out, producing a smaller
delay uncertainty. This overestimation, however, does not affect the conclusions of
this chapter, since delay uncertainty caused by the waveguide is small as compared
with other parts of the system. As described in Section 7.3.3, the receiver amplifier is
designed to satisfy the target bandwidth and noise constraints. The design margins of
bandwidth and noise are assigned such that target requirements can still be satisfied
with process and dynamic environmental variations. The design of the amplifier will
be more challenging in future technology nodes due to parameter variations. The
input optical power needs to be increased to produce an effective circuit. Although
parameter variations in different parts of an optical interconnect may be correlated,
the effects of these variations on the delay uncertainty are different due to the dif-
ferent operational mechanisms. In this chapter, the delay uncertainty generated at
different parts of the optical data path is assumed to be independent, resulting in the

following expression for the standard deviation of the total delay,

_ 2 2 2
Ooptical = \/adrv + O mod + 0-12mw + Odec + O-c2zmp : (76)

Based on these assumptions, the delay uncertainty of both the electrical and opti-
cal interconnect is analyzed. The delay distribution of a 10 mm electrical interconnect
at the 45 nm technology node is shown in Fig. 7.6. The delay uncertainty (defined

as from —30 to 30) is about one half of the nominal delay. The delay and 3o values
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Table 7.3: Delay (ps) and 30 value of a 10 mm optical data path.

Year 2004 2007 2010 2013 2016
Tech. node 90 nm 65 nm 45 nm 32 nm 22 nm
Mod. drv. [37.3 +20.9% | 26.5 £ 20.4% | 16.6 & 23.5% [ 10.3 £29.1% | 5.2 + 40.4%
Modulator [ 40.0 + 67.0% | 40.0 £ 51.0% | 40.0 & 41.0% [ 40.0 & 32.0% |40.0 + 27.0%
Waveguide | 49.3 £1.1% | 49.34+0.8% | 49.3+0.5% | 49.3+£0.2% [49.3 £0.1%
Detector | 2.5+5.6% | 1.1+£21.9% | 0.6+14.1% | 0.5+9.3% | 04+7.1%
Amplifier |34.0 £10.6% | 13.5 £23.8% | 8.7+ 17.6% | 5.7+ 15.8% [3.4£15.0%
Total [163.1 £ 17.3%][130.4 & 16.4%]|115.2 & 14.7%|105.8 & 12.5%|98.3 £ 11.2%

for different parts of a 10 mm optical data path are listed in Table 7.3. The delay of
the transmitter and receiver is determined as explained in Sections 7.3.1 and 7.3.3,
respectively. The signal delay in the waveguide is treated as a light propagation delay.
The delay uncertainty of the optical interconnect is dominated by the modulator, as
listed in Table 7.3. The dimensions of the modulator are not scaled; the manufacture
process, however, can be controlled more accurately with technology improvement,
reducing the delay uncertainty of the modulator. The total delay uncertainty of the
optical interconnect, therefore, is expected to be lower in future technology nodes.
The delay uncertainty of the electrical interconnect, in contrast, is expected to slowly
increase in future technology nodes due to the larger number of inserted repeaters. A
comparison of the standard deviation of the delay of electrical and optical interconnect

is shown in Fig. 7.7.
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Figure 7.6: Delay distribution of a 10 mm electrical interconnect at the 45 nm tech-

nology node.
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Figure 7.7: Comparison of standard deviation of delays of electrical and optical in-

terconnects.
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7.4.2 Delay

As shown in Fig 7.2, the minimum delay of electrical interconnect is about 20
ps to 22 ps/mm. This minimum delay, however, may not be achievable due to the
effect of delay uncertainty. A timing diagram of the data and clock waveforms is
shown in Fig. 7.8. In the figure, T, is the delay uncertainty, T, and Theq are
the minimum setup and hold requirements at the receiving register, respectively, and
Tyi¢ is the bit period which is the same as the clock period Ti;;. The clock signal is
assumed to be properly skewed in order for the data to be correctly latched. In this
chapter, the timing budget assigned to Tsetup and Theq is assumed to be 20% of the
clock period, i.e., the delay uncertainty cannot exceed 80% of the clock period. Note
that this 20% clock period timing budget also includes the delay uncertainty of the
register, clock jitter, and the rise time effect (i.e., the rise time of the data cannot be
excessively large such that the data waveform can maintain the correct value for a
certain period). If this requirement is not satisfied, additional pipeline registers are
inserted such that the timing requirements of each stage are satisfied. The delay of

the interconnect considering delay uncertainty is

,—Ttotal = m(Tmam + Tsetup + TC—Q); (77)
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where m is the number of register stages, Tc_¢ is the time required for the data to
leave the register after the clock signal arrives, and T},,,, is the maximum delay in a
stage and can be determined as the summation of the nominal stage delay and 3o of
the delay uncertainty of each stage. Tserup + To—¢ is also assumed to be 20% of the

clock period.

- Thit =
1T setup! Thold !

Data / / \

Figure 7.8: A timing diagram of data and clock waveforms.

Expression (7.7) can also be used to calculate the delay of the optical interconnect.
Since no register-like device can be inserted into an optical data path, the delay

uncertainty determines an upper bound on the channel bandwidth,

1 0.8
< —. 7.8
Tbit o Tun ( )

Boptical =

From Table 7.3, note that the clock frequency, as predicted in the ITRS [7], can be
achieved by optical interconnect for each technology node except the 22 nm node. For
the 22 nm node, the highest bandwidth determined by (7.8) is 36.3 Gbs. The actual

delay of the electrical and optical interconnect is compared in Table 7.4. The delay
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Table 7.4: Delay comparison between electrical and optical interconnects.

Year 2004 | 2007 | 2010 | 2013 | 2016
Technology node 90 nm | 65 nm | 45 nm | 32 nm | 22 nm
Delay (ps) 3119 | 313.2 | 291.3 | 312.0 | 317.8
Electrical | # of register stages 1 2 2 4 7
# of clock cycles 2 3 ) 7 12
Delay (ps) 2389 | 173.3 | 1454 | 127.7 | 114.8
Optical # of register stages 1 1 1 1 1
# of clock cycles 1 2 2 3 4

at the 22 nm node is determined with a clock frequency of 36.3 GHz. As listed in
Table 7.4, the actual delay of the electrical interconnect remains approximately fixed
for all of those technology nodes. The delay of the optical interconnect, however,
decreases with future technology nodes due to the increasing performance of the

electrical circuits in the modulator driver and the receiver amplifier.

7.4.3 Power

The power dissipated by the electrical interconnect includes dynamic power, short-
circuit power, and leakage power. The electrical interconnect power models used
in this analysis are the same as those models described in [17]. The power of the
registers can be estimated by scaling a typical master-slave D flip-flop and the result
is negligible as compared to other interconnect power components.

The power consumed by the optical interconnect is almost independent of the

interconnect length, since the length is sufficiently short such that the optical power
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Table 7.5: Power consumption (mW) in optical and electrical interconnects.

Year 2004 2007 2010 2013 2016
Technology node | 90 nm | 65 nm | 45 nm | 32 nm | 22 nm
Transmitter 0.9 1.9 3.4 5.9 11.2
Receiver 0.5 0.5 0.3 0.3 0.3
Total optical 1.4 2.4 3.7 6.2 11.5
Electrical 9.8 16.9 21.7 33.4 45.3

loss in the waveguide is negligible. In this chapter, only electrical power is evaluated
for the optical data path, as listed in Table 7.5. The power consumed by the trans-
mitter dominates the power of the receiver, which is in contrast to the assumption
made in [155]. The reason for this difference is that the modulator assumed in this
analysis is CMOS compatible. The size as well as the capacitance of the modulator is
large, requiring a large driver circuit. The power consumed by a 10 mm electrical in-
terconnect is also listed for comparison in Table 7.5. The power consumption of both
the electrical and optical interconnects increases due to the higher signal switching
frequencies and greater leakage current. Optical interconnect consumes less power

than electrical interconnect for all of the technology nodes.

7.4.4 Bandwidth Density

Bandwidth density is an effective criterion for evaluating the ability to transmit
data through a unit width. The maximum bit rate for a single interconnect is as-

sumed to be the clock rate (one bit is transmitted per clock period). As described in
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Section 7.4.2, the clock frequency at the 22 nm technology node is assumed to be 36.3
GHz. Another parameter related to the bandwidth density is the interconnect pitch.
As illustrated in Fig. 7.2, the optimal interconnect width is 7TW,,;,, corresponding to
a pitch of 8W,,,;,. For optical interconnects, the waveguide size should be larger than
the optical mode size. Based on this limitation, the waveguide pitch is assumed to be
4 pm, much larger than the pitch of the electrical interconnect. Single wavelength op-
tical interconnects, therefore, are not beneficial if high bandwidth density is desired.
The bandwidth of optical interconnect, however, can be significantly improved by
introducing wavelength division multiplexing (WDM) [190]. The bandwidth density

of different interconnects is compared in Fig. 7.9.

Technology node

10390 nm 65 nm 45 nm 32 nm 22 nm
—&— Electrical
— % — Optical

—O— Optical with WDM

Bandwidth density (Gbs/um)

2004 2007 2010 2013 2016
Year

Figure 7.9: Comparison of bandwidth density of electrical and optical interconnects.
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For optical interconnect with WDM, the channel number in a waveguide is as-

sumed to be one at the 90 nm technology node, and to increase by four for each new

technology node.

7.4.5 Discussion

The critical length beyond which optical interconnect overcomes electrical inter-
connect is plotted in Fig. 7.10 for different design criteria. The lengths are normalized
to the chip edge dimension. As shown in Fig. 7.10, the critical length is approximately

one tenth of the chip edge length at the 22 nm technology node.
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Figure 7.10: Normalized critical length beyond which optical interconnect is advan-
tageous over electrical interconnect.

A direct area comparison of on-chip optical and electrical interconnects might not

be legitimate due to the different chip layers used by the two systems. With the
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use of a polymer waveguide in optical interconnect, an entire new layer is required.
Electrical interconnects, however, are implemented on traditional metal layers. The
large optical transmitter and receiver are located at the two ends of the waveguide,
in contrast to electrical repeaters, which are distributed along the interconnect. Via
congestion issues, therefore, are avoided in optical interconnects.

As compared with [156], the results obtained in this analysis are optimistic for
optical interconnect. The reason for this optimism is the choice of device models in
this analysis. Rather than a nitride waveguide [156], a polymer waveguide is assumed,
increasing the light speed in the waveguide. Furthermore, a more aggressive WDM
scheme is applied here, four additional channels per technology node rather than one
additional channel per two technology nodes [156]. Another difference in this analysis
is that a CMOS-compatible modulator is assumed, which is shown to be one of the
most challenging elements in the optical data path. An additional advantage of optical

interconnect is the smaller crosstalk noise as compared with electrical interconnect.

7.5 Potential Challenges in Optical Interconnects

Although significant progress had been made towards the development of on-chip
optical interconnects over the past decade, there still remains a number of issues that
need to be solved [170]. The first problem is the large footprint and power consump-

tion of the optical components and driving circuits, particularly the modulator. This
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characteristic permits only a limited number of electrical connections that can be
replaced with optics. A solution to this problem can be found by using alternative
optical platforms, such as photonic bandgap structures [191] or ring resonators [163],
which result in more compact optical components. These enhancements come at the
price of stricter fabrication tolerances. A second problem is the generation of sufficient
optical power to maintain optical operation. Although a state-of-the-art detector re-
quires only 200 uW of optical power at the input [179], and passive optical loss during
the light propagation can be as low as 25%, the number of required detectors can ex-
ceed 100 to 1000, even for simple optical interconnect systems. For example, a 64-bit
optical interconnect system with 20 point-to-point optical connections requires 0.5
Watts of optical power at the IC input. Generation of this optical power requires
multiple off-chip lasers and optical couplers. Using optical interconnects in multiple
fan-out applications will further increase the input optical power requirement. Thus,
both efficient light sources and detectors are crucial for the development of future
on-chip optical interconnects. Finally, a set of integrated silicon-compatible WDM
components needs to be developed in order to fully exploit the inherent advantages

of optical interconnects.
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7.6 Conclusions

A prediction of the performance characteristics of future CMOS compatible optical
devices is described in this chapter. Based on this prediction, electrical and optical
on-chip interconnects are compared for various design criteria at different technology
nodes. Critical lengths beyond which optical interconnect becomes advantageous in
terms of delay, power, and bandwidth density/delay are presented. With technology
scaling, these lengths are well below expected die size dimensions. Delay uncertainty
of both the electrical and optical interconnects is shown to significantly affect the

actual signal delay.
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Chapter 8

Conclusions

Interconnect now dominates a number of design metrics. As a result of decades
of IC design experience, commonly used logic blocks have been highly optimized,
making the performance of advanced ICs primarily limited by the global block level
interconnects. The focus of the IC design process has therefore shifted from logic
optimization to interconnect optimization. Efficient design and modeling of on-chip
interconnect are necessary to support this new design perspective.

Various interconnect models have been presented over the last several decades. It
is well accepted that global interconnects need to be modeled as transmission lines
in GHz applications. In this dissertation, two accurate and efficient solutions for
simulating on-chip transmission lines are developed. The first solution is based on a
Fourier series analysis of a typical on-chip periodic signal. The far end response is
approximated by the summation of several sinusoids. The proposed solution is shown

to be an effective strategy which can be used in early circuit level design stages to
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estimate the temporal characteristics of periodic signals. Expressions for the 50%
delay and overshoots/undershoots have been developed and are shown to be within
11% of SPICE over a wide range of circuit parameters. The single line solution has
been applied to tree structures with linear computational complexity, which is shown
to be an effective analysis tool for periodic signals such as clock distribution networks.
Combined with the modal analysis based decoupling method, the proposed model is
also extended to coupled interconnect systems to analyze crosstalk noise.

The second solution is based on a direct pole extraction of the transfer function
of a transmission line. Closed-form step and ramp responses are obtained based on
these poles. Two pairs of poles can provide an accurate delay estimate, exhibiting
an average error of 1% as compared with Spectre simulations. For high frequency
related waveform properties, such as the rise time and overshoot, an average error of
less than 2% is obtained with ten pairs of poles. The computational complexity of
the proposed method is proportional to the number of pole pairs. By using a ladder
structure, frequency dependent effects can also be included in the method. Excellent
agreement is observed between the proposed model and Spectre simulations.

Interconnects not only dominate the overall circuit delay, but also significantly
affect power dissipation. The interconnect resistance and inductance shield part of
the load capacitance, resulting in a faster voltage transition at the output of the

driver. The short-circuit power dissipated in the driver is therefore larger. In order
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to capture the effect of impedance shielding on the short-circuit power, an effective
capacitance of a distributed RLC load is developed. This effective capacitance can
be used in look-up tables or in empirical k-factor expressions to estimate short-circuit
power as well as in analytic analysis to simplify interconnect load models.

In future high complexity circuits, the number of on-chip repeaters will reach mil-
lions. The size of a delay-optimal repeater is typically much larger than a minimum
sized repeater. These repeaters can consume a significant amount of power. Only a
small portion of the on-chip interconnects are in the critical paths, where minimum
delay is desired. For non-critical paths, a delay minimal repeater is not suitable and
a power-delay tradeoff is needed. Delay or bandwidth constraints on an interconnect
determine a design space in terms of the size and number of repeaters. The mini-
mum power can be achieved at the edge of the design space. Closed-form solutions
for the minimum power in an RC' interconnect with delay constraints are developed.
Satisfying a bandwidth constraint, the minimum power dissipated in an RC inter-
connect can be achieved with minimum sized repeaters. The effects of inductance on
the repeater insertion methodology are also analyzed. It is shown that inductance
reduces the minimum achievable power under a delay or bandwidth constraint. This
repeater insertion methodology provides guidelines for designing repeaters under a

strict power budget.
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As the requirement of different design criteria becomes more stringent, on-chip
optical interconnect has been considered as a promising candidate to replace global
electrical interconnect. Based on predictive analytic models of optical devices, includ-
ing a modulator, waveguide, and detector, an on-chip optical data path is analyzed.
Electrical and optical interconnects are compared at different technology nodes for
various design criteria, such as delay uncertainty, latency, power, and bandwidth
density. Critical lengths beyond which optical interconnect becomes advantageous in
terms of different metrics are presented. With technology scaling, these lengths are
well below expected die size dimensions. The delay uncertainty of both electrical and
optical interconnects is shown to significantly affect the actual signal delay.

Interconnect has become a primary bottleneck in high performance integrated
circuits. Both the accuracy and efficiency of interconnect modeling need to be im-
proved due to higher clock frequencies and more complicated interconnect topologies.
Interconnect design is no longer a single metric driven process and tradeoffs among

different design criteria need to be considered.
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Chapter 9

Future Research

As described in previous chapters, on-chip interconnect design is no longer a sin-
gle criterion process. Tradeoffs among performance, power, and reliability are re-
quired. Furthermore, new design challenges are emerging. Existing interconnect de-
sign methodologies and analysis tools need to be improved to meet these challenges.

Repeater insertion, as a commonly used interconnect design method, reduces the
delay, rise time, and crosstalk noise, but increases power dissipation and area. The
effects of repeater insertion on delay uncertainty also need to be analyzed. This fu-
ture research problem is described in Section 9.1. With on-chip signal frequencies
increasing, frequency dependent effects have become more important. A figure of
merit to characterize the importance of frequency dependent effects needs to be de-
termined and is discussed in Section 9.2. One possible application of on-chip optical
interconnect is the clock distribution network. A design methodology for optical clock

distribution networks is discussed in Section 9.3. The combination of 3-D and optical



224

techniques can significantly reduce the global interconnect delay, which is discussed

in Section 9.4. Finally, a summary is provided in Section 9.5.

9.1 Effect of Repeaters on Delay Uncertainty

As discussed in Chapter 7, the delay uncertainty in an interconnect with re-
peaters is due to several factors such as process variations, temperature variations,
power/ground noise, and coupling effects. Repeater insertion affects delay uncer-
tainty in two ways. First, process variations can change the transistor behavior in
the inserted repeaters, increasing the delay uncertainty. Second, by segmenting an
interconnect with repeaters, the statistical properties of the interconnect variations
also change. Interconnect variations include both random components and systematic
components. As the interconnect length increases, the random components experi-
ence greater averaging, reducing the effective variation [192]. In order to evaluate
the effect of repeaters on delay uncertainty, a more accurate model of interconnect
variation is needed.

As described in [193], delay uncertainty can be reduced by increasing the size of
the repeaters. The effect of the number of repeaters on delay uncertainty also needs to
be evaluated. Similar to the delay and bandwidth constraints, a constraint on delay
uncertainty also determines a design space for the application of repeaters in global

interconnects. By analyzing the effect of repeaters on delay uncertainty, this design



225

space can be explicitly described and combined with the design space determined by
other constraints (see Chapter 6) to optimize the interconnect, as shown in Fig. 9.1,

where the shaded area is the design space satisfying different design constraints.
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Figure 9.1: Design space for repeaters in global interconnect.

9.2 Figure of Merit to Characterize the Impor-

tance of Frequency Dependent Effects

As described in Section 2.3, both the resistance and inductance of an interconnect
are a function of frequency due to the skin effect, proximity effect, and multi-path

current re-distribution [30]. In order to capture these frequency dependent effects,
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more complicated circuit models are required, consuming greater computational re-
sources in the circuit design process. A figure of merit to characterize the importance
of frequency dependent effects, therefore, is critical to the IC design process.
Frequency dependent impedance effects on the on-chip signals are determined by
the magnitude of the changes in impedance over the frequency range of interest, as
shown in Fig. 9.2. At the device level, the relationship between the interconnect
impedance and the various physical dimensions needs to be quantified. In certain
cases, the impedance changes slowly with increasing frequency, making the frequency

dependent effect negligible over the frequency range of interest.

A

Freguency range of interest
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Impedance

Impedance
changes

\J

Frequency

Figure 9.2: Variations in impedance over the frequency range of interest.

At the circuit level, the frequency range of interest is determined by the input

signal and the transfer function (assuming a DC impedance). When the input signal
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frequency is low or the transfer function exhibits a low pass behavior (due to a small
driver, large load, or large interconnect attenuation), frequency dependent effects can

also be ignored.

9.3 Design Methodology for Optical Clock

Distribution Networks

A clock signal is used to provide a temporal reference for the movement of data
in synchronous digital circuits [14]. A low jitter, low power clock distribution net-
work is critical in modern synchronous ICs. As a potential application of on-chip
optical interconnect, optical clock distribution networks have been proposed and an-
alyzed [194, 195, 196, 142]. A diagram of an H-tree optical distribution network
is shown in Fig. 9.3. As shown in this figure, only the highest levels of the clock
distribution network are implemented by optical interconnects. The local clock net-
works are implemented by electrical interconnects. This topology is due to the lim-
itation placed on the input optical power, bending loss in the waveguides, and the
area and power overhead of the optical receivers. A design methodology is therefore
necessary to combine global optical interconnect with the local electrical interconnect
so as to produce an effective clock distribution network that achieves the objectives

of low power, small jitter, and low skew.
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Figure 9.3: Optical-electrical clock distribution network.

9.4 3-D Integration with Optical Interconnects

A primary performance bottleneck in advanced microprocessors is the global inter-
connect delay. The combination of 3-D technology and on-chip optical interconnect is
a novel design paradigm with great potential to overcome this problem. 3-D integra-
tion reduces the length of the global interconnects; while optical interconnect enables
a faster signal transmitting speed. A design methodology for optimizing the global in-
terconnect delay in a 3-D optical interconnected system is highly desirable. Relevant

issues are circuit layer partitioning, vertical via placement, and optical waveguide
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routing. A 3-D data path composed of both electrical and optical devices also needs

to be properly modeled and analyzed.

9.5 Summary

Several research topics have been described in this chapter to improve existing
methodologies for designing conventional electrical interconnects and exploring design
issues in optical interconnects. With the scaling of CMOS technology, the on-chip
interconnect will continue to be a dominant factor growing in importance. Significant
research is necessary to satisfy increasingly challenging interconnect-related design

requirements.
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Appendix A

Minimizing P, with a Delay
Constraint for RC' Interconnects

As described in Subsection 6.2.3, the total power P, in an RC' interconnect

with repeaters is

Ptotal:Pd+Ps+Pl- (Al)

The minimum Py with delay constraints can be obtained by solving d Pye;/dh = 0.
As shown in Fig. 6.6(b), the curve of P;+ P, around the power-optimal point is
approximated as a part of an ellipse,

(h — ho)? (Pd+Pl—P0)2:1

(h1 — hq)? (P, — Py)? ) (A.2)

where h; is the minimum repeater size that can satisfy a target delay constraint, which
can be obtained by inserting k; = ko into (6.21). hg is the optimal repeater size for

minimizing P;+ P, (the corresponding optimal repeater number is k). Py and P, are
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the corresponding values of P; + P, at (ho, ko) and (hq, k1), respectively. Since both
P; and P, linearly depend on kh, the problem of minimizing P;+ P, can be formulated
as: minimizing function X (h, k) = kh subject to the constraint Tipia(h, k) < Theq. As
described in Subsection 6.2.3, the minimum P,;+ P, can only be achieved at the edge
of the design space. The constraint Tisq; < Treq, therefore, can be further simplified
as

T;fotal(hy k) - Treq =0. <A3)

From the Lagrange method [197], the solution should satisfy the following two

equations,

a_X 8(T‘total - Treq)

agR()C
TR o =k+ A <a21~ztcgo - t) 0, (A.4)
X  O(Tiotar — The e
S ( “ék q):h+)\(a2RoCo— 1/5; t)zo, (A.5)

where A is called the Lagrange multiplier. Similar to the approach in [144], eliminating

A from (A.4) and (A.5) results in

(A.6)

From the constraint expression (6.21), it can be observed that both sides of (A.6) are
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equal to T}q/2,

a2 RO Ct T’/‘eq

k - A.

CLQR()C() + h 9 ) ( 7)
RC, T

az R Cyoh + 2 S (A.8)

Solving the above two expressions, ko and hy can be obtained, as presented in (6.23)

and (6.24), respectively. From (A.2), P;+ P, can be determined as

(Po — P1)y/(hy — ho)? — (h — h0)2‘

P+ P =P A9
at+ I 1+ ho — Iy (A.9)
kh achieves the minimum value at hg, therefore,
d(kh)
— =0. A.10
dh  lhe ( )
By utilizing this result, the derivative xy = ‘if;s can be obtained as shown in (6.27).
ho

The short-circuit power around the power-optimal point is approximated as

P, = Py(ho) + wo(h — ho). (A.11)
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From (A.9) and (A.11), the derivative of Py, can be determined as

dPtotal . . (h - hO)(PO - Pl)
dh T (he— b)) = ho = (h o)

(A.12)

Setting (A.12) to zero, the optimal repeater size h, for minimizing P, can be
obtained as described in (6.26).
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Appendix B
Modeling of MOSFET Transistors

Since the invention of the first MOSFET transistor, various models have been
developed to characterize the I-V behavior of a MOS transistor, from the long chan-
nel Shockley model [198] to the complicated Berkeley Short-Channel IGFET Model
(BSIM) [199] series models which require hundreds of parameters. Although the
BSIM models are highly accurate, the computational complexity of these models are
significant and an expensive parameter extraction procedure is required. In [150]
and [200], Sakurai presented an « power law model and an n — th power law model,
respectively. These two models have been widely used in analytic timing and power
analysis due to the high efficiency and reasonable accuracy. In these two models,
the I-V characteristics are determined empirically, therefore less physical insight is
provided. In order to predict the circuit performance of future technologies and study
the effects of process variations, a physical MOSFET model is required to capture

short channel effects with fewer fitting parameters. An NMOS transistor is used as
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an example in this appendix. The rest of this appendix is organized as follows. In
Section B.1 and B.2, the models of the two critical electrical parameters of a MOS
transistor, threshold voltage and mobility, are described, respectively. The effects of
process variations and environmental variations on these two parameters are analyzed.
In Section B.3, the current-voltage characteristic of a MOS transistor is described.

The transconductance and output resistance are modeled in Section B.4.

B.1 Threshold voltage

By solving a quasi two-dimensional Poisson’s equation in the depletion region,
the threshold voltage of a deep submicrometer MOSFET with zero body bias can be

represented as [183, 201, 184]

Vin = Vino — AVip, (B.1)

where Vo is the long channel threshold voltage and AVy, is the threshold voltage

roll-off due to short-channel effects and drain induced barrier lowering (DIBL). Vi



Table B.1: Parameters used in the model of the threshold voltage.

Symbol ‘ Description

Vip

Flat band voltage

Nsub

Uniform substrate doping concentration

X dep

Depletion layer thickness

o

Fermi potential of substrate

CO.Z‘

Gate capacitance per unit area, €, /T,

TOJJ

Gate oxide thickness

QOCE

Equivalent interface charge

Q1

Threshold adjusting implanted impurities charge

Metal work function

Substrate Si work function

Thermal voltage, (kT')/q

Charge of an electron, 1.6 x 107 C

Boltzman constant, 1.38 x 1073 J/K

Intrinsic carrier concentration of Si

Permittivity of Si, 1.04 x 107! F/m

Permittivity of SiOs, 3.45 x 1071 F/m

is determined as

NSU X@
Vino :VFB+2¢f+qCM,
OCC+
VFBZq)m—‘I)sz‘—QTHQI,
kT = Ny, Ny
¢p=—1In—2 — V;In =2
q n; n;

Esigbf
Xgep = 21 [ ———.
e qNsub

255

The description of individual parameters used in (B.2)—(B.5) are listed in Table B.1.
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For an n™ polysilicon gate with a p substrate, the flat band voltage can be rewrit-

ten as

OIL‘+ E OIIT+
VFB:_(bfpoly_Qéf_% @—Tg—w—wa (B-6)

where F, is the energy gap of Si and depends upon the temperature in the following
form [185],

E, = 1.206 — 2.73 x 10T (eV), for T > 250 K. (B.7)

Note that ®;_,,, and ¢, are both the absolute value of the Fermi potential. AV}, is

determined as [184]

a + bcosh
AVy, = 727 (B.8)
sinh” y
where
Vs
a = Vi — 205 + 2d (B.9)
Vs
b= Vy — 2 1+ —, B.10
(Vi = 20014 55 (B.10)
L
= — B.11

= M' (B.12)
EoxTl

[ is the characteristic length. 7, is a fitting parameter introduced to characterize
the variation of the lateral field in the depletion layer. Xg.,/n can be treated as an

average of the depletion layer thickness along the channel [183]. V}; is the built-in
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potential between the source/drain and substrate, and can be determined as

Nstsub
— ), (B.13)

7

VbiZthﬂ(

where N, is the the source/drain doping concentration.
There are several primary process or environmental factors which affect the thresh-
old voltage, such as L, T,,, Ngw, T, and Vy;. The effects of these parameters are

individually discussed in the following subsections.

B.1.1 Effect of L variation

The threshold voltage of a MOSFET transistor can be affected by the channel
length through the short-channel effect (SCE), as shown in (B.8). When the channel
length becomes shorter, the depletion region in the channel due to the gate overlaps
the depletion region due to the source/drain junctions [185]. The source and drain
further deplete the channel region, lowering V;,. This short-channel effect can also
be analyzed through a charge-sharing model [185], which is less accurate than the
2-D Poisson’s equation based model. For a uniformly doped channel, V};, decreases
monotonically with decreasing L. During the fabrication process, the doping along
the channel can be non-uniform in the lateral direction due to oxidation enhanced

diffusion or implant damage enhanced diffusion [202]. As a result, V;;, increases with
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decreasing L. This effect is called the reverse short-channel effect (RSCE). By in-
creasing the doping concentration in the channel near the source and drain junctions,
the Vj, roll-off can be reduced, since as L decreases, the effective channel doping con-
centration increases, producing a higher V;;. RSCE is not considered in this analysis
since RSCE strongly depends upon the concentration profile. The effect of L on Vy,
is described as

Vi OAVy S

= B.14
oL oL 20 sinh® v’ (B-14)

where

S = 2acosh~y + b(1 + cosh* 7). (B.15)

B.1.2 Effect of 7,, variation

T, affects Vi via C,, and affects AVy, via [. The sensitivity of V;, to T,, can be

obtained by solving the partial derivative of Vi,

8Wh _ 8‘/;}10 B aAV}h _ qNsubXdep — Qo:c — QI _ ’)/S (B 16)
aTox aTox 8T0$ Eox 2T, SiHhS y ' '




259

B.1.3 Effect of N, variation

The substrate doping can affect Vy, via ¢, Xgep, Vii, and . The sensitivity of Vy,

to Ngyp 18
WVin _ OVino  OAVi (B.17)
aAfsub a]\/vsub 8Nsub 7 '
OVino Vi 2¢4(Vi — o)
- o + SN OI) B.18
a]Vsub Nsub * Cox 9% dep * NsubXdep ( )
oAV, 1

qNsubX2

dep

esi(Vi — ¢y)7S a )
B —Vi(1+ — coshy)sinhy|. (B.19
ONew  Nyupsinh®~ ((1+ 5 coshy)sinhy| . (B.19)

B.1.4 Effect of T variation

The temperature variation affects Vj, primarily via n;. n; is a strong function of

T [185)],

n; = AT*? exp <_E22(;)> (em™), (B.20)

where A is a constant which can be determined by equating (B.20) to 1.5x 101 cm ™2 [7]
at T = 300 K. E,4(0)=1.206 eV is the band gap energy at 7' = 0. From (B.4) and
(B.20), the temperature sensitivity of ¢ is [185]

% = %(qsf —0.603 — 1.5V}). (B.21)
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The temperature effect on Vg is [185]

Wio 1 2.
e — @f—po ~ — 0. - 1. . B.22
o = T\9r ~ O-paty) + XdepComT(gbf 0.603 — 1.5V;) (B.22)
AV, 1 [v(¢; — 0.603 — 1.5V;)S a ,
- i — 2 14 — cosh h~l.

OT  Tsinh®~ A, + (Vi = 2¢)(1 + 3 coshy) sinh y

(B.23)
B.1.5 Effect of V,,; variation
Vi is a function of V4 due to DIBL. The sensitivity of Vy, to Vg, is

Vin b+ (Vi — 2¢5) COShV. (B.24)

Wy 2bsinh?

The saturation current /g0 when Vs = Vg = Vyq is often referred as an index of the
driving ability of a NMOS transistor. The effect of V,, variations on the saturation

threshold voltage can be determined from (B.24) by replacing Vys by Vya.

B.2 Mobility

In a semiconductor, the velocity of a carrier is proportional to the applied electrical

field. This relationship is characterized by the mobility g,

v=uk. (B.25)
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Mobility is an important parameter in MOS transistor modeling since it significantly
affects the I-V behavior of the transistor. There are primarily three major scattering
mechanisms that affect the carrier mobility in the inversion layer [203]: phonon scat-
tering (p,n), surface roughness scattering (i, ), and Coulombic scattering (u.). The

effective mobility can be determined from

1 1 1 1
- — (B.26)
Heff Hph Hsr e

As shown in [204], the effective mobility, when plotted as a function of the effective
transverse electric field F.ss, follows a universal curve independent of the substrate

doping. E.ss is determined as

Eeff = (deep + nQim})7 (B27)

€
Esi
where QQ4ep and Q. are the charge per unit area in the depletion layer and inversion
layer, respectively. ¢ and n are weighting coefficients. In [205], it is shown that &
is strongly influenced by the shape of the doping profile, while 7 is not significantly
affected by the doping profile and is approximately 0.5 for an electron. For a uniformly
doped substrate, £ is approximately 1 [205]. Under this assumption, 7 is a function

of T for an electron,

n(T) = 0.86 — 1.23 x 107°T.. (B.28)
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Ignoring the effect of Vy,, E.ff can be determined as [185]
CO$
Eeff = ?[770/215 - ‘/th) + qNsubXdep]' (B29)
An empirical model for the effective mobility is often used in circuit simulations [185],

Ho
off = ——, B.30
Heff = 77 cobers (B.30)

where «y is called the scattering constant and g = 0.067m?/V - sec at 300 K. ay is
selected so that the p.rr obtained from (B.30) matches the value predicted by the

ITRS [7]. Inserting (B.29) into (B.30), the effective mobility is

Ho
= , B.31
Hets 1+ 0[7](%5 - ‘/th) + qNsubXdep] ( )
where
aGOo:c Q
0= = . B.32
Esi 3Tox ( )

When the lateral electrical field E, is sufficient high, the carrier velocity is no

longer proportional to the lateral field and tends to saturate. A commonly used
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piecewise model for velocity saturation is [185]

frepr By
— F, < Esa )
L+ (By/Bo) =
v =4 (B.33)
,ueffEsat
L T Ey > Esata

where Ey, is the saturated lateral electrical field and is determined by 2vg./ftess-
Vsar 18 the carrier saturation velocity and is approximated 1 x 10° m/s for an electron
at 300 K. v depends on T in the following form [206],

Vo
1+ Asexp(T/Ty)’

(B.34)

Vsat =

where vy = 2.4 x 10°m/s, A, = 0.8, and Ty = 600 K. po depends on T as [185]

T

po(T) = ﬂO(TO)(jTO)_m' (B.35)

For NMOS transistors, m is assumed to be 1.5. The temperature effect on mobility
is dominated by py. By ignoring the temperature effect on F s, the temperature

coefficient of mobility is [185]

Oftesy 1.5pkes
= — . B.36
oT T ( )
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The dependence of mobility on the other parameters can be obtained by solving the

corresponding partial derivatives.

B.3 1I-V characteristics

The saturation drain current per unit channel width is obtained in the ITRS [7]

as

Id_ideal
lano = T Faalyzar T Raslp i (B.37)

where Ry, is the drain/source resistance, and V,, = V,, — V}, is the overdrive voltage.

Ligeq; is the ideal saturation current ignoring the effect of R,y and is given as

2
Usatcox ‘/01}

ov B.38
‘/:)v + LEsat ( )

Liideal =

By including channel length modulation effects, (B.38) can be modified as

Usatcoxv2
1y idear = . . B.39
d_ideal Voot (L — AL) By ( )
AL is the length of the velocity saturation region, which is given by [186]
Vds_Vdsat
Zds” Vdsat | Em
AL =[ln — (B.40)

’
Esat
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where F,, is the electrical field at the drain junction,

2
E,, = J(M) + E2,. (B.41)

The saturation drain voltage is [207]

Esat(L - AL)‘/;)’U

V:isat: Esat(L—AL)—f—‘/;U.

(B.42)

[ is the characteristic length provided in (B.12). T,, in (B.12) is the equivalent oxide
thickness which is given by Ty/(ex/€oz). Ty and e are the thickness and dielectric
constant of the gate dielectric, respectively. Note that V., and AL depend on each

other. Several iterations, therefore, are needed to solve these equations.

B.4 Transconductance and output resistance

Normally, Vyser < Vs and Egyy < (Vgs — Visar) /1. Ep can be approximated as

E, = V;S, (B.43)
and (B.40) can be approximated as
AL = [In 2V (B.44)

lEsat '
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With these approximations, the ideal transconductance can be obtained as

0L sdea 9 1+ (L— AL+ )2t
Im_ideal = doideal - ]d_z'deal I ( ) = (B45)
av;]s ‘/ov ‘/ov + Esat(L - AL)
The output conductance is [158, 207]
aI idea I idea Esa
dideal d_ideal t (B46)

Gds_ideal = Vg  E, Voo + (L — AL)Eot]

By including the drain/source resistance R, the effective transconductance and out-

put resistance can be obtained [7, 186], respectively, as

9m_ideal
m = ) B.47
g 1 + 0-5degm_ideal ( )
1
Tas ~° + 2R,,. (B.48)

9ds_ideal
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